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ABSTRACT

Electromagnetic waves in the terahertz (1012 Hz) spectral range have gained sig-

nificant research focus due to their applications in various fields of science. To ef-

fectively generate and integrate terahertz waves in systems, appropriate waveguide

design is critical. Conventionally waveguides have been used to control the propaga-

tion of electromagnetic waves. A waveguide with low loss and dispersion is always

preferred. But achieving these characteristics is quite challenging especially if op-

erating in the terahertz spectral range. There are inherent material and geometric

limitations that exist for terahertz waveguides. It is therefore important to optimize
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the design to enable their use in applications efficiently.

This thesis investigates the characteristics of three primary terahertz waveguides

based on the underlying theory and results obtained from simulations. The three

waveguides are parallel-plate waveguides, two-wire waveguides, and coplanar striplines.

The work in this thesis mostly focuses on coplanar striplines, optimal for building a

highly efficient commercial and portable terahertz system-on-chip (TSOC). The con-

tribution of the thesis is around the use of different types of passive components

mounted on a thin (1 µm) commercial Silicon Nitride membrane. A bias tee is intro-

duced which is a combination of interdigitated electrodes and a meander inductor.

The length of the interdigitated electrodes and the gap between them are 55 µm and

5 µm, respectively. The S21 parameter for this structure ranges from −24 dB/mm at

near-zero frequencies to −0.8 dB/mm at 1 THz. This indicates that the designed bias

tee can appropriately block low frequencies. Split-ring resonators are also used to act

as band-stop filters. The resonant frequency of the resonator depends on the radii of

the split-rings. In the optimized design, the internal radius of the outer ring is 25 µm

and the external radius of the inner ring is 20 µm. This results in a narrowband

band-stop filter with its resonant frequency centered at 701 GHz. The optimized

final TSOC design discussed in this work uses these passive components placed on

the Silicon Nitride membrane and is shown to have a total loss that is 3 dB/mm less

than any of the previous work for terahertz frequencies [42].
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Chapter 1

Introduction

This chapter defines the terahertz spectral range and its applications using terahertz

radiation. An outline of various types of terahertz waveguides is presented as well.

The Chapter concludes with an overview and organization of the thesis.

1.1 Terahertz and Applications

The terahertz spectral range, typically from 100 GHz to 30 THz , is located between

the electronic and photonic regions (Figure (1.1)) [27]. An important advantage of

terahertz frequencies is that since photon energies are low (<0.1 eV), dangers associ-

ated with ionizing radiation (>10 eV) do not exist. In addition, terahertz wavelengths

are relatively short which allows them to be used for imaging with acceptable res-

olution [45]. The techniques of generating and detecting terahertz signals will be

discussed in chapter 2 of the thesis.
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Figure 1.1: Terahertz gap. Reprinted by permission from [10]. 2002 Springer Nature

One of the main applications of terahertz radiation is using terahertz time-domain

spectroscopy for the analysis of materials. The terahertz band exhibits remarkably

high atmospheric opacity with the neighbouring regions of infrared radiation and

radio waves. Figure (1.2) illustrates the atmospheric transmission spectrum of elec-

tromagnetic waves [28]. According to this figure, the transmittance is close to zero in

the terahertz spectral range, which means that the atmosphere is absorptive in the

terahertz spectral range. Water vapour in the atmosphere is particularly absorptive

at terahertz frequencies, which makes the atmosphere opaque at these frequencies.

Therefore, water absorption is a significant factor to be considered when outlining a

scheme for a terahertz application [48].

Biological molecules have distinguishing spectral characteristics in the terahertz

spectral range that are correlated with large-amplitude vibrational movements and

intermolecular interactions. These molecular dynamics can be sensed by terahertz
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spectroscopy. Hence, this method can be used for the detection of bombs and checking

medical products and protein conformation [28].

Figure 1.2: Atmospheric transmission spectrum of electromagnetic waves. Reprinted

by permission from [28]. 2009 Springer

Condensed materials are generally divided into three types at terahertz frequen-

cies with respect to their optical characteristics: water, metal and dielectric. Water is

strongly absorptive at terahertz frequencies; metals are highly reflective in the tera-

hertz spectral range due to their high electrical conductivities; dielectrics like plastics,

paper and clothes are transparent at terahertz frequencies although they are typically

opaque at optical frequencies [18].

The variation in material responses to terahertz enables its use in critical imaging

applications. Terahertz is used to inspect sealed packaging materials as they are usu-

ally made from dielectrics. Water is absorptive at terahertz frequencies and therefore

can be used to separate hydrated materials from dried objects. Metals have high
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reflectivity and perfect opacity for terahertz radiation. Hence, terahertz imaging can

be used to recognize weapons and explosives hidden inside legal materials [28]. The

high absorption of water to terahertz radiation is beneficial for medical applications

since small variations in water content can show critical weakness [53].

One of the other applications that gains significant interest, is terahertz system-on-

chip. It can enable an innovative type of active terahertz electromagnetics. Terahertz

wavelengths are smaller than chip dimensions. Therefore, this provides radiating and

scattering surfaces in a substrate, which supports numerous high-frequency transistors

as well as the capability to generate, process and sense terahertz signals simultane-

ously [41]. The ability to integrate and sense terahertz fields with circuits initiates a

new design method for terahertz electronics. Terahertz systems emerging from this

method are portable, reconfigurable and multifunctional and they are extremely en-

couraging because they can simultaneously provide energy-efficient ultrafast signal

processing in transistors with the terahertz operation [40].

1.2 Terahertz Waveguides

To efficiently generate and integrate terahertz waves in systems-on-chip, proper waveg-

uide design is required. Terahertz waveguides are divided into two categories: dielec-

tric and non-dielectric. Terahertz radiation generated by photoconductive devices

confined in a medium with no dielectric falls under the first category. The well-known
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examples for this type are parallel-plate waveguides, and two-wire waveguides [31].

In the second category of terahertz waveguides, terahertz radiation is confined in a

dielectric [11]. On-chip waveguides are examples of the second category. The on-chip

waveguides usually have more attenuation and dispersion compared with waveguides

that have no dielectric since the propagating electric field is mainly confined to lossy

dielectric materials [5]. However, they can be fabricated as system-on-chip, that en-

able portability, crucial for many terahertz system applications. Lithography is the

commonly used technique to fabricate terahertz system-on-chip (TSOC) which allows

compact, industrialized chips containing passive components like filters [4]. Therefore,

many researchers focus on the latter category of terahertz waveguides to minimize

losses and dispersion.

1.3 Thesis Summary

The thesis aims to introduce the basic principles behind terahertz radiation and ter-

ahertz waveguides as well as discuss the results and the contributions of the au-

thor’s work in improving the coplanar stripline design for TSOC applications. A

brief overview of the chapters is given below.

Chapter 2 explains fundamental concepts in terahertz technology and terahertz

time-domain spectroscopy. The chapter presents two methods to generate and detect

terahertz signals using photoconductive devices.
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Chapter 3 shows prior work on terahertz waveguides and transmission lines.

Principles of parallel-plate and two-wire waveguides are presented. These waveguides

confine terahertz radiation in free space. The attenuation characteristics and the

phase constant are illustrated. Coplanar striplines, where the terahertz radiation is

confined near the surface, are studied. Also, the attenuation characteristics, such as

dielectric loss, radiation loss and conductor loss, are presented.

Chapter 4 presents the technique using tapered lines and the design optimization

to increase the distance between two gold plates that decreases conductor losses. The

chapter introduces terahertz passive components on a coplanar stripline to build a

TSOC.

Chapter 5 summarizes contributions of this thesis to the field and provides a

conclusion.
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Chapter 2

Terahertz Generation and

Detection

This chapter discusses two methods of generating and detecting terahertz signals

using photoconductive devices that directly drive terahertz waveguides. Broadband

terahertz pulses are generated using femtosecond laser pulses. Moreover, continuous

terahertz waves are generated by mixing two laser beams with different frequencies

which produces an optical beat. Eventually, the theories about terahertz pulse prop-

agation are also discussed in this chapter.
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2.1 Role of Photoconductive Devices

Terahertz fields are generated by using various techniques, such as photoconductive

switching [51], photoconductive mixing [21], optical rectification [50], microwave fre-

quency multiplication [43], backward-wave oscillators [52], free-electron lasers [6], or

quantum cascade lasers [16]. These techniques of generating terahertz have advan-

tages and disadvantages. Depending on the method, the price ranges from thousands

of dollars, for the photoconductive methods, to millions of dollars, for free-electron

lasers [45]. This thesis reviews terahertz generation and detection using photocon-

ductive structures since they are less expensive than other methods of generating

terahertz. Also, photoconductive devices can function at room temperature while

generating and detecting radiation within a large bandwidth (more than 4 THz) and

producing measurable output power.

A femtosecond laser is used to excite a photoconductive device to generate tera-

hertz. The photoconductive device is connected to DC-voltage lines to drive the cir-

cuit. The DC-voltage creates a DC electric field which causes acceleration of photo-

induced electrons in the photoconductive material. The resultant carrier density

changes the material’s conductivity generating a photocurrent with frequency com-

ponents that can extend into the terahertz spectral range. A commercially available

photoconductive substrate material is a Low Temperature Grown Gallium Arsenide

(LTG-GaAs) (EGaAs
g = 1.42 eV) semiconductor. LTG-GaAs is selected as the sub-
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strate material because it can generate short duration terahertz pulses because of the

rapid rise of the photo-induced current in the semiconductor and the short carrier

lifetime [7].

In the receiver section, terahertz detection is quite challenging because the signal

to be measured has usually a very low power. Since the spectral power density of a

terahertz pulse decreases as frequency increases, the frequency spectrum of the tera-

hertz pulse has a higher power than the noise equivalent power in lower frequencies.

Therefore, it is possible to detect the terahertz pulses with frequency components

less than 4 THz. After this cut-off, the noise equivalent power has magnitude com-

parable to the desired signal and becomes impossible to measure the signal power

spectrum [22].

Heterodyne detection used in terahertz time-domain spectroscopy can remarkably

enhance the signal-to-noise ratio at the receiver compared with other methods used

to detect terahertz waves such as thermal detection [28]. In heterodyne detection

methods, the same photoconductive device is used as a receiver. Terahertz waves are

incident on the receiver and create a pulsed voltage across the gap of the photocon-

ductive device. This voltage can be probed by measuring the receiver current when a

femtosecond optical pulse excites free carriers between the gap of the photoconductive

device [32].
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2.2 Photoconductive Mixing

Photomixing, also called optical heterodyne downconversion, is a method to generate

Continuous-Wave (CW) terahertz radiation with a photoconductive mixer. LTG-

GaAs is a common photoconductive material for this method since it has high mobility

and short lifetime. The tuning range of the photoconductive mixer can be surprisingly

broad provided a high-quality, tunable, dual-frequency laser system is obtainable. The

basic drawback of this technique is that the output power is relatively low compared

with other techniques of CW terahertz generation. Its optical-to-terahertz conversion

efficiency is 10−6 − 10−5, and the typical output power is in the microwatt range.

Since photomixing needs continuous optical excitation, the low thermal conductivity

of LT-GaAs (∼ 15 W/mK) limits the maximum terahertz output power [2, 28].

The optical excitation in photomixing uses a beat between two CW laser beams

with finely tuned disparate frequencies. CW terahertz is generated by mixing two

lasers, v1 and v2, which have a nanometer-scale difference in their wavelengths, ∆λ.

The mixed beam is incident onto the photoconductive device. The best mixing takes

place when the spatial distribution and polarization state of the two lasers are exactly

the same. Eq. (2.1) describes the beat frequency for a typical photomixer where c is

the speed of light in a vacuum. For example, to obtain a beat frequency of 1.265 THz

at a center wavelength of λc = 854 nm, a wavelength separation of ∆λ = 2.431 nm

is needed [44].
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fbeat = ∆v =
c∆λ

(λc − ∆λ
2

)(λc + ∆λ
2

)
(2.1)

For two beams with powers P1 and P2 , and frequencies v1 and v2, the incident

optical power incident on the semiconductor is given by [14]:

P (ω, t) = P1 + P2 + 2
√
mP1P2cos(ωt) (2.2)

where ω = 2π(v1 − v2), and m is a parameter to denote the quality of the spatial

overlap between the two lasers and varies between 0 (no overlap) to 1 (completely

matched).

The carrier density in the photoconductive gap can be expressed by:

dn

dt
=

η

hvAd
P (ω, t)− n

τ
(2.3)

where η is the quantum efficiency, n is the photocarrier density, d is the absorption

depth, A is the active area, hvc is the photon energy, and ω = 2π∆v

The method of terahertz generation using photomixing is achieved by driving a

photoconductor device with oscillating optical pump intensity. This is obtained by

applying a constant voltage across a modulated conductor and is described by [44]:

G(ω, t) ≈ µed
√
A

r
n(ω, t) ≈ G0[1 + βsin(ωt+ φ)] (2.4)
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Figure 2.1: The equivalent circuit of a photomixer

where µ is the effective carrier mobility, e is the elementary charge, r is the width

of the photoconductive gap. The second part of Eq. (2.4) is derived to enable an easy

understanding of photomixing; G0 is the average photoconductance and β denotes

the modulation of the photoconductor.

The efficiency of photomixing is not high because of the average source resistance,

1
G0

∼= 1 MΩ, which is much larger than the input impedance of the waveguide driven

by the photomixing device. As a result, this large difference between them restricts

functionality of the photomixing device.

This concept is depicted in Figure (2.1) which represents an ideal photomixer

(without any capacitance). The relative equations for the current and voltage are

given by [44]:

i(t) =
G(t)VB

G(t)RA + 1
, (2.5)
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v(t) = i(t)RA =
G(t)VBRA

G(t)RA + 1
(2.6)

and the total radiated power is described by:

Prad = (
ip−p

2
√

2
)2RA (2.7)

where ip−p is the peak to peak current and the amount of radiated power is around

tens of nanowatts.

There is another issue that causes a decrease in the received power. This arises

from the substrate’s response time being too large at terahertz frequencies. In other

words, if the substrate’s carrier lifetime is longer than the terahertz period, the tera-

hertz power will decrease. Therefore, this issue limits the efficiency of the photomixer

devices.

2.3 Generation of Terahertz Pulses with Biased

Photoconductive Devices

Subpicosecond terahertz pulses can be generated from a biased photoconductive de-

vice excited by femtosecond laser pulses [28]. When the femtosecond pulse hits the

photoconductive device, it generates photocarriers and they accelerate along the di-

rection of the DC-electric field created by DC-voltage towards the metal electrodes.
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The emitted terahertz field is given by [28]:

ETHz(t) =
µ0l

4π

sinθ

r

d

dtr
[IPC(tr)]θ̂ ∝

dIPC(t)

dt
, (2.8)

where l is the spot size of the optical beam, IPC is the photocurrent in the gap of the

photoconductive device, r is the distance from the active area, θ is the azimuth of the

generated terahertz pulse transferred through the waveguide and µ0 is the vacuum

permeability (4π×10−7 H/m). The terahertz electric field is proportional to the time

derivative of the photocurrent in the gap of the photoconductive device.

The conductance is also a function of the incident optical power for photocon-

ductive switching, similar to photomixing. The instantaneous peak pulse power is

approximately 4 kW for photoswitching while the maximum power is tens of milli-

watts for photomixing. The range of the conductance for a photoconductive switch

and the radiation resistance, for the duration of time the laser is incident, becomes

similar and causes more current to be driven through the antenna. As a result, the

terahertz output power will increase [44].
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2.4 Detection of Terahertz Pulses with Photocon-

ductive Devices

In contrast to transmitters, there is no applied biasing voltage for receivers. The

incident terahertz field provides the bias voltage across the gap of the photoconductive

device at the receiver. The terahertz field does drive a measurable photocurrent in

the circuit. Once a photocurrent is generated, a lock-in amplifier is used to detect

the current and electronics come into play to ready the signal for a computer to

process the data [24]. In other words, the terahertz electric field induces a current

in the photoconductive gap when the photocarriers are injected by the optical probe

pulse. The photocurrent lasts for the carrier lifetime, which should be much shorter

than the terahertz pulse duration for a time-resolved waveform measurement. The

induced photocurrent is proportional to the field amplitude of the terahertz radiation

focused on the photoconductive gap. The terahertz pulse shape is mapped out in

the time-domain by measuring the current while varying the time delay between the

terahertz pulse and the optical probe. Since the photocurrent signal is too weak, we

should enhance the signal-to-noise ratio by a lock-in amplifier which is synchronized

with an optical intensity modulator like an optical chopper [28]. This photocurrent

can be calculated by:

J(t) =

∫ t

−∞
σs(t− t′)ETHz(t′)dt′ (2.9)
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where σs(t) is the receiver surface conductivity and ETHz(t) is the incident tera-

hertz pulse. σs(t) is given by:

σs(t) =
2σ0√
πτp

∫ t

−∞
e−t

′2/τ2p [1− e−(t−t′)/τs ]e−(t−t′)/τcdt′ (2.10)

where τc is the carrier lifetime, τs is the momentum relaxation time, and σ0 is

given by:

σ0 =

√
πeµe(1−Ropt)I0τp

2~ω
(2.11)

where e is the electron charge, µe is the receiver’s electron mobility, Ropt is the

substrate reflectance, I0 is the optical intensity, ~ = h
2π

where h is Planck’s constant, ω

is the angular frequency, τp is the optical pulse width, τs is the momentum relaxation

time, and τc is the carrier lifetime.

2.5 Pulse Propagation

Electromagnetic pulse propagation is important while considering TSOCs. Several

factors affect pulse propagation. However, waveguide geometry and material charac-

teristics have a greater influence than other factors. Electric field propagation in the

frequency domain is given by :

Êout(ω) = e−jk(ω)zÊin(ω) (2.12)
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where Êout(ω) and Êin(ω) are the Fourier transforms of the input and output

pulses, respectively, ω is the angular frequency, z is the propagation distance, and

k(ω) is the wavenumber.

Complexities associated with field propagation arise from the fact that k(ω) =

β(ω)−jα(ω), where α(ω) is the attenuation constant and β(ω) is the phase constant.

For a plane wave in a lossless vacuum system α(ω) = 0 and β(ω) = ω/c, where c is

the speed of light. Considering the above relationships, the output electric filed is

represented as:

Êout(ω) = e−jωz/cÊin(ω) (2.13)

Eq. (2.13) indicates that the output is a time-shifted product of the input, which

is a great simplification to apply to numerous utilizations. This scenario is not plau-

sible throughout the whole electromagnetic spectrum because of the realistic material

characteristics. In the non-ideal plane wave scenario that either the permittivity or

permeability of the propagation medium is dependant on frequency, the phase con-

stant is provided by:

β(ω) = ω
√
ε(ω)µ(ω) (2.14)

where ε(ω) = ε0εr(ω) is the complex permittivity and µ(ω) = µ0µr(ω) is the

complex permeability. The vacuum permittivity (ε0) is equal to 8.8542× 10−12 F/m

and the vacuum permeability (µ0) is equal to 4π × 10−7 H/m. Since ε(ω) and µ(ω)
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Figure 2.2: Frequency response of dielectric mechanisms [25]

depend on the frequency, Eq. (2.13) should be adjusted such that the output is no

longer a simple time shift of the input. When ignoring magnetic materials, µr = 1. In

this condition, Figure (2.2) demonstrates a total form of εr(ω) = ε′r(ω)−jε′′r(ω) of the

electromagnetic spectrum , with the same scale of ε′ and ε′′, from Direct Current (DC)

to the Ultra Violet (UV) range. It is apparent from Figure (2.2) that the dielectric

function becomes more complex above 1 GHz.

2.5.1 Attenuation

Attenuation takes place through many mechanisms. Mostly, imperfect dielectrics

(such as Silicone Nitride) and conductors (such as gold) have attenuation, say αd and

αc respectively. When attenuation is considered as an imaginary part of k(ω), Eq.
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(2.12) is modified, and the propagating wave is provided by:

Êout(ω) = e−jβ(ω)ze−α(ω)zÊin(ω) (2.15)

which implies that there is attenuation in the output electric field when α(ω) > 0.

The total attenuation coefficient, α(ω) = αd(ω) + αc(ω), is provided in Nepers (Nps)

per unit length and indicates a decrease in the field amplitude by 1/e over that

length [45].

The attenuation coefficient for a particular structure is computed from the power

loss per unit length, Pl, which is given by [35]:

P (z) = P0e
−2αz (2.16)

where P0 is the input power. As a result:

Pl(z) = −∂P (z)

∂z
= 2αP0e

−2αz = 2αP (z) → α =
Pl(z = 0)

2P0

(2.17)

As mentioned before, α arises due to the conductor and dielectric attenuation.

Dielectric loss

The imaginary part of the dielectric function, ε(ω) = ε′(ω) − jε′′(ω) , represents di-

electric loss. It is typical to designate the dielectric loss tangent, tanδε = ε′′(ω)/ε′(ω),
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to the dielectric loss. By applying this designation, the dielectric function can be

represented in terms of the loss tangent:

ε(ω) = ε′(ω)[1− jtanδε(ω)] = ε0ε(ω)[1− jtanδε(ω)] (2.18)

Transverse electric (Ē) and magnetic field (H̄) attributes need to be known to

determine the dielectric attenuation coefficient for a particular guiding structure. The

input power, P0, should be determined initially by integrating the Poynting vector:

P0 =
1

2
Re

∫
S

Ē × H̄∗.ds̄ (2.19)

and the dielectric power loss and attenuation coefficient per unit length are provided

by [35]:

Pld =
ωε′′(ω)

2

∫
V

|Ē|2ds, → αd =
Pld
2P0

(2.20)

where the integration takes place in the transverse plane (x̂,ŷ) over the dielec-

tric region and up to a unit length in the propagation direction (ẑ). The dielectric

attenuation coefficient is ordinarily denoted by:

αd(ω) ∝ ωε′′(ω)Z0(ω) (2.21)

where Z0(ω) is the characteristic impedance of the particular guiding structure.
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Conductor loss

Conductor loss relates to the attenuation correlated with field propagation throughout

a conductor with finite conductivity. A principal factor in calculating the conductor

loss is the surface resistance, Rs. Since high-frequency waves cannot propagate into

a conductor deeply, surface resistance becomes important. The penetration depth is

determined by skin depth. Skin depth is a depth inside the surface of a conductor at

which the current density decreases with the rate of 1/e=0.37. It is given by [35]:

δs =

√
2

ωµ(ω)σ
(2.22)

where σ is the conductivity of the metal. After calculating the skin depth, the

surface resistance is given by [35]:

Rs(ω) =
1

σδs(ω)
(2.23)

With a similar way to find the dielectric attenuation coefficient, Eq. (2.20), the

conductor attenuation coefficient can be determined [35]:

Plc =
Rs(ω)

2

∫
S

|H̄t|2ds, → αc =
Plc
2P0

(2.24)

where the integration takes place in the transverse plane (x̂,ŷ) over the conduc-
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Figure 2.3: a.) Skin depth and b.) Surface resistance in the terahertz region for a

few useful metals.

tor surface, while ẑ is the propagation direction. Also, The conductor attenuation

coefficient usually has the following form:

αc(ω) ∝ Rs(ω)

Z0(ω)
(2.25)

Figure (2.3) shows a comparison between the skin depth and surface resistance

for four metals at terahertz frequencies. It is worth mentioning that Rs(ω) ∝
√
ω ac-

cording to the figure; thus, the conductor loss will enhance with this rate of frequency

dependence. Although gold does not have the lowest surface resistance among other

metals, it is used as a conductor in terahertz waveguides due to its durability. It is

the most corrosion-proof and oxidation-resistant metal [37].
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Chapter 3

Terahertz Waveguides

In the previous chapter, photoconductive devices were introduced and their properties

were investigated. The work discussed in this thesis focuses not on photoconductive

antennas that radiate terahertz but rather on photoconductive devices that directly

drive transmission lines while suppressing radiation. This chapter details the previ-

ous work on terahertz waveguides and introduces the principles behind parallel-plate

waveguides, two-wire waveguides and coplanar striplines.

A waveguide is a device used to transfer electromagnetic waves in a system without

substantial loss. A common type of waveguide for radio waves and microwaves is a

hollow metal pipe [8]. Optical fibers are also utilized in the optical frequency spectrum

as waveguides. Fiber-optic communication uses the low dispersion and attenuation of

silica-based optical fibers for transferring light with wavelength in the range 1.3-1.6

µm. Many microwave (metallic) and optical (dielectric) waveguide technologies have
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been tested in the terahertz region. The main challenge for waveguide technologies in

this frequency spectrum is the relatively high absorption in most of the conventional

waveguide materials [28].

3.1 Previous Work on TSOCs

Previous work on broadband TSOCs using coplanar striplines can be broadly classified

into two types. These works discuss the design and fabrication of these waveguides

alongside the challenges that need to be overcome. The first type of waveguides

have high losses and considerable dispersion due to the existence of radiation and

dielectric losses from using a thick dielectric. Passive components such as filters have

been designed and mounted in this design [5], [4]. The second category is a novel

terahertz coplanar stripline, fabricated on a thin (1 µm) Silicon Nitride membrane to

eliminate the radiation and dielectric losses [42]. This waveguide has less losses and

dispersion than the former but had less than optimal conductor losses. Furthermore,

use of passive components in the design had not been considered or discussed.

3.2 Transmission Line Theory

Fundamental transmission line theory needs to be understood to identify ways of

minimizing the losses and dispersion occurring with terahertz waveguides. Transmis-

sion line theory investigates complex power transfer between a source and load, while
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Figure 3.1: Equivalent circuit of an infinitesimal slice of a transmission line with a

length of ∆Z

a transmission line is a fraction of a wavelength in size [35]. The complex power

transfer occurs when voltages and currents can change in magnitude and phase over

the length of the transmission line. According to Figure (3.1), each infinitesimal slice

(∆z) of transmission line has four main components: a series resistor per unit length

(R), a series inductor per unit length (L), a parallel capacitor per unit length (C)

and a parallel conductor per unit length (G).

To investigate losses and dispersion of a transmission line, the complex propa-

gation constant (γ) should be calculated, which depends on the components of the

infinitesimal slice of a transmission line. It is given by [35]:

γ = α + jβ =
√

(R + jωL)(G+ jωC) (3.1)

where α is the attenuation constant, per unit distance, and β is the phase constant,

per unit length, of the transmission line. Losses can be analyzed from the attenuation
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constant and dispersion can be determined by the phase constant. This method will

be used in the next sections to analyze losses and dispersion of terahertz waveguides.

Transverse electromagnetic (TEM) waves have field configurations where neither

the electric nor the magnetic field components (Ez = Hz = 0) exist in the propaga-

tion direction. Transverse electric (TE) waves are characterized by the fact that the

electric field is transverse to the direction of propagation, while the magnetic field is

not. Transverse magnetic (TM) waves are characterized by the fact that the magnetic

field is transverse to the direction of propagation, while the electric field is not. Both

TM and TE modes are not ideal for broadband terahertz because they have dispersive

characteristics. Broadband terahertz signals can propagate without dispersion with

a TEM guided mode in a dispersionless medium [44].

According to Maxwell’s equations, we have [35]:

∇× ~E = −jωµ ~H (3.2)

∇× ~H = jωε ~E (3.3)

∂Ez
∂y

+ jβEy = −jωµHx (3.4)

−jβEx −
∂Ez
∂x

= −jωµHy (3.5)

∂Ey
∂x
− ∂Ex

∂y
= −jωµHz (3.6)
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∂Hz

∂y
+ jβHy = jωεEx (3.7)

−jβHx −
∂Hz

∂x
= jωεEy (3.8)

∂Hy

∂x
− ∂Hx

∂y
= jωεEz (3.9)

As stated in the last paragraph, a TEM wave has no axial field components.

Hence, the above equations can be simplified for a TEM mode:

βEy = −ωµHx (3.10)

βEx = ωµHy (3.11)

∂Ey
∂x

=
∂Ex
∂y

(3.12)

βHy = ωεEx (3.13)

−βHx = ωεEy (3.14)

∂Hy

∂x
=
∂Hx

∂y
(3.15)

We can return to Eq. (3.10) and Eq. (3.14) and eliminate Hx to find β:

β2 = ω2µεEy

β = ω
√
µ = k

(3.16)
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where k is the wavenumber of the material used for the transmission line. There-

fore, the phase constant is equal to the wavenumber for TEM modes. After that, we

reach Helmholtz wave equations by taking the curl of Eq. (3.2) and Eq. (3.3):

∇2 ~E + ω2µε ~E = ∇2 ~E + k2 ~E = 0 (3.17)

∇2 ~H + ω2µε ~H = ∇2 ~H + k2 ~H = 0 (3.18)

For e−jkz dependance, Eq. (3.17) and Eq. (3.18) reduce to equations consisting

only transverse fields:

∇2
t ~et(x, y) = 0 (3.19)

∇2
t
~ht(x, y) = 0 (3.20)

If we imagine that there is no longitudinal field component, ez = 0 and hz = 0, we

can express transverse fields as an electrostatic field:

~et(x, y) = −∇tΦ(x, y) (3.21)

−∇2
tΦ(x, y) = 0 (3.22)

For a TEM mode propagation, two conductors are needed since a voltage has to exist

in the transverse plane. However, TE and TM waveguide modes do not have this

limitation (two conductors) [35], [44].
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3.3 Methods to Analyze Microwave Networks

In microwave engineering, any N-port network can be described with different matri-

ces, such as impedance [Z] or admittance matrix [Y], transmission (ABCD) matrix,

and scattering matrix [S]. This thesis only studies scattering and transmission matri-

ces since simulation and theoretical results are only expressed by these matrices.

3.3.1 The Scattering Matrix

The scattering matrix can give us complete information about the network. The

scattering matrix is relevant to the voltage waves incident on the ports and reflected

voltage waves from the ports. The scattering parameters can be computed with

network analysis techniques for some passive elements and microwave circuits. Apart

from that, the scattering parameters can be measured directly with a network analyzer

[35].

For a two-port network like Figure (3.2), V +
n (n = 1, 2) is considered as the

amplitude of the voltage wave incident on port n, and V −n is the amplitude of the

voltage wave reflected from port n. Therefore, the scattering matrix is described

below: V −1
V −2

 =

S11 S12

S21 S22


V +

1

V +
2

 (3.23)

For a N-port network, a single element of the scattering matrix ([S]) can be found
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Figure 3.2: A two-port network

by:

Sij =
V +
i

V +
j

∣∣∣∣
V +
k =0 for k 6=j

(3.24)

From Eq. (3.24) it is evident that Sij can be calculated by exciting port j with an

incident wave of voltage V +
j , and measuring the amplitude of the reflected wave, V −i ,

going out from port i. There should not be any incident wave on any port except

the jth port, which indicates that all ports should be terminated in match loads to

not have reflections. Hence, Sii is defined as the reflection coefficient when all ports

except port i are terminated in matched loads, and Sij is the transmission coefficient

from port j to port i when all other ports are terminated in matched loads.

If the N-port network is reciprocal and lossless, we can have known equations

between scattering matrix elements making the analysis of the network easier. One

of those equations is given by [35]:

N∑
k=1

SkiS
∗
kj = δij, (3.25)
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where δij = 1 if i = j and δij = 0 if i 6= j is the Kronecker symbol. Hence, if i = j

Eq. (3.25)is simplified to:

N∑
k=1

SkiS
∗
kj = 1, (3.26)

Otherwise, if i 6= j Eq. (3.25) is simplified to:

N∑
k=1

SkiS
∗
kj = 0, (3.27)

Eq. (3.26) indicates that the dot product of any column of the scattering matrix with

the conjugate of that column equals to one (unity). However, Eq. (3.27) shows that

the dot product of any column with the conjugate of a different column equals to zero

(orthogonal).

To have a perfect two-port waveguide, S11 and S22 should be close to zero. Also,

S12 and S21 have to be near one. It means that that waveguide has small reflection

loss and most of the wave can transfer from one port to the other port.

S-parameter magnitudes are shown in one of two methods, linear magnitude or

logarithmic based decibels (dB). The formula for decibels is given by:

Sij(dB) = 20log(Sij(magnitude)) (3.28)

It is noticeable that power ratios are expressed as 10 log(magnitude) while Voltage

ratios are 20 log(magnitude) since power is proportional to voltage squared.
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Figure 3.3: a) A two-port network, b) A cascade connection of two-port networks

3.3.2 The Transmission (ABCD) Matrix

The [Z], [Y], and [S] matrices can describe a microwave network with an arbitrary

number of ports. However, in reality, many microwave networks consist of a cas-

caded combination of two-port networks. For each two-port network, it is beneficial

to establish a 2 × 2 transmission (ABCD matrix). Subsequently, it will be shown

that if we obtain the ABCD matrix for individual two-port elements in a cascaded

configuration of two-port networks and multiply them respectively, thus, we can find

the total ABCD matrix of the entire network [35].

The ABCD matrix for a network illustrated in Figure (3.3a), in terms of the total
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voltages and currents, is represented as:

V1 = AV2 +BI2,

I1 = CV2 +DI2,

(3.29)

or as a matrix form: V1

I1

 =

A B

C D


V2

I2

 (3.30)

Figure (3.3b) illustrates the cascaded connection of two-port networks, the related

equations are given by:

V1

I1

 =

A1 B1

C1 D1


V2

I2

 (3.31)

V2

I2

 =

A2 B2

C2 D2


V3

I3

 (3.32)

V1

I1

 =

A1 B1

C1 D1


A2 B2

C2 D2


V3

I3

 (3.33)

The above matrix relationships imply that the multiplication of the ABCD ma-

trices for individual two-port networks is equal to the total ABCD matrix of the

cascaded connection of the two networks. It is noteworthy to learn that the order of

multiplication of the matrix has to be identical to the order in which the networks
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are designed. Due to this fact that matrix multiplication is generally not commutive.

ABCD matrix representation is significantly beneficial since a library of ABCD

matrices for simple two-port networks can be built up, and utilized to find more

complicated microwave networks which consist of the cascaded connection of simpler

networks [35].

As an example [35], the ABCD parameters of a two-port network, (Figure (3.4)),

which consist of a series impedance Z between ports 1 and 2, as per Eq. (3.30), is

given by:

A =
V1

V2

∣∣∣∣
I2=0

, (3.34)

implying that A is the ratio of V1
V2

when there is no current in port 2. When there is

no current in port 1, V1 is equal to V2 since A will be equal to 1. Also, other ABCD

parameters in open-circuit condition will be:

B =
V1

I2

∣∣∣∣
V2=0

=
V1

V1/Z
= Z (3.35)

C =
I1

V2

∣∣∣∣
I2=0

= 0 (3.36)

D =
I1

I2

∣∣∣∣
V2=0

=
I1

I1

= 1 (3.37)
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Figure 3.4: A two-port network with a series impedance Z

3.4 Existing Terahertz Waveguides

Transmission line theory and Maxwell’s equations were studied in the last sections.

They will be used to investigate the characteristics of three primary terahertz waveg-

uides.

3.4.1 Parallel-Plate Waveguides

A Parallel-Plate Waveguide (PPWG) is able to support TEM waves [16]. Figure

(3.5) shows a parallel-plate waveguide that consists of two thin conductive plates

with height T, separation distance S, and length W.

If we ignore fringing fields and consider T � S, the electrostatic expression for a

parallel-plate waveguide is gained from Laplace’s equation (Eq. (3.22)). The plate’s

potential are given by Φ(x = −S
2
, y) = −V0

2
and Φ(x = S

2
, y) = V0

2
, respectively.
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Figure 3.5: Parallel Plate Waveguide

Therefore, we can simplify Laplace’s equation to:

∇2
tΦ(x, y) =

[
∂2

∂x2
+

∂2

∂y2

]
Φ(x, y) (3.38)

Therefore, we will have:

d2Φ(x)

dx2
= 0 (3.39)

Hence, after solving this differential equation, Φ(x) can be represented as:

Φ(x) = c1 + c2x (3.40)

Φ

(
x = −S

2

)
= c1 + c2

(
− S

2

)
= −V0

2
(3.41)
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Φ

(
x =

S

2

)
= c1 + c2

(
S

2

)
=
V0

2
(3.42)

As a result, c1 and c2 will be 0 and V0
S

respectively.

Φ(x) =
V0x

S
(3.43)

We can derive the transverse field from, Eq. (3.21) [44]:

~et(x) = −∇tΦ(x) = −
[
x̂
∂

∂x
+ ŷ

∂

∂y

]
V0x

S
= −x̂V0

S
(3.44)

~ht(x) =
1

η
ẑ × ~et(x) = ŷ

1

η

V0

S
(3.45)

Since TEM modes have no low-frequency cut-off, the fields are given by:

~E(x, y, z) = ~ete
−jkz = −x̂V0

S
e−jkz (3.46)

~H(x, y, z) = ~hte
−jkz = −ŷ 1

η

V0

S
e−jkz (3.47)

If we use the transmission line model of a parallel-plate waveguide, we can find useful

information about this waveguide. For a parallel-plate waveguide, the value for each

transmission line component, per unit length, is given by [35]:

L =
µS

w
(3.48)
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C =
ε′w

S
(3.49)

R =
2Rs

w
(3.50)

G =
ωε′′w

S
(3.51)

where µ = µ0µr, ε
′ and ε′′ are the real part and imaginary part of the permittivity,

respectively, S is the separation distance between the two plates, w is the length of the

plates, ω is the angular frequency and Rs is the surface resistance of the conductive

material which is:

Rs =

√
ωµ

2σ
(3.52)

where σ is the conductance of the metal. Additionally, we can find the attenu-

ation constant and phase constant of a waveguide by knowing its equivalent circuit

components to calculate the waveguide’s loss and dispersion:

γ = α + jβ =
√

(R + jωL)(G+ jωC) (3.53)

where γ is the complex propagation constant, α is the attenuation constant, and β

is the phase constant. If we consider air (ε′ = 8.85 × 10−12 F/m, ε′′ = 0 F/m) as a

dielectric for a parallel-plate waveguide and gold (σgold=4 × 107 S/m) as a material
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Figure 3.6: Theoretical and simulated results for parallel-plate waveguide attenuation

constant with S = 20 µm

for the plates, Eq. (3.53) is simplified to:

γPPWG = α + jβ =

√
−ω2µε′ + jω

2Rsε′

S
(3.54)

We can plot the real part and imaginary part of the Eq. (3.54) by MATLAB and

observe the behavior of the waveguides.

The attenuation constant (real part of γ) is plotted in Figure (3.6) with D =

20 µm. The theoretical values differ from the simulation plot due to the fringing elec-

tric field, which occurs at the edge of the plates, and limitations with mesh accuracy.
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3.4.2 Two-Wire Waveguides

The main problem in designing terahertz waveguides is that many materials are ex-

tremely absorbent in the terahertz spectral range [23]. An effective waveguide design

has to maximize the electromagnetic field density in the air because the lowest absorp-

tion loss takes place in the air. Metal wires are appropriate waveguides to transport

terahertz pulses with low attenuation and almost no dispersion. There are generally

two types of metal-wire waveguides: single-wire and two-wire waveguides. The prin-

ciple mode is radially polarized in a single-wire waveguide. The coupling between a

terahertz pulse and a radially-polarized mode is not easily achievable because pho-

toconductive devices, which generate linearly polarized terahertz light, cannot be

utilized directly for the sufficient excitation of this mode [30]. Therefore, two-wire

waveguides are better than single-wire waveguides at terahertz frequencies since they

have desirable characteristics: high coupling efficiency and low loss behaviour [31].

Furthermore, the guided mode in between the two wires has high confinement, and it

reduces bending loss. Also, the group velocity dispersion and absorption losses of the

guided TEM mode in a two-wire waveguide are low [30]. Therefore, in this section,

the characteristics of only two-wire waveguides are explored.

We use the transmission line model of a two-wire waveguide to find its complex

propagation constant, similar to the method that used for parallel-plate waveguides.
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Figure 3.7: Theoretical and simulated results for two-wire waveguide attenuation

constant with D = 20 µm, and a = 5 µm

The equivalent circuit component values for a two-wire waveguide are [35]:

L =
µ

π
cosh−1

(
D

2a

)
(3.55)

C =
πε′

cosh−1(D/2a)
(3.56)

R =
Rs

πa
(3.57)

G =
πωε′′

cosh−1(D/2a)
(3.58)
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Figure 3.8: a) Magnitude of electric field for a parallel-plate waveguide, b) Magnitude

of electric field for a two-wire waveguide

where D is the distance between the center of two wires and a is the radius of each

wire. Finally, we can find the complex propagation constant by using Eq. (3.53):

γTWWG = α + jβ =

√
−ω2µε′ + jω

Rsε′

a× cosh−1(D/2a)
(3.59)

The attenuation constant is calculated theoretically with MATLAB forD = 20 µm

and a = 5 µm (Figure (3.7)). Since a two-wire waveguide has a circular cross-sectional

area and there is no sharp edge like in the case of a parallel-plate waveguide, it does

not have fringing electric fields. There is a small discrepancy between the theoretical

and simulation results due to the limitations with mesh accuracy.

The amplitude of the electric field for a parallel-plate waveguide is illustrated in
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Figure 3.9: Phase constant (β) for a two-wire waveguide with D = 20 µm and

a = 5 µm

Figure (3.8a) and for a two-wire waveguide in Figure (3.8b). The effect of the fringing

field is apparent for the parallel-plate waveguide. Besides, the two-wire waveguide

has more field confinement between the metals than the parallel-plate waveguide.

If we assume that there is a vacuum dielectric media for the two-wire waveguide,

we can plot its phase constant (β), which is entirely linear. This linearity indicates

that there is no dispersion for the guided mode in a two-wire waveguide. Figure (3.9)

shows the phase constant for a two-wire waveguide with D = 20 µm and a = 5 µm.

The theoretical result arises from the imaginary part of Eq. (3.59) and is quite similar
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Figure 3.10: Cross-sectional view of a coplanar stripline

to the simulation results.

3.4.3 Coplanar Stripline Waveguides

A coplanar stripline is a planar-type of waveguide that is appropriate for microwave

integrated circuits and can be fabricated using photolithographic techniques. A cross-

section of a coplanar stripline is illustrated in Figure (3.10). There are two thin

conducting strips with a width of W and a separation distance S between them and

are mounted on top of a substrate of height H.

Coplanar striplines can support a quasi-TEM wave because it has two conductors

and a dielectric (substrate). TEM is the normal mode of operation [35] in coplanar

stripline waveguides. A coplanar stripline is usually preferred since it only needs a

single-sided metalization on a dielectric substrate. Alternatives such as the microstrip

transmission line require a substrate with a two-sized metalization and do not have

extensive usefulness in the terahertz region due to the thickness of the substrate [44].

Progress in semiconductor material fabrication has enabled coplanar striplines
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to achieve frequency bandwidth response extending beyond 400 GHz [46]. These

bandwidths surpass the range of accuracy of the quasi-static approximations which

are usually made in modelling the propagation of the electrical signals on transmission

line interconnects [11]. The demand for waveguide interconnect modelling and the

utilization of the propagation measurements to material characterization requires a

well-defined theory of the transmission line attenuation and dispersion properties.

Besides, one of the many advantages that this provides is allowing computations to

be carried out analytically.

Coplanar striplines originally have three dominant loss mechanisms: dielectric

losses, radiation losses, and conductor losses from the finite metalization. The role of

each loss needs to be analyzed because at high frequencies attenuation becomes more

significant. It has been proved experimentally that the radiative losses are the dom-

inant losses for frequencies over 200 GHz for coplanar waveguides with dimensions

of the order of a few tens of microns [15]. Therefore, it is desirable to neutralize the

radiation losses’ effect in high frequencies.

The attenuation and dispersion properties are shown using empirical models to

allow for suitable coplanar stripline designs. We will analyze the effect of dielectric’s

thickness and metal structure on the dispersion and attenuation. Hence, we will be

able to design an appropriate waveguide with almost no dispersion and minimum loss.
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Dispersion Characteristics

The dispersive properties of coplanar transmission lines have been modelled empiri-

cally [17]. The phase constant is given by:

β(f) =
2πf

c

√
εeff (f) (3.60)

where εeff (f) is the effective permittivity of the dielectric substrate and is analytically

represented as: √
εeff (f) =

√
εq +

√
εr −
√
εq

1 + a

(
f
fte

)−b (3.61)

where εq (quasi-static effective permittivity)and fte ( cut-off frequency for the lowest

order TE mode) are respectively given by:

εq =
εr + 1

2
(3.62)

fte =
c

4H
√
εr − 1

(3.63)

where c is the speed of light in vacuum, and εr is the relative permittivity of the sub-

strate material. It has been observed that b (∼ 1.8) is independent of the dimensions,

while a is computed from the below equation [17]:

log(a) ≈ u log(S/W ) + v (3.64)
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where

u ≈ 0.54− 0.64q + 0.15q2

v ≈ 0.43− 0.86q + 0.54q2

q = log(S/H)

(3.65)

S, W , and H are the geometric parameters that are shown in Figure (3.10). Figure

(3.11) shows the effective permittivity of a coplanar stripline with Silicon Nitride

substrate (εr = 7) as per theory and results of simulation. The effective permittivity

increases as frequency increases and it reaches the substrate permittivity at high

frequencies. The theoretical results are more accurate than the simulation results

since there are mesh resolution limitations in the simulation software. Also, Eq.

(3.61) to calculate the effective permittivity only works precisely up until 1 THz [11].

3.4.4 Attenuation Characteristics

Dielectric Loss

The dielectric loss depends on the dielectric loss tangent and frequency. For Silicon

Nitride with f < 1.5 THz, the dielectric loss tangent is approximately, tanδ = 0.009.

For these amounts, the dielectric loss is less than 0.5 (dB/mm) [13], which is minor

in comparison to the other losses.
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Figure 3.11: Effective Permittivity of a CPS with Silicon Nitride substrate (εr = 7)

Surface Waves and Radiation Loss

As mentioned before, the radiative losses are the dominant losses for frequencies

beyond 200 GHz [15] as well as when the dielectric is thick. It has been shown

that the attenuation should follow a cubic frequency dependence under quasi-static

approximations [11]. Therefore, the attenuation constant is given by:

αcps = π5 (3−
√

8)

2

√
εeff (f)

εr

(
1− εeff (f)

εr

)2
(S + 2W )2ε

3/2
r

c3K ′(k)K(k)
f 3 (3.66)
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Figure 3.12: Characteristic impedance of a CPS with Silicon Nitride as a substrate

where k = S/(S+2W ), K(k) is the complete elliptic integral of the first kind, and

K ′(k) = K(
√

1− k2). These equations are expected to be correct for structures which

approximately have features dimensions that follow the relation 0.1 < S/W < 10 and

H > 3W , and for wavelengths λ > S + 2W .

εeff reaches εr at very high frequencies (around 1 THz). εeff is useful as well to

compute the characteristic impedance variation with frequency [11]:

Zcps =
120π√
εeff (f)

K(k)

K ′(k)
(3.67)
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Figure (3.12) illustrates the characteristic impedance of a coplanar stripline with

a Silicon Nitride substrate of 50 µm thickness. The gap between the lines is 10 µm.

The characteristic impedance varies between 132 Ω and 107 Ω. The reason for the

variation is due to effective permittivity changing when the frequency increases.

The dielectric losses can be neglected for the substrate materials discussed. Also,

the conductor losses depend on the square root of the frequency [13], although they

are almost negligible compare to the radiation losses. It is virtually possible to elimi-

nate radiation losses by decreasing the dielectric thickness drastically. Although this

method is efficient to reduce the losses, it is difficult to practically achieve using pho-

tolithography and metal sputtering on such a thin substrate. This approach is also

beneficial to avoid dispersion effects since the effective permittivity is close to 1. The

electric fields are mostly created in the air instead of inside the dielectric. Hence, the

effective permittivity will become so close to the permittivity of air (εr = 1) [45]. As

a result, this type of waveguide will have low dispersion and minimal radiation losses.

Conductor Loss

After appropriate assumptions discussed in the preceding types of losses, conductor

loss remains the dominant one. Conductor loss depends on the surface current density

and material conductivity [45]. The S/W ratio needs to be analyzed for identifying the

minimum conductor loss. Figure (4.1) illustrates attenuation constants for coplanar

striplines with different separation distances and widths of metallic lines. Simulation
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results imply that the optimum separation distance and width are S = 70 µm and

W = 45 µm, which results in a ratio of S
W

=1.55. More discussion about practical

methods, such as gradual tapering, for reducing the conductor loss in a coplanar

stripline will be detailed in the next chapter.
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Chapter 4

Design Optimization of a Coplanar

Stripline

4.1 Tapering Method to Reduce The Conductor

Loss

In a terahertz coplanar stripline, the distance between the lines should be roughly

10 µm at the excitation zone in the transmitter and receiver areas to minimize radia-

tion and generate terahertz pulses efficiently. Figure (4.1) shows that the attenuation

constant is approximately 0.7 (Np/mm) for S = W = 10 µm, while it is almost

0.42 (Np/mm) for S = 70 µm, W = 45 µm for hundreds of GHz. S and W are

the coplanar stripline separation and width shown in Figure (3.10). Therefore, the

beginning dimensions of the terahertz coplanar stripline (S = W = 10 µm) are not
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Figure 4.1: Attenuation constants for coplanar striplines with different separation

distances and width of metallic lines

optimum to minimize the conductor loss. A smoothly tapered transmission line is

an appropriate method to connect the initial dimensions to the optimum dimensions

(S = 70 µm, W = 45 µm) of the coplanar stripline. In other words, a continu-

ously tapered transmission line is a transformer that can match the impedance of the

two separate segments of the coplanar stripline, over a broad bandwidth, that have

different widths and separations.

Since the tapered transmission line can be utilized at extremely high frequencies

or for very short pulses, it has been used broadly in monolithic microwave inte-
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Figure 4.2: Tapered section of a coplanar stripline with a.) Gradual tapering b.)

Symmetric tapering c.) Linear tapering

grated circuits (MMICs) and high clock rate digital integrated circuits for impedance

transformation [54]. This structure can support broad bandwidth and TEM modes

properly. The fields are symmetrical in this structure as well [29]. Moreover, it needs

a straightforward fabrication process.

The tapered transmission line acts as an impedance transformer. This impedance

transformer matches lower input impedance at the beginning of the stripline to rela-

tively higher impedance of optimum dimensions of the stripline [29]. Hence, it causes

some reflection losses in the areas that the impedance changes drastically. There

are some discontinuities in the taper edges, where some of the signal power reflects.

A desirable tapered transmission line is optimum in the sense that it has minimum
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reflection coefficient magnitude for a certain length of taper [26].

Figure (4.2) shows coplanar striplines, where their initial dimensions are S = W =

10 µm, then there are tapering sections with 500 µm length, and finally there are

parallel lines with S = 70 µm, W = 45 µm. There are a few types of tapers for

coplanar striplines with different configurations. The first one is gradual tapering

line (Figure (4.2a)), which smoothly increases the distance between the metal plates.

The second one is the symmetric tapering line (Figure (4.2b)), which the slope of

increasing the distance between the metal plates is not constant. The third one is
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linear tapering line (Figure (4.2c)), and as its name implies, the distance between the

metal plates increases linearly.

Figure (4.3) shows S21 parameters for coplanar striplines with different types of

tapering. The coplanar stripline with gradual tapering has the highest S21 (lowest

loss) and reflection loss as well. It is shown in this figure that the symmetric tapering

has the most reflection loss among all of the mentioned tapers. There are some reso-

nances in the S21 parameters coming from reflections between both sides of tapering

lines. Also, S21 parameter for parallel lines with S = 10 µm and W = 10 µm is plot-

ted in this figure to show the difference between this parallel stripline and tapering

striplines. As a conclusion, the S21 parameter for a coplanar stripline with gradual

tapering has approximately 2 dB less loss than a coplanar stripline with initial di-

mensions (S = W = 10 µm) although there are some resonances in the S21 parameter

in the tapered striplines.

4.2 RF Components in a Coplanar Stripline

The purpose of this section is to provide details on the various RF components in a

coplanar stripline, which can be used in TSOC applications, and discuss optimization

of parameters.
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Figure 4.4: S21 parameters for coplanar striplines with single stubs

4.2.1 Single Stubs as a DC Block

It is possible to use a single open-circuited length of the transmission line (Figure

(4.4a)) as a capacitor, which is connected in series with the main transmission line.

According to Figure (4.4b), as the length of the open-circuited transmission line

increases, it can block lower frequencies. Indeed, when the length of the stub becomes

larger, its capacitance increases. Therefore, the stub’s impedance will have lower

magnitude. The other considerable point for single stub capacitors is that although it

is straightforward to fabricate them, they have more loss than interdigitated electrodes

detailed in the next section.

Figure (4.4b) shows the transmission coefficient (S21) for coplanar striplines with
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different stub lengths. As it is evident, when we increase the stub length, the trans-

mission coefficient increases (less negative). As a result, we can conclude that the

length of the stub has inverse relation with the transmission coefficient. Indeed, as

the stub length increases, the electromagnetic coupling in the gap gets better, and

waves are transmitted more efficiently.

4.2.2 Interdigitated Electodes as a DC Block

Interdigitated capacitors have been researched widely since the early 1970s. These

structures have applications in lumped elements for MMICs. As mentioned in previ-

ous sections, the DC voltage which is connected to the transmitter photoconductor

should not transfer to the receiver. For this approach, we will use a capacitor in

the waveguide to block DC voltages. Since a coplanar stripline is used in this work,

interdigitated electrodes are the best options to create a capacitor. Interdigitated

capacitors are useful components because of their simplicity of fabrication, relatively

high Q, and lower loss than other capacitor designs.

An efficient design of the interdigitated capacitors needs closed-form expressions

to determine their capacitance. The capacitance depends on the geometry and the

properties of the substrate, such as its permittivity. One of the first designs for the

interdigitated capacitors was carried out in 1970 by Alley [1]. According to that

model, it is possible to calculate the capacitance values for equal length and gap

width. This model has been used until now because experimental results are in
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excellent agreement with the suggested procedure of capacitance calculation.

Alley’s model was revised in 1979 and a loss expression was proposed into Alley’s

Theory [19]. Subsequently in 1983, the effect of the thickness of metalization on the

capacitance magnitude was investigated [9]. Although these papers are more accurate

to compute the capacitance value, they do not have direct formulae, and numerical

techniques are required. To make computation easier, it is worth to consider each two

adjacent electrodes, as parallel-plate waveguides. Therefore, the capacitance between

the two electrodes can be calculated by:

C = ε0εr
A

d
(4.1)

where A is the electrode’s surface area and d is the gap between the two adja-

cent electrodes, ε0 is the permittivity of free space and εr is the material’s relative

permittivity between the electrodes. According to this expression, there are 3 factors

which can change the capacitance value: (i) by varying the surface area (A), (ii)

by changing the gap between two adjacent electrodes (d) and (iii) by altering the

material’s permittivity between the electrodes (εr).

To make the capacitance expression simpler, edge effects may be ignored and then

capacitance is given by:

C = nε0εr
ld

t
(4.2)

where n is the number of interdigitated electrodes, l is the length, d is the thickness
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Figure 4.5: Interdigitated electrodes

and t is the gap between the electrodes (Figure (4.5)).

For a case that electrodes have tens of micrometers length and less than 10 µ m

gap between them, the capacitance is in order of femtofarad. It means that electrodes

can block frequencies until a few hundreds of GHz. Therefore, they are efficient to

implement in a Terahertz waveguide to block DC voltages and low-frequency signals.

The characteristic impedance of a usual terahertz coplanar stripline waveguide

is between 200-300 Ω. On the other hand, the impedance of these interdigitated

electrodes is given by:

Z =
1

j2πfC
(4.3)

where f is the frequency that varies from 0 to a few terahertz in this case. If we

consider the interdigitated electrodes with the specific dimensions mentioned in the

last paragraph, the capacitor impedance will be neglectable after 300 GHz compared
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to the coplanar stripline characteristic impedance. Hence, these interdigitated elec-

trodes are able to act as a high pass filter and block DC voltages and low-frequency

signals as well.

In Figure (4.6), S21 diagram for interdigitated electrodes is shown. S21 demon-

strates high pass filter characteristics of the interdigitated capacitor. Moreover, there

are some peaks in the spectrum due to the existence of resonant frequencies. The
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formula to calculate resonant frequency is given by:

fr =
1

2π
√
LC

(4.4)

where C is the total capacitance of electrodes and L is the inductance for the elec-

trode unit. Interdigitated electrodes are considered to behave as an inductor and a

capacitor. To confirm the origin of the peaks, the results from Figure (4.6) show that

when the length of electrodes increases, the capacitance enhances as well. Hence, the

resonant frequencies decrease.

There are some design limitations for the interdigitated electrodes. A noticeable

limitation is the breakdown voltage. Beyond a threshold electric field, called the

dielectric strength Eds, the dielectric in a capacitor becomes conductive. The voltage

at which it happens is called the breakdown voltage of the capacitor and depends on

the dielectric strength (Eds) and the distance between the conductors. The formula

to calculate the breakdown voltage is given by [47]:

Vbd = Edsd (4.5)

where d is the gap between conductors.

The breakdown voltage restricts the maximum energy that can be stored in a

capacitor. All capacitors built with a specific dielectric have a very close maximum
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energy density because of the scaling of capacitance and breakdown voltage with

dielectric thickness. For capacitors which have air as their dielectric, the breakdown

field strength is in the order of 2− 5 MV
m

; for Silicon Nitride (membrane of choice in

this work) the breakdown is 300−900 MV
m

[34]. As the voltage increases, the dielectric

should be thicker, making high-voltage capacitors larger to avoid breakdown.

In our work, we have a very thin dielectric, which is Silicon Nitride (Si3N4),

and structures like interdigitated electrodes are mounted on top of it. In a cross-

section view, there is only air between electrodes. Therefore, most of the electric

field is created through the air between electrodes, and we can consider air as the

predominant dielectric in this case. The smallest gap between the electrodes should

be a few microns not to have any breakdown voltage in the waveguide.

The other factor that limits the design of interdigitated electrodes is the fabrication

technique to mount gold electrodes on the top of the membrane. Photolithography

is the standard method for fabricating these waveguides but it limits the minimum

feature size attainable. To reach lower resolutions, Focused Ion Beam (FIB) microma-

chining technique can be adopted. This method uses extremely focused Gallium-ion

beams to scan and form the substrate by milling the metal.

4.2.3 RF Chokes and Bias Tees

A regular inductor is made by wrapping wires around a solid rod or a cylindrical ring

which is the inductor core. When current flows inside the wires, a magnetic flux is
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created that opposes the change in current. The magnetic flux induces a voltage in

the coil. The intensity of the magnetic flux depends on the type of core [39].

RF chokes are considered as applications of inductors. They are fixed inductors

to block high-frequency alternating current (AC) signals and let the low-frequency

and DC signals pass. To attain this goal, the choke (or the inductor) should have a

large impedance over the range of frequencies it is designed to block.

When we combine a capacitor and an RF choke with a specific configuration, bias

tee is created. Bias tees are the elements that are utilized to supply DC currents

or voltages to bias RF circuits. A bias tee has three ports. An equivalent circuit

of it can be seen in Figure (4.7). Signals that consist of RF + DC are incident at

port one. The capacitor suppresses all DC signals from passing through to port two

and only allows the AC/RF Signals to pass through. Although some bias tees can be

manufactured with a simple inductor and capacitor, wideband bias tees are noticeably

more complex since practical components have parasitic elements.

If we imagine having a line with a characteristic impedance Z0, the impedance

of the capacitor (XC) is selected to be much less than Z0, and the impedance of the

inductor (XL) is chosen to be much larger than Z0:

XC =
1

ωC
=

1

2πfC
� Z0 (4.6)

XL = ωL = 2πfL� Z0 (4.7)
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Figure 4.7: Bias tee equivalent circuit

where ω is the angular frequency (in radians per second), and f is the frequency

(in hertz). In other words, a bias tee can be considered as a diplexer with an ideal

capacitor that lets AC passes through and a perfect inductor that blocks AC but

allows DC. DC voltage signal can pass through the inductor to drive the circuit while

the AC voltage signal is not able to pass it since the RF signal has to reach to the

receiver in the waveguide and it should not have significant leakage into the DC bias

section of the waveguide.

In our work, we make an inductor with the meander structure (Figure (4.8)) that

is similar to interdigitated electrodes. Meander structures can store electromagnetic

energy and act as high Q-factor inductors. The formula to compute its inductance is

given by [3]:

L = 0.0026a0.0603h0.4429N0.954d0.606W−0.173 (4.8)

where L is the inductance (µH), N is the number of turns, a is the length of the
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Figure 4.8: Meander structure as an inductor [3]

lead (mm), h is the height of meander (mm), d is the width of meander (mm), W is

the width of the printed strip (mm). In our design, h is 100 µm (0.1 mm), N is 20,

W is 5 µm (0.005 mm), d is 5 µm (0.005 mm), and a is 5 µm (0.005 mm). Therefore,

the inductance is approximately is 1 nH.

There is some optimization required to effectively design the capacitor and induc-

tor for bias tees. First of all, the length of the interdigitated electrodes should be

optimized to have lower return loss. According to Eq. (4.4), the structure does not

allow signals to pass the waveguide at the resonant frequency. Therefore, it is better

to tune the capacitance and inductance to have a resonant frequency of lower than

200 GHz to not affect the main spectrum of RF signals.

It is possible to adjust the resonant frequency and shift it to lower frequencies,

although there are some restrictions due to the theoretical and fabrication aspects.

When we want to have lower resonant frequencies, we have to either increase the
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length or decrease the gap between the electrodes. However, it is too risky to reduce

the gap size less than 3 µm because the breakdown voltage might happen in the inter-

digitated electrodes area and destroy the waveguide. Besides, the cost of fabrication

for small gaps is expensive.

Figure (4.6) shows S21 (dB) for two coplanar stripline waveguides with bias tees.

They have different interdigitated electrode lengths. For both curves the intensities

start from -50 dB, and after passing 100 GHz, reach -3 dB approximately. Therefore,

it is clear that these structures can block lower frequencies and act as a high pass

filter, which is our goal. Although they have the same intensity through most of the

spectrum, they have different peaks. The resonant frequencies come from electrodes

features (not from meander structure). The first peaks for each curve are relevant to

the resonant frequencies in an LC circuit (Eq. (4.4)). It means that interdigitated

electrodes act as an inductor in high frequencies, in addition to be capacitors initially.

When we increase the length of the electrodes, capacitance increases as stated by Eq.

(4.2). Therefore, the resonant frequency decreases, which agrees with the theory (Eq.

(4.4)).

We can compute the resonant frequency for each length of electrodes using Eq.

(4.2) and Eq. (4.8) to calculate the capacitance and inductance, respectively. After

that, we will apply Eq. (4.4) to find the resonant frequencies. The capacitances and

inductances are 0.08 pF and 1.17 nH for shorter interdigitated electrodes while 0.048

pF and 0.91 nH for the longer electrodes. Therefore, the resonant frequencies are
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507 GHz and 752 Ghz, respectively. On the other hand, the resonant frequencies are

521 GHz and 825 Ghz in simulation results (Figure (4.6)). Hence, theoretical values

are fairly close to simulation results, and the small difference between them is due

to this fact that the formula to calculate the capacitance ignores the edge effects of

electrodes. Edge effects are included in the simulation.

The other peaks come from some reflections through the waveguide. Waveguide

behaviours are more difficult to predict in high frequencies than lower frequencies.

The area that the interdigitated electrodes are located acts as a cavity [20]. Signals

with certain frequencies oscillate inside this area; hence, some resonant peaks in S21

spectrum are created. The formula to calculate the resonant frequency for this cavity

is given by:

ff =
c

2nl
(4.9)

where c is the speed of light in a vacuum (3× 108 m
s

), n is the refractive index of

the substrate, and l is the length of the cavity. In our case, since we use a membrane

as a substrate, the refractive index is close to 1 (1.1 as attained by simulation), and

l is the length of interdigitated electrodes. The resonant frequencies are 2.3 THz

for shorter electrodes and 1.36 THz for longer electrodes which are close to peaks

in simulation results (Figure (4.6)). The other dimension of interdigitated electrodes

also plays a role as a Fabry–Pérot interferometer, where l is 45 µm (width of each

stripline) and the resonant frequency is 3.33 THz. This resonant frequency is true
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due to the simulation results as well.

4.2.4 Bandstop Filters in the Terahertz Region

A bandstop filter or bandrejection filter transfers most frequencies without any at-

tenuation but attenuates those in a special range to low levels. It is the opposite of a

bandpass filter. The bandstop filter is built by the combination of high pass and low

pass filters with a parallel configuration.

As the name implies, it will stop a particular band of frequencies. Bandpass and

bandstop filters have two cut-off frequencies, unlike high pass and low pass filters. It

will pass a particular range of frequencies whose cut-off frequencies are determined

by the elements utilized in the circuit design. Frequencies between these two cut-offs

are attenuated. In other words, it has two passbands and one stopband.

In coplanar waveguides, some structures have bandstop filter properties. We will

introduce and analyze one of these structures here: split-ring resonators.

Split-Ring Resonators

Split-ring resonators (SRRs) have become an interesting research topic since they

were introduced [33] for producing artificial magnetism phenomena. These resonant

particles have enabled the possibility of creating artificial structures (also called meta-

materials) which can have atypical electromagnetic characteristics [49]. The chance

of producing artificial structures that can create negative refraction opens the way to



70

Figure 4.9: a) Split-ring resonator, b) Split-ring resonators utilized in a coplanar

stripline waveguide

a novel range of devices in refracted, radiated or guided applications. These unique

features are artificially produced by integrating a negative effective permeability and

a negative effective permittivity simultaneously in a specific frequency range. The

resonant operation of the split-ring resonators properly combined with other compo-

nents, depending on the technology applied, generates narrow frequency bands where

this double-negative condition can be achieved. The split-ring resonators have been

widely considered in terms of resonant properties, which can be utilized in a band-stop
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Figure 4.10: S21 parameter for a coplanar stripline with different number of split-rings

as a bandstop filter

filter [38].

Calculating Resonant Frequency

A simple analytical computation for the resonant frequency of the split ring resonator

configuration was provided by [36]:
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fr =

√
3d

π2r

vp
r

1

2π
(4.10)

and

d = ri1 − re2 (4.11)

r =
ri1 + re2

2
(4.12)

where ri1 is the internal radius of the outer ring, re2 is the external radius of

the inner ring (Figure (4.9)), and vp is the speed of light in the coplanar waveguide’s

medium (vp = c0√
εeff

). In our work, the radius of the rings should be less than 35 µm in

order to embed between the coplanar plates. As an example, if we select ri1 = 25 µm

and re2 = 20 µm, the resonant frequency will be 701 GHz, which is located in the

terahertz region.

Figure (4.10) shows S21 parameter for a coplanar stripline with different number

of split-rings. As the number of split-rings increases, the amplitude of S21 increases at

the resonant frequency. Also, the −3dB bandwidth of the filter becomes narrower and

the filter will be sharper while increasing the number of split-rings. In other words,

when the number of rings increases, the Q factor increases as well. As a result, the

stopband is narrower and the filter is more selective.

Figure (4.11) shows the electric field for a coplanar stripline with split-ring res-

onators. The electric field is illustrated for two different frequency regions. Figure
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Figure 4.11: The electric field of a coplanar stripline with split-ring resonators a.) In

the band-stop frequency region b.) In the band-pass frequency region
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Figure 4.12: S21 parameter for a coplanar stripline with different radii of the split-

rings

(4.11a) shows suppression of the electric field in the band-stop region and Figure

(4.11b) depicts passing the electric field along the waveguide with low losses in the
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band-pass region.

Figure (4.12) illustrates S21 parameter for a coplanar stripline with different split-

ring radii. The internal radii (ri1) are 25 µm, 23 µm, and 20 µm, respectively.

The theoretical resonant frequencies for each of the radii are 546 GHz, 614 GHz,

699 GHz, respectively, which is close to simulation results. Hence, when the split-

ring radii increase, the resonant frequency decreases.

4.3 Finding Waveguide Behaviour from Multiply-

ing the ABCD Matrix

As mentioned in previous chapters, we can find the total ABCD matrix of a complex

two-port structure by multiplying the individual simpler two-port networks together

in a cascade connection. This method is also useful for a coplanar stripline, which in-

cludes RF components such as capacitors, inductors, and tapered sections. The main

advantage of this technique is that sometimes it is too difficult to determine a compli-

cated waveguide’s behaviour by a single simulation due to restricted computational

resources.

To calculate the total ABCD matrix of our system, first we need to find each com-

ponent’s ABCD matrix. ABCD parameters can be determined by both simulation

and theoretical computation for some simple components. For complex components,

we only use simulation results. It is also noteworthy to compare simulation and theo-
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retical results to have a better understanding of each waveguide’s element. Therefore,

we will analyze parallel lines, and tapered sections separately.

It is valuable to show the relation between S parameters and ABCD parameters

since the ANSYS HFSS only provides the S parameters directly, and we need to

obtain ABCD parameters from them. The relations are provided by [12]:

A =
(1 + S11)(1− S22) + S12S21

2S21

(4.13)

B = Z0
(1 + S11)(1 + S22)− S12S21

2S21

(4.14)

C =
1

Z0

(1− S11)(1− S22) + S12S21

2S21

(4.15)

D =
(1− S11)(1 + S22) + S12S21

2S21

(4.16)

where Z0 is the characteristic impedance of the connected transmission line.

4.3.1 ABCD matrix for parallel lines

The ABCD parameters for the parallel plate sections of a coplanar stripline in lossless

conditions are given by [35]:
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Figure 4.13: Theoretical and simulation results for parallel lines with s1 = 10 µm,

w1 = 10 µm, s2 = 70 µm, w2 = 45 µm: a) Imaginary parts of B parameters, b)

Imaginary parts of C parameters

A = cos(βl), (4.17)

B = jZ0sin(βl), (4.18)

C = jY0sin(βl), (4.19)

D = cos(βl), (4.20)

where Z0 is the characteristic impedance of the line, Y0 is the characteristic ad-

mittance of the line, and l is the length of the line.

Figure (4.13) shows ABCD parameters for parallel lines with different width and
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Figure 4.14: The equivalent circuit for interdigitated electrodes unit

separation. The characteristic impedance can be calculated for each parallel structure

using Eq. (3.67). Simultaneously, Figure (4.13) illustrates ABCD parameters derived

from S parameters , Eq. (4.13)-Eq. (4.16), and by ANSYS HFSS. The theoretical

and simulated figures are almost identical.

4.3.2 ABCD Matrix for Interdigitated Electrodes

Interdigitated electrodes unit can be modelled by an equivalent circuit combined with

parallel and series reactive admittances (Figure (4.14)). The ABCD parameters for

this equivalent circuit are given by [35]:

A = 1 +
Y2

Y3

(4.21)

B =
1

Y3

(4.22)
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Figure 4.15: ABCD parameters for the interdigitated electrodes unit a) Real part of

A parameter b) Imaginary part of B parameter c) Imaginary part of C parameter d)

Real part of D parameter

C = Y1 + Y2 +
Y1Y2

Y3

(4.23)

D = 1 +
Y1

Y3

(4.24)

It is difficult to determine the relevant admittances (Y1, Y2, and Y3) for the equiv-
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alent circuit of interdigitated electrodes due to different types of capacitance existing

in this structure. Therefore, it is not easy to find ABCD parameters for the in-

terdigitated electrodes in a coplanar stripline by mathematical computations, and

simulation results are needed to be used to obtain ABCD parameters. Figure (4.15)

illustrates the ABCD parameters for the interdigitated electrodes unit. From this

figure, a discontinuity at 825 GHz is observed in each ABCD parameter. This arises

from the resonances that occur in the interdigitated electrodes and can be explained

using the capacitor-inductor analogy discussed in previous sections. The interdigi-

tated electrodes act as a capacitor and inductor simultaneously and have resonant

frequencies that can be expressed by Eq. (4.4). The B parameter depicted in Figure

(4.15b) is also proportional to the impedance of the interdigitated electrodes since the

B parameter is the ratio of the voltage of port 1 over the current of port 2 when the

voltage of port 2 is zero. The B parameter can be expressed as the ratio of voltage

over current that is relevant to the impedance of the structure. This manifests as a

high pass filter behaviour from the interdigitated electrodes structure.

4.3.3 ABCD Matrix for a Coplanar Stripline with Integrated

Components

It is time to connect different parts of a transmission line such as parallel lines, ta-

pering lines, and interdigitated electrodes and build a system for TSOC applications.



80

Figure 4.16: The block diagram of the total terahertz system

There are some relatively simple equations to calculate the ABCD matrix for parallel

lines, but it is difficult to compute the ABCD matrix for a tapered line and interdig-

itated electrodes. Therefore, we use only simulation results to calculate the ABCD

parameters for the last two parts.

The entire system block diagram, for which we seek to find the ABCD matrix,

is shown in Figure (4.16): Firstly, there is a parallel line section with S1 = 10 µm

and W1 = 10 µm. This section has a high loss due to the small separation of parallel

lines. Secondly, a gradually tapered section is connected to the first section of the

waveguide to increase the separation and width of the lines or decrease the conductor

loss. Thirdly, there is a parallel line section with S2 = 70 µm and W2 = 45 µm, which

is connected to the tapered section. The interdigitated electrodes are applied in the

middle of this part of the coplanar stripline with 5 µm gap between the adjacent

electrodes. Consequently, there will be a tapered section that is connected inversely

to the third section, and finally, there will be a parallel line section at the end of the

waveguide with the same dimensions as the first section of the waveguide.
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Figure 4.17: The ABCD matrix of a complicated waveguide a) Real part of A pa-

rameter b) Imaginary part of B parameter c) Imaginary part of C parameter d) Real

part of D parameter

Figure (4.17) illustrates the ABCD matrix for the coplanar stripline, which was

described in the last paragraph with two methods. The first method is deriving the

ABCD matrix directly from simulation of the total structure. The second method
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a)Derived from ABCD parameters b) Directly from simulation

is deriving the ABCD matrix from multiplying the ABCD matrices of the cascade

sections, respectively. This has far greater utility since many different circuits can

be synthesized by cascading components selected from a library. Results from both

methods are very similar. For the calculations carried out for the designs detailed in

this work, there exists a negligible difference between the results from two methods

due to the limitation on mesh size configuration possible in the software (ANSYS

HFSS) due to the finite computing capacity available.

The S parameters can be found when ABCD parameters are known. S21 is given
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by [35]:

S21 =
2

A+B/Z0 + CZ0 +D
(4.25)

Finally, Figure (4.18) shows the S21 parameter derived from resulting ABCD pa-

rameters by using Eq. (4.25). Therefore, this method will provide S parameters at

the end, and it is useful when for otherwise difficult calculations due to restricted

computational resources.

4.4 Final Optimized TSOC

The purpose of this section is to highlight various RF components on a coplanar

stripline to build a TSOC. It is worth to mention that all the components have been

optimized to reduce loss and dispersion.

Figure (4.19) shows the final design for the TSOC, which is a coplanar stripline on

top of a thin dielectric membrane (Si3N4). A femtosecond laser is incident between

the gold lines at the beginning of the waveguide, where LTG-GaAs is mounted on

the membrane. One of the lines is biased by a DC-voltage and therefore, terahertz

signals are generated due to the acceleration of electrons and holes in the electric

field. Terahertz waves are mostly confined between the gold lines and need to be

transferred. At the beginning of the coplanar strips, the separation of the gold lines

is s = 10 µm, to enable efficient terahertz waves transfer. A high loss results from

the small gap between the lines. Therefore, we use gradual tapering to increase the
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Figure 4.19: The final design of the terahertz waveguide

separation of the gold lines (s = 70 µm) and decrease the conductor loss. After that,

there will be a bias tee unit which includes interdigitated electrodes and RF chokes.

RF chokes act as an inductor that allows DC signals to pass to drive the waveguide,

although they do not let RF signals to pass in order to prevent any power leakage.

Interdigitated electrodes also act as a capacitor to block DC voltages that should not

reach the receiver. Again, there will be another tapering to decrease the separation

between the lines to enable terahertz detection at the receiver. In the detection region,

a femtosecond laser is incident between the gold lines, where LTG-GaAs is deposited
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tee, and a coplanar stripline with 10 µm separation between the gold lines through

whole of the waveguide

on the membrane. As a result, terahertz signals are detected per the process detailed

in chapter 2.

Finally, Figure (4.20) illustrates S21 parameter for the designed TSOC with the

characteristics mentioned in the preceding paragraph. Also, the S21 parameter for a

coplanar stripline with 10 µm separation throughout the waveguide (previous work

[42]) is presented in the figure to compare the loss between the designed TSOC and

previous work. The optimized terahertz waveguide design has lower loss than a simple
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coplanar stripline with 10 µm separation. However, it has some resonant frequencies

due to the effect of capacitors and inductors in the bias tee and tapering sections.

Hence, the discussed optimized design is efficient and appropriate for TSOC applica-

tions.



87

Chapter 5

Contributions and Conclusion

5.1 Contributions

A key focus of this research thesis is designing a TSOC by using the advantages of

design discussed in previous works and solving the challenges they faced. This work

investigates minimizing conductor losses of a coplanar strip transmission line by using

gradual tapering. This method increases the gap between the gold plates gradually

to achieve the low loss. This thesis also discusses the potential of building TSOCs.

Passive components such as a bias tee and a bandstop filter are designed and optimized

to work in tandem with other components in the circuit. The bias tee unit includes

interdigitated electrodes and a meander type inductor. The interdigitated electrodes

are designed to have minimum conductor losses and block DC-voltages appropriately.

Split-ring resonators are designed as a bandstop filter and the split-ring dimensions
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are shown to vary in relation to the resonant frequency. Moreover, a method is shown

to compute the performance of complex terahertz circuits from a library of ABCD

matrices of each cascaded component. This technique was widely investigated at

microwave frequencies, but not previously considered at terahertz frequencies.

5.2 Conclusion

The work detailed in this thesis focuses on designing terahertz waveguides with low

loss and dispersion by optimizing the design so as to overcome inherent losses due

to material and geometric limitations. Coplanar striplines are chosen as the optimal

waveguide for developing highly efficient TSOCs. This thesis investigates the charac-

teristics of these waveguides using theory and simulations. The contribution of the

thesis is regarding the design optimization of various types of passive components

used along with a gold coplanar stripline on a Silicon Nitride membrane. A bias tee

(a combination of interdigitated electrodes and a meander inductor) is designed to

block low frequencies. Split-ring resonators are used as band-stop filters with the

optimized design made possible by varying the internal and the external radii of the

rings. A final optimized TSOC design is presented that makes use of these passive

components and is found to have a total loss less than any of the previous work for

terahertz frequencies. This shows great promise for terahertz applications and fur-

thers the horizon for future research in optimizing novel passive and active designs



89

for TSOCs.
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