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ABSTRACT

Differential space-time block code (DSTBC) has its advantage in achieving spatial di-
versity without channel knowledge. This is particularly useful in multiple antenna sys-
tems where complicated multiple-input multiple-output (MIMO) channel estimation is by-
passed. The objective of this research is to study a few wéys to improve the performance of
DSTBC at both transmit antenna and receive antenna sides. DSTBC formally originated in
year 2000 has become one of the main research interests in the field of space-time coding.
While much early research focused on the design of the DSTBC, many related research
problems have remained.

This thesis investigates the peak-to-power average ratio (PAPR) problem inherent in
DSTBC. Although the constellation input has constant modulus property (phase-shifted
keying (PSK)-typed), the transmission constellation does not retain this property. When
DSTBC is applied in practice, high PAPR may cause the nonlinear amplifier to operate in a
nonlinear region which causes amplitude clipping or distortion. This thesis proposes some
constraints on DSTBC mapping to avoid constellation expansion by trading-off data rate.
The DSTBC without constellation expansion achieves full spatial diversity and trade-off
between data rate and performance while it retains PSK transmission constellation. This
thesis also introduces 7 /4 — DQPSK — ST BC as an alternative way to tackle PAPR prob-
lem. The 7 /4— DQPSK — ST BC scheme, which extends naturally from 7 /4~ DQPSK
applied in single antenna systems, achieves full spatial diversity with low complexity sub-
optimal decoder as well as PAPR reduction.

Conventional differential detection of DSTBC has about 3-dB performance degradation
compared to coherent detection in quasi-static fading channels. The concept of multiple
symbol differential detection (MSDD) in single antenna systems is borrowed to explore its
use in DSTBC. Since MSDD for DSTBC has extremely high complexity, two low com-
plexity schemes: multiple differential feedback detection (MDFD) and reduced search de-



iii

tection (RSD) have been presented. They enable a larger observation length than MSDD
and have higher performance gain with lower complexity.

Since an irreducible error floor exists with differential detection of DSTBC in time-
varying channels and MSDD in quasi-static fading channels fails to operate, a receiver
based on maximum-likelihood (ML) receiver is studied. An approximate ML receiver has
been derived in the literature and shows significant error floor reduction. Nevertheless, the
ML receiver was based on the assumption of fixed channel gains during one transmission
block interval and some error floor still exists. In this thesis, an approximate ML receiver
is scrutinized and an improved receiver has been proposed which outperforms the existing
receiver by taking the previously mentioned assumption into account. A further reduction
of error has been achieved. Extension to a soft-output receiver is studied on a concatenated
coding scheme as well.

When transmit antenna spacing is not enough, there exists spatial correlation which
leads to loss in diversity and hence performance degradation. This thesis proposes a modi-
fication of the approximate ML receiver to take into account the spatial correlation. A small
improvement in performance gain and error floor reduction has been shown with this new
receiver.

DSTBC alone does not provide coding gains. To achieve better performance, a con-
catenated coding scheme is a viable option. In this thesis, a concatenated coding scheme
of trellis-coded modulation (TCM) and DSTBC has been studied. The design criteria have
been derived and the concept of quasiregularity has been extended. Several new TCM
schemes have been presented which outperform the existing TCM schemes designed for

additive white Gaussian noise (AWGN) and fading channels.
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Chapter 1

Introduction

Emerging wireless applications such as mobile internet and multimedia service require
future generations of mobile system to accommodate high data rate transmission with sat-
isfactory performance. Due to limited resources and the hostile characteristics of mobile
channels, design of efficient mobile communication systems remains a challenging task.
Apart from fundamental limitations, which are bandwidth and power, communication via
mobile channels experiences additional problems such as fading, intersymbol interference,
time variation, and interference from the environment or other users.

Multipath propagation causes several signal paths to combine destructively at the re-
ceiver, i.e., fading. When the signal is in deep fade, the receiver can hardly detect the
signal. If this situation exists for a long time, signal loss or severe bit-error rate (BER) per-
formance will occur. This worst-case scenario can only be counteracted by providing an
alternative communication channel which transfers the same information. This is referred
to as diversity.

History suggests time diversity via an error control coding to deal with the detection
error caused by mostly random noises. However, since deep fade can prolong the low
SNR situation, burst errors will occur and may be beyond the correcting capability of the
error control coding. Other forms of diversity techniques are needed. Frequency diversity is
widely exploited in the context of orthogonal division multiplexing (OFDM) where it works
effectively in frequency-selective fading channels. However if the channel is frequency

flat, OFDM will not be able to provide frequency diversity. More recently, spatial diversity
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achieved by using multiple antennas at the transmitter and/or receiver has become a popular
approach. Since spatial diversity provides more than one physical communication channel,
if one channel is in deep fade the receiver can still obtain the same information from other
channels without the need for extra bandwidth or power.

Receive diversity employs multiple receive antennas and performs selection or max-
imum ratio combining to obtain best average signal-to-noise ratio (SNR) output. If two
receive antennas have enough separation, receive diversity can provide a significant im-
provement. Receive diversity has been well-established in the literature and has been used
in an uplink transmission where there are multiple receive antennas receiving signals from
a single antenna at the mobile.

Recently, space-time coding which combines coding, modulation and multiple transmit
antennas is one of the most popular techniques to achieve both time and spatial diversities.
The information is encoded such that it spans both the time and space dimensions. Since
space-time coding transmits the same information via multiple transmit antennas at the
same time, it aims at providing diversity rather than providing higher data transmission
rate.

Early space-time coding research assumed the availability of channel state information
(CSI) at the receiver. From this assumption, Tarokh et. al. derived the design criteria for
space-time codes in frequency-flat fading channels [1]. The codes have trellis represen-
tations and therefore Viterbi algorithm is used in the decoding. These codes are usually
referred to as space-time trellis codes which provide diversity and coding gains. How-
ever, the codes suffer from the receiver complexity, which is exponential with the number
of transmit antennas. There is another important class of space-time codes referred to as
space-time block code (STBC) which have linear complexity receivers. STBC is proposed
by Alamouti in [2] in which the code lies on the orthogonal matrix. Extensions of both
classes of space-time codes are common to accommodate more than two transmit antennas
and to other environments.

The assumption of the availability of the CSI at the receiver is questionable when the
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mobile moves at high speed. In this situation, the channel condition changes rapidly and
channel estimation becomes difficult or requires too many training symbols. There have
been recent efforts to forego channel estimation by introducing differential schemes for
multiple transmit antennas [3], [4], [S]. Since the transmission is in blocks, differential
space-time block codes (DSTBC) or differential space-time modulation (DSTM) is referred
to these schemes interchangeably.

Differential detection of DSTBC suffers 3-dB performance degradation compared to
coherent detection in quasi-static fading channels with perfect CSI. The performance de-
grades more if the channel is time-varying and an irreducible error floor exists. Therefore,
an efficient receiver design or a more complicated coding scheme is an important issue to

improve the performance of a DSTBC system.

1.1 Previous Results

The following summarizes the main papers relevant to the research problems. More cita-
tions are included in each chapter.

Hughes proposed DSTM for two transmit antennas [5]. This paper provides a complete
design criteria and code construction for two transmit antennas from group theory. The
paper mentions a problem of constellation expansion occurring in DSTBC from [3] but
provides no solution for such schemes directly. Instead, the paper adopts the notion of
group codes using the symbols from PSK constellation in which constellation expansion
does not occur.

Multiple symbol detection for DSTBC under quasi-static fading channels was proposed
in [6]. The performance of DSTBC has been slightly improved due to increasing in the
observation length but the paper does not extend to higher modulation schemes or more
than two transmit antennas due to very high complexity.

Chiavaccini and Vitetta attacked the problem of detection of DSTBC under time-varying

fading channels [7]. An irreducible error floor is substantially decreased by about an order
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of magnitude in slow fading channels. However, the receiver is designed based on the as-
sumption of fixed channel fading gains within a transmission block. This assumption leads
to large performance degradation in fast fading channels.

Concatenated coding with space-time coding is an alternative to improve the perfor-
mance of transmit diversity schemes. Trellis coded modulation (TCM) is considered as an
outer code to concatenate with STBC in [8]. Design criteria have been derived but only a
few hand-designed TCM codes were given. There is no comment on whether these TCM

schemes can be used in the situation where CSI is absent.

1.2 Objectives

This study focuses on improving the performance of DSTBC at both transmitter and re-
ceiver sides. At the transmitter side, the problem of high peak-to-average power ratio
(PAPR) is studied. Also, the design of a concatenated coding scheme of TCM and DSTBC
is discussed. At the receiver side, the modified receiver scheme is studied under some
environments such as time-varying and spatial correlation channels. The objectives are to:
1. present the problem of PAPR existing in DSTBC and propose ways of tackling it;
2. extend and analyze the existing DSTBC receiver and propose improved DSTBC re-
ceivers in order to further reduce the irreducible error floor;

3. design TCM schemes concatenated with DSTBC to further improve the performance

of the system.

1.3 Contribution of This Thesis

The following contributions are made in this study.

1. A constraint mapping of DSTBC is introduced to avoid constellation expansion. The
resultant codes use only phase-shifted keying (PSK) signal constellation and there-

fore reduces the PAPR. The connection of DSTBC without constellation expansion
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and DSTM from groups is discussed. These schemes offer trade-offs between data

rate and performance while ensuring that the signals are only in the PSK constella-

tion.

2. As it is known that if the signal envelopes cross the zero points, nonlinear amplifi-
cation will cause a spectral sidelobe resulting in deterioration of the performance. A
modulation scheme whose signal envelope avoids crossing the zero point is prefer-
able in practice. In single antenna systems, 7/4 — DPSK is a such scheme. In this
thesis, a similar idea to 7/4 — DPSK is applied to DSTBC. This results in a novel
transmission scheme called 7/4 — DQPSK — ST BC which provides full spatial
diversity and avoids the signal crossing the zero point at the same time. In addition,
a suboptimum receiver is proposed in which very low complexity is achieved while

providing almost the same performance as an optimal receiver.

3. Multiple symbol differential detection (MSDD) of STBC has been extended to longer
observation lengths. Since it is known that the complexity of MSDD of STBC is
prohibitively complex, two reduced complexity versions of MSDD are presented.
One is decision feedback differential detection and the other is reduced search de-
tection. Both schemes provide performance enhancement by enabling longer obser-
vation lengths which is almost impossible to do with MSDD. The schemes work on

quasi-static fading channels while they collapse in fast time-varying channels.

4. For time-varying channels, a thorough analysis of the existing receiver which is an
approximate maximum-likelihood (ML) receiver is given. An upper bound on the
bit error rate (BER) performance is derived based on the standard union-Chernoff
bounding of the pairwise error probability. The bound is evaluated by a residue
theorem which possibly yields further insight to the behavior of DSTBC with this
receiver. A new multistage receiver is proposed to tackle the assumption of fixed
channel gains during a transmission block. The receiver applies the concept of mul-
tistage channel estimation and detection to deal with the varying channel gains which

are viewed as intrablock interference. An outer convolutional code is also considered
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with the multistage receiver. Soft-output information from the DSTBC multistage
receiver is derived and its performance is compared with the hard-output multistage

receiver.

5. The assumption of independent transmission paths between transmission antennas
is relaxed. This means there exists spatial correlation which leads to performance
degradation due to the loss in diversity. This thesis proposes an extension of an ap-
proximate ML receiver to take into account the spatial correlation. The new receiver
exploits spatial correlation information in order to improve the BER performance.

Further analysis for this type of receiver is extended as well.

6. Design criteria for TCM concatenated with DSTBC have been derived. The concept
of quasiregular codes with respect to these criteria is extended. Based on these re-
sults, several new TCM schemes have been searched and are shown to outperform
existing TCM schemes which are designed to be optimum for fading or AWGN chan-

nels.

1.4 Thesis Outline

The subsequent chapters are organized as follows. Chapter 2 presents the basic concept
of DSTBC encoding and decoding for two or more transmit antennas as well as other
related codes. The problem of PAPR with DSTBC is shown. In addition, DSTBC without
constellation expansion and 7/4 — DQPSK — STBC are also proposed in this chapter.

Chapter 3 extends the application of MSDD of DSTBC for longer observation lengths
and proposes two reduced complexity versions of MSDD.

Chapter 4 focuses on an approximate ML receiver and provides a thorough analysis.
A multistage receiver is proposed and compared with existing receivers. In addition, soft-
output multistage receiver is derived and compared with the hard-output receiver in a con-
catenated scheme with outer convolutional code.

Chapter 5 extends the receiver in Chapter 4 to accommodate the spatial correlation in
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the channel. An analysis is also extended for this new receiver. The receiver is compared
with an approximated ML receiver without spatial correlation.

Chapter 6 derives the design criteria of TCM concatenated with DSTBC under perfect
interleaving and noninterleaving conditions. Several new TCM schemes which outperform
the existing schemes are presented.

Chapter 7 proposes extensions and future work which include extensions to more than
two transmit antennas, an optimal receiver for DSTBC in frequency-flat and frequency-
selective fading channels and iterative decoding of the concatenated coding with DSTBC
schemes.

Appendix A provides a detailed derivation of the upper bound on the bit error rate
and the pairwise error probability of an approximate ML receiver by applying the residue

theorem.



Chapter 2

Differential Space-Time Block Codes

2.1 Introduction

The purpose of this chapter is to explain the basic concept of DSTBC encoding and de-
coding, different types of mapping and their associated constellation, system model which
will be referred to in later chapters. This chapter also discusses the peak-to-average power
ratio problem caused by constellation expansion associated with certain type of DSTBC
mapping and proposes ways to tackle it.

Since DSTBC is based on Alamouti’s space-time block code, it is fruitful to include
the background on Alamouti’s scheme which is applied to coherent multiple antenna sys-
tems in Section 2.2. Section 2.3 explains the details of DSTBC encoding and decoding
which also includes two types of mapping to be used throughout in this thesis. Section 2.4
describes a few extensions of DSTBC based on orthogonal design to more than two trans-
mit antennas. Section 2.5 briefly discusses closely related differential modulation schemes
and their advantages. Section 2.6 presents a constellation expansion problem inherited in
DSTBC. Section 2.7 proposes DSTBC without constellation expansion for two or more
transmit antennas based on Alamouti’s scheme and orthogonal designs. Section 2.8 pro-
poses a more practical DSTBC scheme without constellation expansion, the scheme which
extends naturally from 7/4 — QPSK in single antenna systems. Section 2.9 provides a

summary of this chapter.
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2.2 Alamouti’s Scheme

Before we explain the operation of DSTBC encoder and decoder, let us discuss the most
popular STBC transmission scheme named Alamouti’s scheme. The context is taken from
[2] but the matrix setting is used here instead of the scalar one in [2] For two transmit
antennas, Alamouti proposed an efficient transmission scheme which is in a matrix form

(2]
D=1 2.1)
-85 8
We refer to this matrix as a transmission matrix or a transmission block. The symbols s; and
s, are from an M -ary constellation and are transmitted from the first and second antennas,
respectively, at the first symbol interval. The symbols —s3 and s} are transmitted from
the first and second antennas, respectively, at the second symbol interval. One important
property of Alamouti’s scheme is that the transmission matrix is an orthogonal matrix, i.e.,
DD = DY D = I where ¥ is the Hermitian operator and I is a 2-by-2 identity matrix.
This property yields a remarkable linear complexity at the receiver.
Assume that the channel gains are fixed during a transmission matrix and there is one

receive antenna, the received signals at the first and second symbol intervals, 7; and r2, can

be written in a vector form as

T1 S51 82 a w1
T2 -85 si| a2 We

where ay, a; are channel gains from the first and second transmit antennas, respectively,
w;, wo represent additive white Gaussian noise (AWGN) generated as complex Gaussian
random variables with zero mean and variance 02. To decode the symbols, the received

signals in (2.2) can be written as

* *

L —T5 8§81 82| a1 —a3 w; —W,

f
+

(2.3)

e T] —s5 si| a2 af we W
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Suppose the receiver has perfect channel gain information, coherent detection is possible

* *

a
by first linearly combining the receive signals by multiplying (2.3) by a matrix ?
—a2 Qi
which yields
L —Ts al aj S1 S w, —w; a; a3
= (lar|* + la2|?) + 2.4)
re i | |—62 o —s5 s} we wi | [—e2 @y
The elements in the first row of each side of (2.4) are written as
21 =T1a) + rya = (|a1|2 + |a2|2) 81 + wra] + wiay (2.5)
2o = 1105 — Ta0) = ([a1|2 + |a2|2) So + W0y — Wy (2.6)

With this linear combining, each symbol will have low signal energy only if both transmis-
sion paths reflected in channel gains a;, a, are in deep fade. Therefore, the symbol s; and

s2 enjoy two levels of diversity. Then, maximum-likelihood decoding is performed by

min |z — (|a|? + |a2|?) 3 2i=1,2....M1=1,2 .7
8

where 3; is a trial symbol. This shows the most important property of STBC which is
the fact that maximum-likelihood decoding decouples the transmitted symbols. Therefore,
decoding complexity does not grow exponentially with number of transmit antennas.

Alamouti’s scheme was extended to more than two transmit antennas in [9] where
STBC based on orthogonal design was introduced and some important properties were
proved. Orthogonal design ensures linear decoding complexity. It is proved that Alamouti’s
scheme is a unique complex orthogonal design that provides full-rate and full-diversity
STBC. For complex orthogonal design with full-diversity, the maximum rate of complex
orthogonal design is 3/4 for three and four transmit antennas and the maximum rate is 1/2
for more than four transmit antennas [9]. More recent research reveals STBC with rate
higher than 1/2 for five and six transmit antennas [10].

In this thesis, we would often refer to Alamouti’s scheme, especially when we compare

the performance between DSTBC and coherent detection of STBC.
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2.3 DSTBC Encoding and Decoding

For a single transmit antenna system, differential phase-shift keying with differential de-
tection (DPSK) has been a successful transmission scheme when the receiver does not use
channel information. For two transmit antennas, there are a few main schemes for differen-
tial modulation. In this thesis, DSTBC from [3] is studied because of its simple encoding
and decoding. The following material in this section is mostly summarized from [3] but

presented with the matrix setting.

2.3.1 DSTBC Encoding

The DSTBC transmission matrix is shown in Alamouti’s format as in (2.1). Suppose the

previous transmission matrix is D,,_, differential encading is performed by
D, =G,D,, (28)

Son Son+1 .. . th .
where D,, = represents a transmission matrix at the n** block interval
* *
—Sopt1 Son

gon gon+1

and G, = represents a data or information matrix at the n** block

_g;n+1 g;n
interval. The n** block interval contains the signal at symbol interval 2n and 2n + 1 for the

system with two transmit antennas. The constellation of D, is not needed to be the same
as the constellation of G, since matrix multiplication does not necessarily preserve the
magnitude of the elements. The constellation of D, is noted as a transmission constellation
and the constellation of G, is noted as a mapping constellation. The selection of the
mapping constellation, i.e., the mapping from data bits to a data matrix, exists in a few
ways in the literature. In this thesis, two different methods to choose a data matrix G, will

be discussed.
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2.3.1.1 Tarokh&Jafarkhani’s Mapping

The mapping originally proposed in [3] referred to Tarokh&Jafarkhani’s mapping is done
as follows. A vector d,, = [day, don41]t, which represents the n'* pair of data symbols, is
selected from a unit energy M -ary (2"¢-ary) PSK constellation according to the 2n, data
bits using Gray mapping. Then, a data matrix G, is determined by forming an Alamouti’s

matrix of a data vector and multiplying it by a unitary matrix as

gon  G2nt1 don  dont1| |1 -1

1
G, = =2
_g;n+1 g;n _d;n+1 d;n 1 1

(2.9)

The factor % in (2.9) ensures that the average total transmit power from two transmit anten-
nas is one. It can be proved that this mapping yields all vectors [g2, g2n41] Of equal length

[3]. Most parts in this thesis will use this type of mapping.

2.3.1.2 Separate Mapping

Instead of mapping by (2.9), it is possible to select data symbols in G, directly, i.e., the
first ny bits are mapped to g5, and the second n, bits are mapped to go,41, chosen from a

unit energy M-ary PSK constellation.

Go=| ™ P g goms € Maary PSK 2.10)
“9mt+1  Gom

This has an advantage of the ability to decouple each symbol in the decoding. So the decod-
ing complexity does not grow exponentially with number of transmit antennas. However,
this type of mapping generates more symbols in the transmission constellations which re-
sults in higher PAPR. In this thesis, this mapping will be used only in Chapter 6 which is

more convenient when TCM concatenated with DSTBC is considered.
It can be verified that all the vectors [g2, g2n+1] have equal lengths (norms) for both

types of mapping. This property will be used in the differential decoding. Also, the error

performance is equivalent for both types of mapping.
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2.3.2 Differential Decoding

Analogously to DPSK and coherent detection of PSK, differential decoding of DSTBC
without CSI has about 3-dB inferior performance compared to coherent detection of STBC.
Differential decoding lies on the assumption of fixed channels during two transmission

matrices. Let us define the following:

*
Ton —Topy Son Son+1
R, = yDp = ;
* * *
Ton+1 Ton —Son+1 Son
a; —al Wo — W3, 1
2 n 2n+
A= W, = , (2.11)
* *
az a; Won+1 Wy,

where R, is a received signal matrix at the n** block interval, A is a channel gain matrix
where time index has been omitted, W, is a noise matrix at the n** block interval. With

these notations, the received signals at block interval n and n — 1 can be written as
R,=D,A+W, and R, 1 =D, ;A+W,_;. (2.12)
Differential decoding is done by determining

R.R? =D, AAYD? + D ,AWE  + W, AYDE  + W, W] (2.13)

n—1»

Since A A = (|a;|* + |ay|?) I, thus substituting (2.8) into (2.13) yields
R.RY | = (|a1]* + |a2) G + DoAAWT  + W APDY  + W . W, (2.14)

Because the last three terms on the right side of (2.14) are noise, and the factor (|a1|? + |a2|?)

does not affect the decision if all vectors [go, gon+1] have equal lengths (norms), differen-

H

tial decoding finds a data matrix G whose Euclidean distance to R, R/, is minimum.

Equivalently in a scalar form, let us define

21 = TonTon_o + Tong1Ton—1 a0d 23 = TonT5, | — Tou 1 T2n—2- (2.15)
From (2.14) and for both Tarokh&Jafarkhani’s mapping and separate mapping, differential
decoding finds

arg min |21 — gon|® + |22 — Gons1|’ - (2.16)
92n,92n+1
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Further simplification obtains

arg maxRe (2] §on + 25 Gon+1) - 2.17)

Gan,Gan+1
For separate mapping, since the symbol go,, and go,,,; are independently chosen, they can
be decoded separately. For Tarokh&Jafarkhani’s mapping, all [go;, gon+1] pairs must be
tried. Once g,,, and go, 1 are chosen, the data bits can be recovered.
Note that for Tarokh&Jafarkhani’s mapping, with a few extra computation steps, the
symbols in the decoding can be decoupled as well. This is done by substituting (2.9) into
(2.17). After a little manipulation, we obtain the decision rule

arg maxRe ((z{ — 2) don + (21 + 23) rfzn+1) , (2.18)

dan,dan+1

where tfzn, (ian can be decoded separately.

2.4 DSTBC for More Than Two Transmit Antennas

Although this thesis concentrates on DSTBC with two transmit antennas, it is worthwhile
to briefly discuss DSTBC for more than two transmit antennas. In Section 2.7.2, DSTBC
without constellation expansion will also be extended to the case of more than two transmit
antennas.

Due to its constraint on the orthogonality of transmission matrix, a small number of
DSTBC schemes have been discovered. In [11], full-rate DSTBC with real constellations
and half-rate DSTBC with complex constellations for four and three transmit antennas have
been proposed.

For four transmit antennas and real constellations, the data matrix is of the form

Gan+1 Gan+2 G4n+3 Gan+4

~Oan+2  Gant+l  —Gant+4 G4n+3

G, = (2.19)

—Oim+3  Gant4 Gan+1  —Gan+42

—0in+4 —Gan+3  Gan42 Gan+1
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and the transmission matrix is of the form
S4n+1 San+2 S4n+3 S4n+4
—84n+2  San+1  —San44 San43
D, = (2.20)
—84n+3  S4an+t4 San+1  —San42
—S4n+4 —S4n+3  San+2 San+1

Each row of D, represents symbols to be transmitted from the first to the fourth transmit

antennas at each symbol interval simultaneously.

For complex constellations, the data matrix as in (2.19) is still used while the obtained

transmission matrix as in (2.20) from differential encoding is concatenated with its complex

conjugate which yields a rate-1/2 DSTBC as

San+1
—S4n42
—84n+3
—S84n+4

82n+1
_82n+2

*
“S4n+3

*
__s4n+4

San+2
S4n+1
San+4
—84n+3
82n+2
82n+1
82n+4

*
—S4n+3

S4n+3
—S4n+t4
S4an+1
S4n+2
82n+3
- 82n+4
82n+1

*
Sin+2

San+4
S4n+3
—S4n42
S4n+1
82n+4
82n+3

*
~S4n+2

*
San+1 |

2.21)

Note that this differential encoding which applies (2.19) and (2.20) is a little different from

what was presented in [11]. Here, the scheme can be written in terms of differential encod-

ing explicitly as in (2.8). For three transmit antennas, differential encoding is the same as

for four transmit antennas except that one column of the transmission matrix is omitted.

Differential decoding for both four and three transmit antennas is simplified from [11]
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which is to determine

_ * * * *
21 = Tant1Ta4n 3+ Tant2Tin 2 + Tant3Tan—1 T Tan+4T4n

_ * * * *
29 = Tant1T4n—9 — Tan+2T4n_3 — T4n+3T4n + Tant4Tan_1

(2.22)
_ * * * *
23 = Tan+1T4n—1 T Tan+2T4n — Tan+3T4n_3 — Tan+4T4n 2
_ * * * *
24 = Tant1T4n — Tan+2Tsn—1 T Tan+3T4n—2 — Tan+4T4n_3-
Thus, further simplification of differential decoding obtains the decision metric
~ * A ~ * A
arg max Re (25 Gan+1 + %5 0ans2 + 230an+3 + 24 Ganta) (2.23)

Qan+1,94n+2,34n+3:84n+4

2.5 Other Types of Differential Schemes for Multiple Trans-

mit Antennas

As discussed so far, DSTBC refers to specific differential schemes in which the data
matrix G acts a ‘template’ for data symbols to stay as elements of the matrix. In ad-
dition, both the data matrix and the transmission matrix are orthogonal matrices, i.e.,
DDY = DYD = kI and GG¥ = G¥G = k,I, where ki, ko are constants. How-
ever, there are other differential schemes for multiple transmit antennas for which the data
matrix and the transmission matrix are not necessarily orthogonal. One significant class of
such a scheme is referred to as differential space-time modulation (DSTM) and was pro-
posed in [5] and [4]. Both papers consider data matrices to be unitary matrices because
they can approach the capacity of unknown multiple-input multiple-output (MIMO) chan-
nels [12]. Since the unitary property is less strict than the orthogonal property, many more
differential space-time schemes are possible.

Hughes presented an optimal DSTM constructed from a matrix group and proved that
optimal DSTM based on groups is equivalent to a cyclic code or a dicyclic code only. For

two transmit antennas, data matrices of a cyclic code are generated by a generator matrix
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[5]
ej27r/M9 0
2.24
0 i2mk/ Mg (2:24)
and data matrices of a dicyclic code are generated by generator matrices [5]
ei2m/(Mg/2) 0 0 -1 5 95
0 e—i2mk/(M/2) | |1 (2:23)

where M, is the number of data matrices belong to the group. For more than two transmit
antennas, Hughes also classified DSTM based on group construction [13]. It is shown that
for square transmission matrices and an odd number of transmit antennas, optimal DSTM

is equivalent to a cyclic code in which the data matrices are generated by [13]

e??mk1/My 0 . 0
0 emk/My 0
(2.26)
0 0 ... elmkn/Ms

For square transmission matrices and even number of transmit antennas, optimal DSTM is

equivalent to either a cyclic code or dicyclic code in which the data matrices are generated

by [13]

ej27rk1/(Ma/2) 0 e 0
0 ed2mka/(Mgf2) 0 o -1
, NI (2.27)
IN/2 0
0 0 .. elemkn/(Mg[2)

The main reason for using DSTM from a group is that it simplifies searching for an optimal
code, and the transmission matrices are guaranteed to avoid constellation expansion.

The seminal work which classifies DSTM based on unitary group for all possible rates
and number of transmit antennas appeared in [14], while a systematic method of nongroup

construction is only in its the beginning stages.
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Figure 2.1. Transmission constellation of DSTBC for two transmit antennas with data

vectors in QPSK

2.6 Constellation Expansion of DSTBC

Unlike DPSK in which the symbol generated by differential encoding by multiplying two
PSK symbols results in another PSK symbol, DSTBC encoding by multiplying two PSK
symbol matrices may not result in another PSK symbol matrix. First, let us consider
DSTBC with Tarokh&Jafarkhani’s mapping. If a data vector d,, = [dandoni1]® is chosen
from a BPSK constellation, the transmission matrix will be in BPSK and no constellation
expansion occurs. However, when a data vector d,, is chosen from a QPSK constellation,
the obtained transmission matrix will be 9-QAM as in Fig. 2.1. For a data vector d,, in
8-PSK constellation, the transmission constellation expands even more. After two trans-
mission block intervals, there are 57 possible symbols generated from differential encoding
as shown in Fig. 2.2(a). After three transmission block intervals, there are 185 possible
symbols generated from differential encoding as shown in Fig. 2.2(b). For separate map-
ping, we found that constellation expansion occurs and alternates between odd and even
transmission block intervals. Figs. 2.3(a) and (b) show 9-QAM transmission constellation
generated from differential encoding with separate mapping of QPSK symbols.

Constellation expansion leads to high PAPR problem which may cause shifting of the
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Figure 2.2. Transmission constellation of DSTBC for two transmit antennas with data
vectors in 8-PSK (a) after two transmission block intervals and (b) after three transmission

block intervals
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Figure 2.3. Transmission constellation of DSTBC for two transmit antennas with data
vectors in 8-PSK (a) for odd transmission block intervals and (b) for even transmission

block intervals
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operation point of power amplifier to a nonlinear region which in turn producs power clip-
ping and/or distortion. This problem was recently mentioned in [15] where trade-offs be-
tween diversity and PAPR and design of space-time in peak-power limited system were
investigated. Since the transmission constellation is generated by the product of matri-
ces of mapping constellation, it implies that the PAPR of the transmission constellation is

greater than or equal to the PAPR of the mapping constellation [15].

2.7 DSTBC without constellation expansion

2.7.1 DSTBC without constellation expansion for two transmit anten-

nas

Constellation expansion occurs from the addition in the matrix multiplication of differential
encoding (2.8). For two transmit antennas, this addition can be avoided if the data matrices
G, are diagonal or antidiagonal. Specifically, two conditions are proposed

Condition 1: The data matrices for two transmit antennas are in the form

gm O or 0 Gon+1
0 ¢ —92n+1 0

Condition 2: The elements go,,, gon+1 are one of the M complex roots of unity.

Condition 1 ensures that there is no addition performed in the encoding. Condition
2 ensures that the encoding results only in the symbol rotation along the M-PSK signal
constellation. These two conditions preserve the constellation size and shape. For a given
constellation, the number of data matrices satisfying the above conditions is 2M. There-
fore, the code rate, which is defined as the number of transmitted symbols per channel use,
is log,(2M)/2log, M. Comparing to DSTBC without these conditions whose code rate is
one means that the rate of the code is sacrificed to achieve constellation preservation.

Let us consider the examples of DSTBC without constellation expansion. Table 2.1

shows the mapping from the input bits to [go, g2n+1] With QPSK and 8-PSK constellation for
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Table 2.1. DSTBC for two transmit antennas with rate (a) 3/4,(b) 2/3

(a) (b)
input | [g2n, gon+1] input [92n, g2n+1]
000 (1, O] 0000 [1, 0]
001 | [0, -1 o001 | [+ 4, 0]
o1t | [0, =31 || o011 4, 0]
010 4, 0] 0010 [—% + 55, 0]
110 [0, 1] 0110 [—1, 0]
UL L0 o | [~ - i o]
01 | =500 |l 109 [~3, 0]
100 [0, 4] 0100 [% - —1\/;], 0]
1100 (0, —1]
1 1.
ot | fo, — 2 - &
1111 [0, -]
110 | [0, 4 - L
' 2 V2
1010 [0, 1]
1011 | fo, 2+ 5]
1001 [0, 4]
1 1.
1000 [O, L

DSTBC with two transmit antennas. The obtained codes have rate 3/4 and 2/3, respectively.
Decoding of DSTBC without signal constellation expansion is very simple. Due to

Condition 1. of the mapping, decoding in (2.17) reduces to either

max Re(R1%gq,) or max Re(R2* gon+1) (2.29)

92n

where gon, and gon,1 are two of the M roots of unity. The decoder chooses gan 0T goni1
as a decision component whichever yields a higher metric value. The other component

is zero. Then, the decoder converts the decision vector back to the data bits. With this
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decoding scheme, the number of comparisons required is the same as in (2.17) but there is

no addition.

Note that the given mapping is chosen such that only one bit is different between two
closest vectors [gon gon+1]’s (i.€., Gray mapping) with respect to their Euclidean distance.
This choice of mapping follows naturally from distance property between mapping vectors

which will be explained in Section 2.7.3.

2.7.2 DSTBC without Constellation Expansion for Four and Three

Transmit Antennas

The constraints can be applied to an arbitrary number of transmit antennas, however, high
rate loss will occur. Even in the case of a real constellation, the mapping constellation
BPSK is expanded to 5-PAM in the transmission constellation. We suggest a mapping vec-
tor as in Table 2.2 to obtain a rate 3/4 DSTBC for four antennas. Rate 1/2 and rate 1/4
can also be constructed by further discarding some mapping vectors. The constellation is
preserved to be BPSK. For other real constellations, the maximum rate of DSTBC without
constellation expansion is log,(4M)/4log, M. For complex constellations, the maximum
rate of DSTBC for four antennas is 1/2 [11]. If we apply the constraints to avoid constella-
tion expansion, the maximum rate will be log,(4M)/8log, M.

For the case of three transmit antennas, a transmission matrix is obtained by deleting
one column from the transmission matrix for four transmit antennas [11] while its maxi-

mum rate is still log,(4M)/8log, M.

2.7.3 Connections Between DSTBC without Constellation Expansion
and DSTM
As mentioned in [5], DSTBC for two transmit antennas with binary elements is a group

code. We observe that DSTBC without signal constellation expansion is a group code as

well. For example, the code in Table 2.1(a) corresponds to a dicyclic group code with
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Table 2.2. Rate 3/4 DSTBC for four and three transmit antennas

input | [gan+1 Gan+2 Gan+3 Gan+4]
000 [100 0]
001 (000 1]
010 [010 0]
011 [00 10
100 00 —10]
101 [0 —100]
110 000 —1]
111 [-1 00 0]
L : 11 : j 0 0 -1 :
an initial matrix Dy = and generator matrices , which
-1 1 0 —j 1 0
is actually a quarternion code in [5]. In general, since the data matrix G, is of the form
g 0 0 . . e_7'27rh:/M 0
" or Jont1 , the generator matrix of the code is »
0 g;n _g;n+1 0 0 e-]27rk/M
e_7'27rh:/M 0 0 1
for a cyclic code or , for a dicyclic code. Conse-
0 e M1 0

quently, decoding method in [5], or a reduced complexity version in [16] can be applied as
well.
For four transmit antennas, the code in Table 2.2 corresponds to a dicyclic code with an

initial matrix

11 1 1]

~11 -1 1
D, =

11 1 -1

Ll 1 -1 1
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associated with the generator matrices

r 1T 7

0 0 01| [0 0 10
o0 10| |0 001
0 -10 0] |-1 0 00
10 0 0] [0 -1 0 0

This code is equivalent to an optimal dicyclic group code in [13] (R = 0.75, Table III)
but the symbols are in BPSK instead of QPSK. This code is one example of a group code
that has the same performance as the optimal code in [13] but lives in a smaller constella-
tion. It is still an interesting open problem to find such codes for other constellations and
other numbers of transmit antennas.

Next, let us consider distance property of the code. The performance of DSTBC or
full-rank DSTM for N transmit antennas, which can be written as S, = G,D,_;, is

determined by coding advantage or product distance defined as [5]

Ap(Dn, Dy) = l(Dn - D,) (Da- b.)" i

=N ‘(Gn _ én) (Gn - én)Hr’ = 2Ap(Gy, Gy)

where |.| is the determinant of the matrix. Now, for DSTBC in which the data matrix is in

. 92 Gon+1 . .
a specific form " "7, the product distance between two codewords is

* *
“Yon+1  YGon

Ap(Dn, D,) = 2-
H|3
(g2n — Gon)  —(92n+41 — Gont1)* (g2n — Gon)  —(92n41 — Gons1)”
(gon+1 — Gont1) (g92n — Gon)* (gon+1 — Gon+1) (gon — Gon)*

=2- (19211 - .‘.7211'2 + |g2n+1 - .‘.~72n+1|2) =2 AE(Gm én)2

where Ag(G,, é’n) is defined as Euclidean distance between mapping vectors staying in

the first row of G,, and én. For general cases, if the data matrix is in a specific form
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Table 2.3. Properties of differential space-time block codes

C T rate Ag
BPSK | BPSK | 172 2
BPSK! | BPSK 1 | 1414
QPSK | QPSK | 3/4 | 1414
QPSK! | 9-QAM | 1 1
8-PSK | 8-PSK | 2/3 | 0.7654
8-PSK' | 57-APSK | 1 | 0.7357
34 | BPSK} | 5-PAM | 1 1
34| BPSK | BPSK | 3/4 | 1414

RN NN N2

Note: C is the mapping constellation
T is the transmission constellation
Ag is the minimum Euclidean distance between mapping vectors

t DSTBC from [3] t DSTBC from [11]

such that G, GZ = GE G, = (|gan|* + |gon+1|2 + - - - + |gon+ar|?) I, the product distance
can be written as Ap(D,, ﬁn) = NAg(G,, én)z_ This means that the computation of
product distance, which involves finding the determinant of the matrix, can be reduced
to the computation of Euclidean distance between vectors only. This result is useful for
DSTBC design with orthogonal data matrices, especially for a higher number of transmit
antennas where the computation of the determinant is complicated. In addition, to have
good bit error performance, it is natural to assign Gray mapping associated with mapping

vectors with respect to the Euclidean distance between them.

2.7.4 Simulation Results

Table 2.3 lists different DSTBC schemes along with their properties. Rate 1/2 BPSK for
two transmit antennas is included with the mapping vector [1 0] and [-1 0]. Note that

DSTBC from [3] and [11] has minimum Euclidean distance equal to the minimum distance
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between two closest symbols in the mapping constellation. To make a fair comparison
between various DSTBC with different rates, we plot the bit error rate (BER) vs average
energy per bit to noise power spectral density (E;/Ny) which can be computed as % =
]ogf%’ SNR is the signal to noise ratio defined in [3]. Fig. 2.4 shows the simulation
results of DSTBC with and without constellation expansion for two transmit antennas. It
is interesting to see that rate-1/2 BPSK, rate-1 BPSK, rate-3/4 QPSK and rate-1 9-QAM
achieve the same performance. (This seems to be an analogy of BPSK and QPSK having
the same performance in AWGN channels. Here DSTBC have more dimensions to place
the symbols and so more possible rates) Among the codes, the rate-3/4 QPSK might be the
most favorable scheme because it transmits 1.5 bps/Hz on average and does not expand the
constellation. Rate-2/3 8-PSK and rate-1 57-APSK have higher transmission rates but they
have inferior performance.

Fig. 2.5 shows the performance of DSTBC for four and three transmit antennas. In
both cases, DSTBC with rate-3/4 BPSK has 1-dB gain to rate-1 5-PAM while the former
transmits 0.75 bps/Hz and the latter transmits 1 bps/Hz. Due to the fact that DSTBC trans-
mission matrix has the same format as that of STBC, all DSTBC schemes provide full
spatial diversity. This can be seen from the slopes of the BER performances which are the

same as original schemes from [3] and [11].

2.8 7/4-DQPSK-STBC

Differential detection avoids carrier recovery and yields fast synchronization. For mobile
applications, the transmitted signal may have to be nonlinearly amplified [17] which is
more power efficient than to be amplified with a linear amplifier. However, a nonlinear am-
plifier requires the modulation scheme to have small signal envelope fluctuations otherwise
spectral sidelobes will occur. 7/4-DQPSK has been a well-known scheme in such a sce-
nario for single antenna systems. Its signal envelope avoids the zero-crossing point which

causes nonlinearity in the nonlinear power amplification. Quantitatively, with a transmit
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Figure 2.5. Performance of DSTBC with four and three transmit antennas under quasi-

static Rayleigh fading channel
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Data [ Signal
Source S A Mapping

Figure 2.6. 7/4-DQPSK-STBC Transmitter Model

filter with roll-off factor at 0.35, m/4-DQPSK has about 1.5 dB PAPR better than PSK
modulation. This section introduces a specific 7 /4 shifted differential QPSK space-time
block codes (7/4-DQPSK-STBC) which has peak-to-average power ratio improvement

while sustains the same performance of the equivalent code.

2.8.1 7/4-DQPSK-STBC Transmitter Model

The main purpose of using 7 /4-DQPSK-STBC is to achieve full spatial diversity and small
signal envelope fluctuations as well as low complexity transmitter and receiver. Similar to
7 /4-QPSK in single antenna systems, differential encoding and decoding of 7 /4-DQPSK~
STBC is preferable to direct symbol mapping and coherent detection in terms of complexity
[17]. The transmitter model of 7 /4-DQPSK-STBC is shown in Fig. 2.6. Three input data
bits, [dod;d,], enter signal mapping at each block transmission interval. One block interval
occupies two symbol intervals. Therefore, the transmission rate of 7/4-DQPSK-STBC is
1.5 bps/Hz. As an initial transmission block, the transmitter transmits a symbol block in
the form of Alamouti’s scheme [2]. The symbols 1/+/2 and 1/2 + j /2 are transmitted from
the first and second antennas, respectively, at the first symbol interval. Then, the symbols
-1/2+j/2and 1/ V2 are transmitted from the first and second antennas, respectively, at
the second symbol interval. Hence, the total transmit power is one.

Let I*(t) and Q*(t) denote the unfiltered baseband pulses in the in-phase and quadrature-
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phase channel for transmit antenna ™, respectively. The complex baseband symbol I H
and QF', which are the amplitudes of I*(¢) and Q*(t) during symbol duration kT < t <
(k + 1)T, can be determined by the following rule:
(1) If dy = 0,
Iy = I _ycos(¢r) — Qk—o5in(Px)
Qi = Qi_ocos(x) + Ii_psin(x)

Q) Ifby = 1,

I = Iy_;cos(¢r) — Qi_sin(es)
Qk = Qi_1cos(dx) + Ii_;sin(y)
fori =1, 2, and at symbol interval & + 1,
II%+1 = —II?aQilc-H = Qi
II?+1 = II%'/Q2+1 = “Qllc

The mapping from data bits to ¢, depends on [dod;d,] which is shown in Table 2.4. With

(2.34)

this mapping, it ensures that symbols transmitted from each antenna are from the QPSK
constellation and the 7 /4-shifted QPSK constellation alternately. Note that (2.34) corre-

sponds to the Alamouti’s transmission scheme [2].

2.8.2 Property of 7/4~-DQPSK-STBC

We can readily show that 7 /4-DQPSK-STBC is a subset of DSTBC described in [3] with
a reduced number of mapping vectors. It is also a group code. In fact, 7 /4-DQPSK-STBC
is equivalent to a quarternion code in [5]. Suppose the set of generator matrices of the

quarternion code is G, the set of generator matrices of 7/4-DQPSK-STBC G’ is obtained
e~ im/8

by unitary transformation G' = UGU¥ where U = sl We obtain the gen-
0 e

) j 0 0 —e i/t
erator matrices of 7 /4-DQPSK-~STBC as . . Therefore,
0 —j| |et o
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Table 2.4. Mapping for n /4-DQPSK-STBC

[Bobiba] | ¢
000 0
001 —7/2
010 | w/2
011 T
100 /4
101 —7/4
110 3n/4
111 | —3x/4

the code achieves full diversity and the same symbol error performance as the quarternion
code. The optimal receivers in [3] or [S] can be applied, however, in the following, the sub-
optimal differential receiver is presented which performs very close to the optimal receiver

but has less complexity.

2.8.3 7/4-DQPSK-STBC Receiver Model

The suboptimal differential receiver is similar to the receiver proposed in [16] at the be-
ginning. Nevertheless, further simplification which exploits the structure of 7 /4-DQPSK-—
STBC can be done. We assume that one receive antenna is available. First, the receiver
computes

_ * *
21 = TonTon_o t Tony1Ton-1

(2.35)

23 = TonTon_1 — Tonp1T2n—2
where 7} is the received signal at symbol interval k**. The decision rule for the output bits,

[dodlcg], is as follows:

1. If |z1| > |22/, then dy = 0. Then, the receiver determines z; e//*,

If Re[z;e7™/4] > 0, then d, = 0, otherwise d; = 1.
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Figure 2.7. Performance of w /[ A-DQPSK-STBC optimal, suboptimal differential receivers

and coherent receiver, two transmit antennas and one receive antenna

If Im[2;€/™/4] > 0, then dy = 0, otherwise dp = 1.
2. If |z1]| < |#2], then dog=1.
If Re[z2] > 0, then d, = 0, otherwise d; = 1.
If Im[2;] > 0, then d, = 0, otherwise dy = 1.
With this suboptimal receiver, only three comparisons are needed to decode three input

bits.

2.8.4 Simulation Results

Fig. 2.7 shows the performance of optimal and suboptimal differential receivers for /4
DQPSK-STBC. The optimal differential receiver follows the approach in [3] or [5] in
which seven comparisons are needed to decode three input bits. We can see that there
is no visible difference of the performance between optimal and suboptimal differential

receiver while both have about a 2-dB degradation as compared to a coherent receiver.
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2.9 Summary

Basic concepts of DSTBC including encoding and decoding have been described in this
chapter. Connections with other types of DSTBC and extension to more than two transmit
antennas have been discussed. DSTBC without constellation expansion has been proposed
for two, three and four transmit antennas accompanied with their bit-to-symbol mappings.
DSTBC without constellation expansion offers tradeoff between data rate and BER perfor-
mance while retaining the PSK symbol constellation in the transmission. A novel modu-
lation scheme named 7/4 — DQPSK — STBC has been introduced along with its sub-
optimal decoding receiver. This modulation provides similar performance to a quarternion

code with rate 1.5 bits/second while retaining the advantage of 7 /4-shifted signals.



Chapter 3

Block-Typed Receivers for DSTBC

3.1 Introduction

While conventional differential detection normally uses only two consecutive received
blocks to detect DSTBC, performance improvements can be achieved by considering more
than two received blocks. The purpose of this chapter is to discuss one category of DSTBC
receiver so-called block-typed receiver which means that the receiver considers several re-
ceived blocks at the same time and tries to make an optimal decision for several symbols
simultaneously. After obtaining the detected symbols from these several blocks, the next
several received blocks are treated independently from the previously detected symbols.
This scheme is usually referred to as multiple symbol differential detection (MSDD).
Section 3.2 discusses MSDD for DSTBC. The decision metric is derived heuristically
from the differential decoding equation which considers not only two consecutive received
blocks but also next further blocks. Section 3.3 proposes two reduced complexity versions
which are multiple differential feedback detection (MDFD) and reduced search detection
(RSD). Section 3.4 provides simulation results and discussion. A summary of this chapter

is given in Section 3.5.
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3.2 Multiple Symbol Differential Detection of DSTBC

Multiple symbol differential detection (MSDD) has been known to fill the gap between
differential detection of DPSK and coherent detection [18]. The basic idea is to extend
the observation length and make a joint decision from more than two received symbols.
For the case of DSTBC, MSDD extends the observation length and makes a joint decision
from more than two received signal blocks. In [6], MSDD is applied to DSTBC and a
small improvement is shown. However, only a specific case of three-block observation
length with BPSK constellation was considered in the simulation. An extension of MSDD
of DSTBC is derived in [19] where a general observation length is considered and the
results include BPSK and QPSK constellations.

In the following, a heuristic approach to derive MSDD of DSTBC for a quasi-static fad-
ing channel is shown. The obtained metric corresponds to the one derived from maximum-
likelihood approach in [19].

First let us consider the observation length of three blocks. Suppose the receiver has
received matrices R,,, R,_1, R,_» and the channels are fixed during these intervals. Com-

plementarily to the relation R, RY ,, the receiver determines
R.RY , = D, AAYD? , + D.AWE , - W A DY ,+ W, W, (3.1
Using A”A = (|a;|? + |ag)?) I and D,, = G,G,_1D,,_5, (3.1) becomes
R.R! ;= (|a1]* + |a2®) GuGrn1 + DAWE , + W AYDE ,+ W W), 32)

It is seen that the combined symbol G, G,,_; has two-level diversity and is affected by

noise terms. Let us define the following

* * —_ * _ *

Rlpin-1 = TonTon—o + Topnt1T2n-1 and 22mn—-1 = TonTon—1 — Top+172n—-2,
— * * d — * . *
Zim—1n—2 = Ton—2Top_g + Top_1T2n—3 ANA 225 1jn-2 = T2n—2Tn_3 — Top_1T2n—4,

* * —_— * *
Zlpjn—2 = TonTon—4 + Tony1Ton—3 and Zapn_o = TonTo, 3 — Topi1T2n—4-

(3.3)
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We obtain the metric for MSDD with observation length of three as

. A (2 . 2 . 2
arg min |Z1,n|n—1 - 92n| + |z2,n|n—1 - 92n+1| + lzl,n-—lln—Z - an—Zl
92n-2,92n~1,§2n,d2n+1

~ 2 ~ 2 ~ 2
+ 22n—1|n—-2 — g2n—1| + |z1,n|n—2 - Xl,n|n—2| + |z2,n—1ln—2 - X2,n]n—2| (34)

where X1 nin—2 = G2nf2n—2 — J2n+193,_1 and X2njn-2 = Gonf2n—1 + Jon+193,_ TEPTESENt
combined symbols for the nt* and (n — 2)* received blocks. Further simplification obtains

* ~ * ~ * ~ * ~
. argmax. Re (21,n|n—192n t 2y nin—192n+1 T 2 5 qp_o92n-2 F 234 _qjn_292n-1
92n-2,92n-1,92n,92n+1

+z;,n1n—2>217”|”“2 + z;,n|n—2§<2’n|n’2) ' (35)
In general, the product of R,._in_j, 1< 7,t=0,1,...,L — 1 can be written as

-R'n—iRg—j = (Ja1|? + |a2/?) Gn—iGn—j+1+Dn—iAWg_j+Wn—iAHDg_j+Wn—in—j'
(3.6)
The MSDD metric for observation length L becomes

L-1 L
arg max Re D P B o W
g 1,n—1,|n——JX1,ﬂ—1f|”“J 2,n—1|n—1x2y”—1\”—1

G2n—2(L-2)92n—2(L—2)+1s--§2n,92n+1

i=0 j=i+1
3.7
where
Rn—in—j — r2(n—i)r;(n—j) + r;(n—i)+1r2(”—j)+1
Zon—in—j = T 2(n—i)T§(n-j)+1 - r;(h——i)+1r2("—j) (€RY)
and the combined symbols can be computed recursively as
)A(l,n—itn—j = )A(l,n—i|n——j+1g2(n—j+1) - )22,n—i|n—j+1g;(n—j+1)+1
)22,11—12}11—_7' = Xl,n—i|n—j+1g2(n—j+1)+1 + )22,n—i|n-—j+1g;(n-j+1) (39)

where

Xin—ijn—i-1 = Jon—i)s X2n—ijn—i-1 = g2(n—i)+1- (3.10)
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When the observation length is reduced to two, (3.7) becomes a differential detection
metric (2.17). Similarly to MSDD of DPSK sequence, the receiver complexity grows expo-
nentially with the observation length and the order of signal constellation [18]. The number
of received block pairs R,_; Ry,_; considered in the summation in (3.7) is (%) and the num-
ber of symbols to be compared in the joint decision is M2E~1), which is relatively large.
The value two in the exponent is due to the block nature of space-time block code with
two transmit antennas. If the number of transmit antennas is more than two, the decoder is
even more complex. Hence, it is natural to consider reduced complexity schemes that have
been applied successfully with DPSK to the case of DSTBC. Note that the MSDD met-
ric in (3.7) corresponds to the optimal MSDD metric derived in [19] using the maximum

likelihood criterion.

3.3 Reduced Complexity MSDD of DSTBC

3.3.1 Multiple Differential Feedback Detection

The computational complexity of the MSDD metric (3.7) can be reduced dramatically by
using decision feedback. Multiple differential feedback detection (MDFD) assumes that
all previous symbols have been detected correctly [20]. For DSTBC, all previous detected
symbol blocks are substituted in the MSDD metric (3.7). Specifically, the trial symbols
{§2n-2(L_2), Gon—2(L—-2)+1s- - - » J2n-2, gzn_l} are replaced by the ones previously detected.
No joint decision between previous symbol blocks and present block is performed. The
number of trial symbol blocks to be compared is equal to that of conventional differen-
tial detection, which is M?2. For example, for L = 3, the previously detected symbols
Jon—2, §an—1 replace the trial symbols g2, _2, on_1 (including those presenting in the com-
bined symbols X1 njn—2, X2,njn—2) to determine (3.5).

MDEFD is known to improve the performance over differential detection (DD) [20] but

a performance degradation is observed due to error propagation. The same phenomenon is
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observed in MDFD for DSTBC.

3.3.2 Reduced Search Detection

This approach tries to reduce the number of trial symbols in the MSDD decision metric.
It is intuitive that the detection of §on, Jon+1 from the received [ron_oTon—1], [FonT2n+1] iS
more reliable than using other received blocks which are further away. Therefore, reduced
search detection (RSD) performs all comparisons for each adjacent received block pair
using conventional differential detection metric and keeps ¢ best symbols to be tentative
decisions. Then, RSD determines decoded symbols from MSDD metric (3.7) by comparing
only combinations of symbols from those tentative symbols. RSD performs joint decisions
between several symbol blocks but the number of comparisons is reduced. For ¢ = 2, the
number of comparisons in the MSDD metric reduces to that of DSTBC with BPSK. The
number of comparisons of RSD is (L — 1)M? + ¢~V (M > 2) which is much less than
M?*Z=1) in the optimal MSDD.

3.4 Simulation Results and Discussion

The simulation performances of DSTBC with MSDD and the above two reduced com-
plexity MSDD schemes are studied. For DSTBC, Tarokh’s mapping (2.9) is applied. The
system consists of two transmit antennas and one receive antenna. The channel is a quasi-
static Rayleigh fading channel. SNR is defined as the ratio of total transmit energy from

two antennas, which is normalized to be one, and noise power spectral density Ny.

3.4.1 Performance of MSDD

Fig. 3.1 shows the performance of the optimal MSDD of DSTBC using BPSK. When
L = 3,MSDD has about 0.5 dB gain over conventional differential detection (DD) (L = 2)
at BER 1073, Further gain can be improved by increasing the observation length L. The
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Figure 3.1. Performance of MSDD of DSTBC with BPSK under quasi-static Rayleigh fad-

ing channel
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Figure 3.2. Performance of MSDD of DSTBC with QPSK under quasi-static Rayleigh
fading channel
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Figure 3.3. Performance of MSDD of DSTBC with 8PSK under quasi-static Rayleigh fad-

ing channel

largest gain is achieved when L is increased from two to three. With L = 6, the gain is
about 0.8 dB at BER 1073. The improvement when L is greater than 6 is difficult to see.
Fig. 3.2 and Fig. 3.3 show the performance of optimal MSDD of DSTBC using QPSK and
8-PSK, respectively. MSDD of QPSK with L greater than 4 and MSDD of 8-PSK with L
greater than 3 are prohibitively complicated. For QPSK, maximum gain of MSDD is 0.7
dB over DD with L = 4 at BER 10~3. And for 8-PSK, MSDD with L = 3 yields about 0.7
dB over DD at BER 1073,

3.4.2 Performance of MDFD

Fig. 3.4 compares the performance of MDFD and MSDD of DSTBC with BPSK. The
performance degradation of MDFD compared to MSDD is extremely small for any val-
ues of L. With MDFD, the observation length can be made as large as L = 21 as in

Fig. 3.5 and performance gain of 1 dB compared to conventional differential detection
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Figure 3.4. Performance of MSDD vs MDFD of DSTBC with BPSK under quasi-static
Rayleigh fading channel
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Figure 3.10. Performance of RSD of DSTBC with QPSK under quasi-static Rayleigh fad-

ing channel

is achieved. MDFD suffers from error propagation compared to genie decision feedback
(correct decision feedback symbols). For genie decision feedback, MDFD can approach
the performance of coherent detection with large L.

Fig. 3.6 and 3.8 compare the performance of MDFD and MSDD of DSTBC with QPSK
and 8-PSK, respectively. MSDD of QPSK with L greater than 4 and MSDD of 8-PSK with
L greater than 3 are prohibitively complicated. For QPSK, maximum gain over DD of
MSDD is 0.7 dB with L = 4 at BER 10~3. For 8-PSK, MSDD with L = 3 yields about
0.7 dB over DD at BER 1073, As in Fig. 3.7 and 3.9, MDFD provides 0.4 dB maximum
gain regardless of L for both QPSK and 8-PSK DSTBC. In fact, increasing observation
length L, MDFD results in performance degradation due to error propagation of incorrect
feedback. This can be seen clearly in the case of 8-PSK whose performance with L = 11
and L = 6 are worse than that obtained with L = 3. With genie decision feedback, the

performance of QPSK and 8-PSK can approach to that of coherent detection similar to the
BPSK case.
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Figure 3.11. Performance of RSD of DSTBC with 8-PSK under quasi-static Rayleigh fad-

ing channel

3.4.3 Performance of RSD

Fig. 3.10 and 3.11 present the performance of reduced search detection of DSTBC with
QPSK and 8-PSK, respectively. The effects of ¢ = 2, 3 are also shown. It can be seen that
increasing from ¢ = 2 (solid line) to ¢ = 3 does not improve the performance much in
both QPSK and 8-PSK cases. About 1 dB gain can be achieved with L = 6, ¢ = 2 for both
QPSK and 8-PSK cases.

For QPSK, comparing Fig. 3.2 and 3.10 indicates the performance gain of RSD with
L = 6,q = 2 over MSDD with L = 4 at lower complexity. The former requires (6 —
1)42 4 220-1) = 1104 comparisons while the latter requires 42(*~1) = 4096 comparisons.
Similarly, for 8-PSK, RSD with L = 6,¢ = 2 outperforms MSDD with L = 4 at lower
complexity. The former requires (6 — 1)8 + 22— = 1344 comparisons while the latter
requires 823-1) = 4096 comparisons. Therefore, the performance gain achieved by RSD

comes even at the reduction of complexity.
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Figure 3.12. Performance of MSDD with BPSK when the channel is time varying, fiT =
0.02

3.5 Performance of MSDD in Time-Varying Channels

MSDD and reduced complexity MSDD schemes presented so far work based on the as-
sumption of fixed channel gains during a transmission frame. Therefore, they are applica-
ble only to a fixed or very slowly varying channel. When the channel is time-varying, all
the above MSDD and reduced complexity MSDD schemes seem to fail. Fig. 3.12 shows
the performance of MSDD compared with DD of DSTBC with BSPK when the fading rate
faT = 0.02. It is clear that MSDD with L = 3 has inferior performance to DD. This re-
flects the assumption of fixed channel gains during the observation length, which has more
effect on MSDD.

The plots also indicate the trend of error floor at high SNR. In the next chapter, trellis-
typed receivers will be derived. They are more appropriate to apply with time-varying

channels.
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3.6 Summary

This chapter presents the block-typed receiver for DSTBC. A heuristic MSDD metric has
been derived which corresponds to the optimal metric from ML-criterion. The performance
of MSDD of DSTBC with BPSK, QPSK and 8-PSK have been presented. Since MSDD
with larger observation lengths seems to be an impossible solution, two reduced complexity
schemes are proposed. MDFD performs well with BPSK and can improve the performance
of MSDD over DD at the same number of comparisons of MSDD. However, MDFD suffers
from performance degradation when applied with QPSK and 8-PSK due to error propaga-
tion. In this case, RSD is applied instead and it achieves an additional gain over MSDD
by extending the length of observation with lower number of comparisons compared to
MSDD. To conclude, the reduced complexity schemes for MSDD enable an increase in

observation length to gain better performance over conventional DD.



Chapter 4

Trellis-Typed Receivers for DSTBC

4.1 Introduction

When the channel is time-varying, block-typed receivers perform poorly due to their as-
sumption of fixed channel gains during the observation length. To circumvent this problem,
an optimal receiver for time-varying channels has to be derived.

Several developments of ML receivers for PSK and DPSK in time varying channels for
single antenna systems can be found in [21], [22], [23]. The main purpose of using an ML
receiver is to mitigate an irreducible error floor which exists when DD is applied. This type
of receiver is generally composed of two main components. The first component is a linear
predictor which outputs predicted channel gains. The second component is a trellis-typed
Viterbi receiver whose branch metric is the Euclidean distance between channel gain values
obtained from received symbols and those obtained from the linear predictor. Usually, the
Viterbi algorithm incorporating per-survivor processing yields low complexity receivers.
These receivers have good performance and can reduce the error floor significantly.

In MIMO systems, there is some research focusing on improved receivers for DSTBC
or DSTM in time varying channels. In [24], optimal receiver of DSTM applying MSDD
and suboptimal receiver applying MDFD have been derived for flat Rayleigh fading chan-
nels. The suboptimal receiver provides large performance gains over conventional DD
while the complexity increases moderately. Another suboptimal receiver of DSTM was

derived in [25] where the prediction coefficients are designed without any knowledge of
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the channel and noise statistics. It performs close to the optimal receiver when the maxi-
mum normalized (by signaling interval) Doppler frequency is low (~ 0.01). Both studies
considered a DSTM signal with diagonal structure because it yields a simple decision rule.
For DSTBC, an approximate ML receiver was derived in [7]. The receiver outperforms the
conventional DD significantly. It reduces the error floor at least an order of magnitude.

In this chapter, we concentrate on Tarokh’s DSTBC [3] for BPSK constellation. The
receiver proposed in [7] is modified to compensate for the assumption of fixed channel
coefficients during one transmission block. A multistage receiver is proposed for DSTBC.
In the first stage, the same receiver as in [7] is applied. After the first stage, the receiver
computes channel estimates from the tentative decision. These channel estimates will be
exploited in later stages with modified detectors to subtract the so-called intrablock interfer-
ence (IBI). The idea of iterative channel estimation and symbol detection has been applied
elsewhere, for example, with multistage decision-directed receiver in DS-CDMA system
[26]. However, this situation is different from all previous cases in terms of considering
this special interference cancellation.

This chapter focuses on the approximate ML receiver for DSTBC derived in [7] with
BPSK constellation. First, we further explore the structure of a linear predictor embedded
in the receiver, study the performance of the receiver under mismatched SNR and fading
rate conditions, and analyze the BER performance of the receiver by a union bound on the
bit error probability. Second, a modified receiver, named multistage receiver, is proposed to
mitigate IBI by exploiting channel estimates obtained from the detection at the first stage.
A modified receiver yields further reduction of the error floor left from an approximate ML
receiver. This chapter is organized as follows. Section 4.2 describes system model. Section
4.3 briefly summarizes conventional differential receiver and approximate ML receiver.
Section 4.4 discusses the structure of the linear predictor and its properties. Section 4.5
studies the receiver with mismatched SNR and fading rate values by means of simulation.
Section 4.6 evaluates the upper bound on the BER of the approximate ML receiver. Section

4.7 proposes a multistage receiver and its operation. Section 4.8 presents simulation results



4.2 System Model 49

Rayleigh
j /\/fading channel ™=
j 1> with AWGN

input DSTBC
Ll
encoder

| DsTBC | output
——

decoder

Figure 4.1. System model

and discussion on multistage receiver. Section 4.9 discusses the multistage receiver with
an outer convolutional code. Section 4.10 derives the soft-output from an approximate
ML receiver to be used in the convolutional code decoder and presents its performance. A

summary of this chapter is given in Section 4.11.

4.2 System Model

The system model shown in Fig. 4.1 and notations follow from [7] with Tarokh&Jafarkhani’s
mapping DSTBC mapping in (2.9). The system consists of two transmit antennas and one
receive antenna. The extension to more than two transmit antennas can be done by applying
DSTBC from [11] and extension to more than one receive antenna is straightforward.

With BPSK constellation, differential encoding in this manner preserves the constella-
tion. The system achieves 1 bit/sec/Hz transmission rate and enjoys two orders of diversity.
For higher modulation schemes, the approach in [7] and in this paper can still be applied.
However, the complexity of the receiver will be higher due to constellation expansion.

In contrast to Chapter 2 and 3, the channel considered is a time-varying, frequency-
flat Rayleigh fading channel with Doppler power spectrum according to Jakes model. The
channels corresponding to different transmit antennas are assumed to be independent and
identically distributed. Let a;[n] denote the fading process corresponding to the 3 transmit
antenna where ¢ = 1,2. Then, a;[n] and ay[n] are zero mean complex Gaussian random
variables, each with unit variance and autocorrelation R,,[m] = Ra[m| = Jo(27 faTm)
where Jy(-) is the zeroth-order Bessel function of the first kind, f¢T is the normalized
fading rate or normalized maximum Doppler frequency.

The receiver in [7] assumes constant channel gains within a transmission block, i.e.,
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during the (2n)™ and (2n + 1)* signaling intervals. With this assumption, the received

signal vector 7, = [rap Ton41]* can be written as [7]
Tn = Dpay, + wy, 4.1)

where @, = [a1[2n] a2[2n]]* is a channel gain vector and w,, = [wo, Wwaon+1]" is a noise
vector. The elements w,,, and wo,,1 are zero mean complex Gaussian random variables,

each with variance 1/(2SNR) = 02 /2 per dimension.

4.3 Conventional Receiver and Approximate ML Receiver

Differential detection of DSTBC assumes fixed channel gains during two consecutive trans-
mission blocks. It is known that differential detector is optimal for a quasi-static chan-
nel [7]. From Section 2.3.2, the receiver computes a vector z, = [z} 22!, with 2z} =
r[2n]r*[2n — 2] + r*[2n + 1|r[2n — 1] and 22 = r[2n]r*[2n — 1] — 7*[2n + 1]r[2n — 2].

The decision rule of this receiver is
cin = argdinin”zn - gn||2. (4.2)

where g,, = [gon gont1) and ||.||? is a square Euclidean norm of a vector. This receiver will
be noted as a conventional receiver (CR) [7].

An approximate ML receiver is derived in [7]. It is approximate in the sense that it was
derived based on the assumption of fixed channel gains during a transmission block while
actual fading channels change continuously. The receiver applies the Viterbi algorithm
on a trellis representation of all possible transmitted sequences. The detected sequence,

ﬁo, ﬁl, cee, Dy _,, is the one which maximizes the log-likelihood function

|2

N-1
i(r|s) ==~ ||DIr, — an (4.3)
=0

where G, = 3.2 63D 7, _, represents the Q* order prediction of a,. {6765 .. bg}

is a set of linear prediction coefficients of the process y,, = Df T, = a, + w, [7]. Later,
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we will omit the superscript @ in b? as it is clear that a Q** order linear predictor is being
used. The prediction coefficients can be determined from Cholesky decomposition of the

matrix M ! = BY=B where

(Ru0]+02  RJ-2] ... RJ-2Q] |
2 _ —
M Rl,:[2] Ra[01.+ow R,| 2(9 1)] 4.4)
| R2Q] R2Q-1)] ... R[0]+0?
and _
-5 0 0 ... 0]
bt b} 0 0
B=|-p -»¥ - 0 |, (4.5)
|—bg b3, b3, .. b

= is a diagonal matrix containing inverse mean square values of prediction error as diagonal
elements. After the receiver obtains the detected sequence {Do, ﬁl, e D N-1}, it can
determine the data sequence {G, Gy, ...Gy_1}. From (4.3), the detection problem can
be stated as to find the data sequence such that it minimizes the square error between the
channel gains computed from the received signals and those from the predicted values.
The trellis structure of DSTBC can be defined as follows. Each trellis interval corre-
sponds to a transmission matrix D,. For BPSK, the trellis consists of 222 states with 22
branches emerging from each state and terminating at each state. Each state represents a
@-couple transmitted vector I';, = [8, 8,—1 ... 8n_g+1]- The branch metric associated

with each transition can be defined as [7]
2
A(Fn—I; dn) =

Q
Dfr, - > b?DI oy (4.6)

k=1

Exploiting per-survivor processing technique, the number of states can be reduced to
2%F with P < Q. Now, the trial symbols and the symbols used in the prediction associated

with each branch metric A(T',,_;, d,) are determined those associated with the transition
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and those along the survivor path terminating at the state I';,_;. The detection algorithm

described above is referred to as a Viterbi receiver (VR).

4.4 The Structure of a Linear Predictor

A linear predictor is a crucial component for the metric computation in the Viterbi receiver.
It is a linear FIR filter whose output is a predicted value of the input sequence, which in
this case is a sequence of channel gains. The linear predictor for DSTBC can be considered
as a two-step linear predictor, which forms the prediction of the value é[n] by a weighted
linear combination of the past input values a[n— 2], a[n—4], .. ., a[n — 2Q)]. The prediction
coeflicients of this predictor are equivalent to that of a linear predictor for single antenna
system with a double maximum Doppler frequency. Since each channel is independent and
identically distributed, the prediction coefficients are the same for each channel.

Fig. 4.2 shows the prediction coefficients of a linear predictor of order two to four and
their associated mean square prediction errors at f¢T' = 0.05. There are similarities be-
tween the properties of the prediction coefficients for DSTBC and those for single antenna
systems [23]. For all orders, when SNR reaches a certain level, the prediction coefficients
become constant, i.e., independent of the noise variance. It is also found that as the fad-
ing rate becomes higher, the prediction coefficients become constant at lower SNR values.
This is because as the fading rate increases, the channel process a,, becomes less correlated
(its spectrum is closer to noise power spectrum) and it behaves like a noise process itself.
Fig. 4.2(e) shows the mean square prediction errors with different prediction orders. It can
be used as a rough guideline to choose an appropriate prediction order. As the prediction
order increases, the mean square prediction error reduces at SNR below 20 dB. The most
significant improvement occurs when the prediction order increases from two to three. At
SNR greater than 20 dB, it seems that the linear predictor with order greater than five can-
not significantly reduce the mean square prediction error. We choose the order of linear

predictor to be five in the remaining of this chapter.
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Figure 4.2. Prediction coefficients and their associated mean square prediction errors, at

faT = 0.05
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Figure 4.3. Mismatched SNR effect to the bit error rate when the designed SNRs are 10,
15 and 20 dB at f,T = 0.02

4.5 Viterbi Receiver with Mismatched SNR and Fading
Rate

Although there might be some discussions on mismatched SNR or fading rate in other
contexts, this section discusses the effect of mismatched SNR or fading rate on the per-
formance of Viterbi receiver with DSTBC. A particular difference lies on the effect of the
so-called intrablock interference (defined in Section 4.7) to the performance especially at
high SNR. It should be noted that although the received signal has varying instantaneous
SNR, the linear predictor uses fixed average SNR value as a design parameter. To gain
better performance, it is possible to apply an adaptive linear predictor design (e.g., [27],
[28]) at the price of higher complexity.

Fig. 4.3 and 4.4 show the performances of Viterbi receiver using fixed designed SNR.
At f,T = 0.02, a mismatched SNR value has little effect at SNR below 20 dB. There exists

only a small performance gap between mismatched cases and matched SNR at SNR higher
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Figure 4.6. Mismatched fading rate effect to the bit error rate at f/I = 0.05

than 20 dB. At f4T = 0.05, the effect of mismatched SNR is more pronounced. At SNR
higher than 15 dB, there is a large performance gap between the mismatched designed SNR
of 10 dB and the matched SNR case. However, with the designed SNR equal to 15 and 20
dB, the receiver still performs quite well compared to the matched SNR case.

It should be noted that for the linear predictor designed with matched SNR, the bit error
rate increases with SNR for SNR higher than 25 dB. The reason for this behavior can be
given as follows. At high SNR and high fading rate, the intrablock interference is relatively
large compared to the amount of noise. Consequently, the linear predictor designed with
matched SNR is not truly optimal at high SNR. We have performed simulations where
the channel gains are kept constant during a transmission block and found that the above
behavior did not occur. This verifies the given reason.

This behavior also depends on the order of the linear predictor. Different orders yield
different SNR values at which the BER starts to increase with SNR. Howeyver, it is not clear
at what SNR combined with what fading rate this will occur. From the results shown in

Fig. 4.4, it can be seen that using a fixed lower SNR value for the design of linear predictor
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than the matched high SNR value avoids this behavior. In later sections, when the receiver
operates at SNR higher than 20 dB, we use a fixed designed SNR value of 20 dB.

A similar observation is found with mismatched fading rate effect. The fading rate
mismatch has more a pronounced effect at f;7 = 0.05 in Fig.4.6 than at f;7 = 0.02 in
Fig.4.5. At f;T = 0.02, only a small discrepancy between the performance with mis-
matched fading rate and that with matched fading rate occurs at SNR higher than 20 dB.
Even with the mismatched design of fyT' = 0.01 or 0.03 (£50% mismatch), the receiver
still works quite well compared to a matched fading rate. However, at f;7 = 0.05, the
fading rate mismatch causes a large performance degradation. Interestingly, with a mis-
matched fading rate higher than the matched value, the performance has more degradation
than that with the designed fading rate lower than the matched value. For example, with
the design of fyT = 0.0375 (25% mismatch, lower than the actual value), the receiver still
works quite well compared to the design with matched fading rate. However, with the de-
sign of f4T = 0.0625 (25% mismatch, higher than the matched value), the degradation is
more distinct at SNR higher than 18 dB. In addition, at high SNR, the effect of intrablock-
interference seems to induce slower fading than the actual fading rate so that the linear pre-
dictors designed for lower fading rates (designed for f4T = 0.025,f,T = 0.0375) perform
fairly well.

4.6 Viterbi Receiver Analysis

Since the receiver is trellis-based, we can apply a standard union bound approach to derive
the upper bound on the bit error probability. The analysis ideally assumes a known fading

rate and SNR and therefore prediction coefficients.
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First, the branch metric (4.6) associated with the transmitted block D, is rewritten as

A(D,) =||Dfr, =Y DI g

4.7)

where l;o =1, Ek = —bi. The error event of length L is defined as the event of the error
sequence diverging from the transmitted sequence at the n** epoch (block interval) and
remerging to the transmitted sequence at the (n + L —~ 1) epoch on the trellis. Since
the branch metric (4.7) is a function of the symbol block associated with the branch as
well as the symbol blocks in the prediction, the PEP depends on the symbols on the error
event paths as well as ) x 2 symbols prior to the error event. Without loss of generality,
suppose the error event starts from epoch zero, i.e., the error event of length L starts from
D, to Dy_;. Therefore, we define Dy, = {D_g,D_g41,...,D0, Ds,...,Dp_1} and
By = {D-g,D-gs1,..., Do, D1, ..., Dy_1}.

Let P(D;, — D;) denote the pairwise error probability (PEP) of the error event of
length L associated with the sequences D; and D,,. Similar to [22], an upper bound on
the BER can be obtained from the union bound of the number of error bits averaged over
transmitted sequences and corresponding error sequences from all error events which is

written as - -
P(Dy)P(Dy — Dp)e(D, = Dy)
P,
o< Z 2log, M

4.8)

L1DLaﬁL
where P(D}) is the probability of transmitted sequence Dy, e(D — D 1) is the number

of error bits arising from this error event and 2log, M is the number of information bits per
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trellis interval. The PEP of error event of length L is expressed as

P(D, - D,) = (ZA ) > inA(D,,))

n=0 n=0

L-1 Q@ @ ) .
( Z Z (bkbk' "—k'Dg——k - Dn—k’Dn_k)) Tn—k > O)

4.9)

The left hand side inside the bracket in the probability in (4.9) can be written as a Gaussian
quadratic form, z = #7 Y #, where 7 = [r”_Q, T i1 s Tore s ,ri_l]t isa2(L+Q)x1
complex vector and Y is a 2(L + Q) x 2(L + @) Hermitian symmetric matrix. The matrix
Y is composed of an array of 2 x 2 block matrices y;;,4,j = —Q, —Q+1,...,0,...,L—1

where
022 -3l > @,
Y. = v o . (4.10)
J Z bm—ibr_; (D,-DJH - Din) ;otherwise,
0,42 is a 2 X 2 zero matrix and the indices of the summation u, v are expressed as
0 <0 and 57 <0,
u =
max(z, ) ;otherwise
4.11)
L-1 4>L—-Q—1and j>L—-Q—1,
V=
min(i + Q, 7 + Q) ;otherwise.
The characteristic function of a Gaussian quadratic form z is given as [29]
1
(6} =
+(8) det[I — j2(R, Y] @12
= [l «-j%eig(RY))
VY eig;(R-Y)#0

where R, = E[77], det[] is a determinant of a matrix and eig;( R, Y) is the i** eigenvalue
of the matrix R,Y. The PEP in (4.9) can be evaluated by integration of the probability

density function of z from zero to infinity. Therefore, this is similar to the result in [22]
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(See Appendix A),

P(’DL—+’DL / 517?/ (&)exp(—jék)dEdk
0

e

To evaluate the integral in (4.13), we can apply the residue theorem which transforms

(4.13)

an indefinite integral of a rational function to a summation of residues [30]. The residue
theorem yields different forms of results according to the nature of eigenvalues of the matrix
RY.

Since R, is positive semidefinite and Y is Hermitian, it can be shown that all eigen-
values of R, Y are real. Let P denote a set of nonzero eigenvalues of R, Y . For a length
L error event, it is observed that there are 4 x (L — 1) nonzero eigenvalues. Among these
nonzero eigenvalues, half of them are positive and the other half are negative. Furthermore,
these nonzero eigenvalues fall into one of the following two cases.

Case 1: All nonzero eigenvalues are distinct. In this case, the poles of (4.12) are simple.

By applying the residue theorem, the PEP can be expressed as (See Appendix A)

P(D,—»D,)=1- Z H

Pi€EP.pi<0p; EP,j#1

4.14
—pj/pz ( )

Case 2: There are 2 x (L — 1) distinct nonzero eigenvalues, each with multiplicity two.
In this case, let P denote a set of distinct nonzero eigenvalues of R, Y. Then, the PEP can

be expressed as (See Appendix A)

- 1 2 1
P(DL,—->Dy)=1- Z H . 5+ - QOZ—_—P_'
Pi€Ppi<0 \ p;€P,pj#p; (1 - ;,',L) Hpj;épi (1 - ;,'f) Pi#Pi (1 - Pj)
(4.15)

The union bound of bit error probability (4.7) is a function of all lengths of error events,
which is an infinite sum, and therefore it must be truncated. The union bound is still reliable
if the bound includes a finite number of dominant error events under certain conditions.

When fading is moderately fast and SNR is high, short length error events are dominant
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Figure 4.7. Upper bound on the bit error probability versus simulation results of Viterbi

receiver

[22]. In this case, the union bound of bit error probability can be evaluated by including
only short length error events.

Fig. 4.7 shows the simulation performance of a Viterbi receiver for DSTBC and the
union bound on bit error probability when f,7" = 0.02,0.05. The bounds include length-
two and length-three error events. Including error events with longer lengths does not affect
the bound at SNR higher than 16 dB when f,T' = 0.05 and at SNR higher than 20 dB when
faT = 0.02. The bound is rather loose when the fading rate is lower or the SNR is lower,

which is natural for a union upper bound.

4.7 Multistage Receiver

Since the Viterbi receiver was derived based on the assumption of fixed channel gains

during a transmission block while the actual channels vary continuously, the main idea of

the new receiver is to try to eliminate the effect of the actual channel gains varying within
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a transmission block.

With the actual channel, the elements of the received vector r,, can be written as

Ton = S2n01[2n] + S2n4102[2n] + wop,
(4.16)

Tontl = —Sop4101(2n + 1] + 85,0220 + 1] + wanq1.

Each received sample in (4.16) is affected from channel gains in its own symbol interval.
Next, let us represent the channel gains at odd symbol intervals relative to the channel gains
at prior symbol intervals by defining Aa; = a1[2n + 1] — a1[2n] and Aay = ay[2n + 1] -
a2[2n]. Now, T, in (4.16) can be written in terms of the channel gains in the previous

interval as,

Tont1 = —Spny1(@1[2n] + Aay) + 55, (a2(2n] + Aaz) + wony1- (4.17)

Suppose the Viterbi algorithm is working on the branch in which the transmitted block D,
is associated, determining Df r, with r,, from (4.16) and 74,1 from (4.17) yields the

noise corrupted channel gains

hY *
a1[2n] = 85,720 — San+1T2n+1

= a1[2n] + Il + S5, Wan — Son+1Wont1 @.18)

N *
a2[2n] = S5 1Ton + S2nTon41
*
= 09[2n] + 12, + 85,11 Wan + S2nWan+1,

where I, = 0.5Aa; — Aazsh,Sont1, [2, = 0.5Aa; — AaySon S5, .. The values I, 12,
represent intrablock interference (IBI). This means that even when the Viterbi algorithm is
working on the branch in which the correct transmission block is associated, the computed
channel gains are affected by IBI. Therefore, even there is no noise, one can expect an
irreducible error floor caused by IBI with the Viterbi receiver. The amount of IBI depends
on how rapidly the channel varies. At higher fading rates, the average power of IBI is
higher. If the channel is fixed during one transmission block, I1,, 2, are zero and the

Viterbi receiver becomes an optimal maximum-likelihood receiver.
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Figure 4.8. Multistage receiver for DSTBC

From the above discussion, if the channel gains are available at the receiver, the branch
metric can be modified to mitigate the effect of IBI. Hence, the new receiver is proposed to
operate in more than one stage. The first stage has no channel gain information while the
later stages obtain channel gain information from the prior stages.

Fig. 4.8 shows the components of the proposed multistage receiver (MR). The first
stage is composed of only a Viterbi receiver (VR). Each later stage is composed of an
interpolation filter and a modified Viterbi receiver named Viterbi receiver with intrablock
interference cancellation (VR-IBIC). The operation of the multistage receiver is explained
as follows:

First stage: The Viterbi receiver functions as usual. In addition, channel estimates
computed from the detected sequence are computed. Suppose the receiver obtains the
detected sequence {f)g, D, ..., f)N_l}. Then, it computes ‘rough’ channel estimates

&y = [1[2n] 43[2n])" from
WTny n=0,1,....N -1, (4.19)

and sends them to the next stage receiver.
Second stage and later stages: The obtained rough channel estimates are computed
only at even intervals and are affected by IBI which appears like noise. To reduce the

effect of IBI and to obtain channel estimates at odd intervals, a low pass interpolation
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filter is exploited before the channel estimates enter the VR-IBIC. This is done by padding
a zero between each rough channel estimate. Then, the inputs of the interpolation filter
are [a1[0],0,84[2],...,0,8;[2N — 2]} and [a2[0}, 0, a2[2], . .., 0, a2[2N — 2]]. The output
sampling rate of the interpolation filter is the same as the symbol rate. The filter outputs
the ‘refined’ channel estimates @, = [a;[n] az[n]]’,n = 0,1,...,2N — 2, to be employed
at the VR-IBIC.

Now, VR-IBIC computes the IBI from I1, = 0.5Aa; — A@y8},52q+1 and 12, =
0.5Aa; — AG152,83,,4 Where Aay = @;(2n + 1] — @1[2n], Agy = @[2n + 1] — G2[2n]
and 8oy, Son41 are the symbols associated with the branch in which Viterbi algorithm is

working on. To remove the IBI, the branch metric (4.6) is modified to

Q
Dfr,—I,— b (DI roi— Tny)
k=1

Arc(Th,dy) = (4.20)

where I, = [I1, I2,]!. In this manner, the IBI is removed from both the channel gains
computed from the current received signals and from the prediction. So, the sequence of
channel gains becomes more suitable for a two-step linear predictor which has been derived
without considering IBI.

If the later stage is to be continued, the rough channel estimates have to be computed
again by (4.19) and are transferred to the later stage receiver.

We can approximate the additional complexity of MR compared to VR for each trellis
interval as follows. Suppose DSTBC uses an M-ary constellation. Let N, be number
of stages and Ny, be the number of taps of the interpolation filter. To obtain Aa, or
Aa;, each requires Ny,,/2 multiplications, Ny,/2 — 1 additions and 1 subtraction. To
obtain /1 or I2, each requires 3 multiplications and 1 subtraction for each combination
of transmitted symbols in a block. For each branch metric, it requires additional 2(Q + 1)
subtractions. In summary, MR requires an additional ( N;qp + 6 M?)(N, —1) multiplications
and (Nygp + M2 + 2(Q + 1) M?P)(N, — 1) additions/subtractions for each trellis interval

compared to VR.
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Figure 4.9. Performance of DSTBC with BPSK, at f4T = 0.02 and f,T = 0.05 with CR,
VR, and MR with two stages

4.8 Results and Discussion

This section compares simulation results between CR, VR and MR. For MR, the interpo-
lation filter is a raised-cosine filter with roll-off factor @ = 0.2. The cutoff frequency of
the interpolation filter is chosen to be some small amount higher than f,T to avoid cutting
high amplitude spectrum at the edge of the fading spectral band. The cutoff frequency for
f4T = 0.02is 0.0275 and for f,7 = 0.05 is 0.075. The number of filter taps is 100 and 80
for f;T = 0.02 and f,T = 0.05, respectively. They are chosen to have enough taps such
that the filter retains a raised-cosine power spectrum. The number of stages is two.

In Fig. 4.9, the BER performances of DSTBC are compared when the receivers are
MR, CR, and VR. We can see that although VR reduces the error floor associated with CR
significantly, some considerable amount of error floor due to IBI still exists, especially at
f4T = 0.05. At this fading rate, MR outperforms VR for SNR greater than 12 dB as the

channel estimates from the first stage become more reliable. Nevertheless, at f;7" = 0.02,
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Error floor

£

Figure 4.10. Error floor of DSTBC with CR, VR, and MR with two stages evaluated at
SNR = 30dB

MR outperforms VR for SNR greater than 16 dB. The improvement of MR at f;7" = 0.02
is not as much as at f,;7 = 0.05 because, on average, the amount of IBI is smaller at
faT = 0.02. We conclude that MR can further reduce the error floor left from VR with
only a two-stage receiver. When the number of stages is greater than two, however, MR
provides virtually no improvement.

Fig. 4.10 compares the error floor of CR, VR and MR evaluated at SNR = 30 dB. It is
seen that MR significantly reduces the error floor from VR and CR. MR can achieve about

a half-order of magnitude error floor improvement over VR.

4.9 Multistage Receiver with an Outer Convolutional Code

It is interesting to see whether MR would perform well in a coded system. A convolutional
code concatenated with DSTBC is studied without an interleaver according to the system

in Fig. 4.11. Fig. 4.12 shows the BER performance of CR, VR, and MR in a coded system
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Figure 4.11. convolutional coded - DSTBC system model
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Figure 4.12. Performance of convolutional coded - DSTBC with BPSK, at fqT =

0.02, 0.05 with CR, VR, and MR with two stages

without an interleaver. A rate 1/2, convolutional code with constraint length = 5, proposed
in EDGE system is chosen [31]. The generator matrix is [1 +D3+D* 1+D+D3+ D4].
The overall transmission rate is 0.5 bps/Hz. It can be seen that the convolutional code im-
proves the BER performance of CR and VR significantly. At f,7 = 0.05, MR outperforms
VR at SNR higher than 12 dB with two stages. However, at f,T" = 0.02, there is virtually
no improvement using MR or VR within this SNR region. One reason for this is that, at
this fading rate, the amount of IBI is small such that the error bits caused by IBI can be
corrected by the powerful convolutional code decoder. Another reason is that the operating

SNR is not high enough for the error floor to appear.
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One might ask if we can use the output sequence from the convolutional code decoder
and recode it back to a DSTBC sequence, which should be more reliable, and then use
that sequence to compute channel estimates for the second stage. However, it is found
from our simulations (not shown) that using the output sequence from the convolutional
code decoder does not have visible gain over typical MR within this SNR region and this

increases complexity.

4.10 Soft-Output Multistage Receiver

It is well-known that using soft-output decision improves the performance of concatenated
codes over hard-output decision. To improve the performance of convolutional coded-
DSTBC system, soft-output from the DSTBC receiver has to be derived. In the context of
concatenated codes, there are two main types of soft-output algorthms. One is maximum
a posteriori probability (MAP) and the other is soft-output Viterbi algorithm (SOVA) [32].
MAP algorithm is the optimal soft-output algorithm but has very high complexity while
SOVA has lower complexity but inferior performance [33]. Next, we will derive a soft
output from DSTBC Viterbi receiver by a modification of SOVA algorithm.

SOVA finds the state sequence, and thus data sequence that maximizes the conditional
probability [32]

p (FO,l,...,N—la 7‘0,1,...,N—1)
p (7'0,1,...,N—1)

p (Toa,..n-1]T01,. ,N-1) = 4.21)

Since the denominator is the same for all hypothesis sequences, we can only maximize the
nominator. Viterbi algorithm works on the code trellis and at the n'* epoch it chooses the
survivor path whose metric maximizes p (T's<5, Ti<s). The probability p (T's<na, Ta<a) can

be written as

p(rﬁgn,rﬁgn) = Hp(rﬁarﬁ) = Hp(”'ﬁ|Gﬁ) P(Gﬁ) = Hp(”'ﬁ|Dﬁ) P (Dﬁ) ’

(4.22)
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where P (G};) and P (Dj) are a priori probabilities of data block G5 and transmission
block Dj, respectively.

Suppose the receiver assumes that the channel estimates obtained from the linear pre-
dictor is perfect, the conditional probability p(r,|D,, a,) is Gaussian and can be written
as

p(rp| Dy, ay) = Ky - e7IFn=DranllP/Ks (4.23)

where K, K, are constant irrelevant of decision. Replacing p (r;|Djz) in (4.22) with
p (rn| Dy, a,) and taking logarithm, we obtain the maximum likelihood metric for Viterbi
algorithm as — 3" |7, — Dyna,||? + logP (D) and the branch metric is

llrn — Dna'n”2 +logP (D). (4.24)

The second term in (4.24) represents a priori information. In the context of iterative decod-
ing, this term is exploited by the extrinsic information from the previous iteration. Since we
are not focusing on iterative decoding, the second term is dropped from SOVA. Therefore,
the first term in (4.24) is equivalent to the branch metric in (4.6) for VR. For VR-IBIC, the
branch metric for SOVA is equivalent to (4.20).

Let Y7 (n) be the minimum additive path metric among the transitions corresponding to
the coded bit zero (j = 0) or coded bit one (j = 1) transmitted from the :** antenna at the
n'* epoch. Now, to find a soft output for a coded bit zero, Q29(n), SOVA computes

{(n)

Q(n) = m (4.25)
and a soft output for a coded bit one is 2} (n) = 1 — QJ(n). This soft output represents
the reliability (probability) of coded bit to be zero or one transmitted from the " antenna
at the n** epoch. The convolutional code decoder then applies these soft outputs instead of
hard output bits in the convolutional code decoding.

Fig. 4.13 clearly shows the superior performance of soft-output algorithms of VR and
MR with two stages. Soft-output VR and MR has 3 dB and 5 dB gain over hard-output
VR and MR at f;T = 0.02 and f;T = 0.05, respectively. The soft-output VR and MR at
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Figure 4.13. Performance of conmvolutional coded - DSTBC with BPSK, at f;,T =
0.02,0.05 with hard- and soft-output VR, and MR with two stages

faT = 0.05 even outperform hard-output VR and MR at f;T = 0.02. At f;T = 0.05, soft-
output MR still outperforms soft-output VR when SNR is greater than 10 dB, although this
gain is smaller than the gain achieved in hard-output MR at higher SNR. At f,7 = 0.02,
soft-output MR does not have visible gain compared to soft-output VR which is similar to
the hard-output case. Note that the simulation results shown does not perform recoding of
output bits from the convolutional code decoder. Similarly to the hard-output case, recoding

does not yield a visible gain.

4.11 Summary

An approximate ML receiver for Tarokh’s differential space-time block codes is inves-
tigated in this section. The effects of SNR and fading rate mismatch are studied. It is
shown that the mismatched cases are more sensitive when the fading rate is high. An upper

bound on the bit error probability is derived and shown to be tight when the fading rate and
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SNR are high. In order to improve the performance of an approximate ML receiver, the
multistage receiver is proposed. It accounts for the intrablock interference caused by time-
varying characteristics of the channel within a transmission block. With some additional
complexity, a multistage receiver provides further improvement over an approximate ML
receiver. With a two-stage receiver the error floor is reduced by about a half order of mag-
nitude compared to an approximate ML receiver. The performance of an approximate ML
receiver and multistage receiver in the convolutional coded-DSTBC system is also evalu-
ated. Multistage receiver still has a significant gain over an approximate ML receiver at
high fading rate. In addition, soft-output Viterbi algorithm for DSTBC decoder is derived.

The soft-output receivers show significant gain over hard-output receivers.



Chapter 5

Trellis-Typed Receivers for DSTBC on
Spatial Correlated Channels

5.1 Introduction

When the transmit antenna spacing is not enough to ensure uncorrelated transmission paths,
the correlation between transmission paths, i.e. spatial correlation, reduces diversity level
and therefore BER performance. Suppose the receiver has some information about this spa-
tial correlation, it might be able to incorporate this information in the detection algorithm
to improve the performance. The idea of including spatial correlation at the receiver has
been discussed in [22] in the context of receive diversity. It is shown that exploiting spatial
correlation at the receiver does not substantially improve the bit error rate (BER) compared
to the receiver without it. The question is whether the performance can be improved by
including spatial correlation information for the transmit diversity scheme.

This chapter presents the performance of Viterbi receiver derived in Chapter 4 under
the condition that both time correlation and spatial correlation between transmit antennas
exists. An extension of Viterbi receiver which takes the correlation property into account
is derived. The linear predictor embedded in the Viterbi receiver is now in a matrix form
which can incorporate the information from the other transmission path to improve the
quality of channel prediction. Section 5.2 describes the system model. Section 5.3 summa-

rizes the Viterbi receiver with a scalar linear predictor derived from the simple Yule-Walker



5.2 System Model 73

equation. Section 5.4 introduces the Viterbi receiver with a matrix linear predictor derived
from the multichannel Yule-Walker equation. Section 5.5 discusses the general structure
of the matrix linear predictor. Section 5.6 shows an analysis of the performance of the new
Viterbi receiver by an upper bound of the frame error rate. Section 5.7 shows the simulation
results of DSTBC under spatial correlation and comparisons of these two types of Viterbi

receivers. Section 5.8 provides a summary of this chapter.

5.2 System Model

A similar system to that presented in Chapter 4 is studied except that channel has a spatial
correlation between two transmission paths from two transmit antennas. Spatial correlation
between the two paths can be represented by a simple covariance matrix [34],[35]
ai[n] 1 p
B2 [ailnl al] [ =| 7| (5.1)
p 1

a3[n]

where p represents cross-correlation between two paths. As in [7] and in Chapter 4, the
receiver is derived based on the assumption of constant channel gains within a transmission

matrix.

5.3 Viterbi Receiver with a Scalar Linear Predictor

The branch metric for the Viterbi receiver (VR) in Chapter 4 is repeated here for conve-

nience,
2

Q
H H
D,r,— E be D, Tn—k
k=1

A(Tn,dn) = (52)

where by, is the k* linear prediction coefficient of the two-step linear predictor of order
Q. We can determine coefficients [b1b, . . . bg| from Cholesky decomposition of the matrix

M~ = BYZB where M, B are defined in (4.4) and (4.5) [7] or equivalently, from
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solving Yule- Walker equation [36] for a two-step linear predictor

(RJ0|+02  RJ[-2 .. RJ-2Q] | Z" ‘::
1
Ra:[Z] Ra[O].+ o2 Ra[—Z(Q—l)] ol =10 (5.3)
R.2Q] R.2(Q-1)] ... R,0+72
' <] L]
and [b1 by ... bQ] = — [61 cy ... CQ] where o2 is the square prediction error

which can be assumed as a constant. The coefficients of the linear predictor are scalar
due to the assumption of independent channel paths. We refer to this receiver as a scalar

predictor receiver (SPR).

5.4 Viterbi Receiver with a Matrix Linear Predictor

When two transmission channels are correlated in a spatial domain, the behavior of one
channel affects the other. It is natural to exploit spatial correlation information at the re-
ceiver. The prediction coefficient in this case will be in a matrix form. Let R, 4, [m/] denote

cross correlation of channel gains a,[n] and ay[n + m], which is expressed as

Rl = E a'f[n]} [al [n + m]ag[n + m]]jl

az[n]
Ralm]  pRa[m]
pRo[m]  Ro[m]

(5.4)

il

The matrix prediction coefficients By are computed from multichannel Yule-Walker equa-

tion [36] for the two-step linear predictor
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| Ruosl0] 4021 Raw-2 ... Ruwl2@-1]] [C] | Ruwl
R..0,[2] Ron[0l+05I ... Run[-2Q-2]| |Ci| _ Ra,0,[4]
|Ruis(2(Q —1)] Ran[2(Q-2)] ... Roo[0]+0lI | [Ch| [Raal2(Q-1)]
(5.5)
and
[Bl B, --. Bq]—_-—[C1 C, --- CQ] (5.6)

The multichannel Yule-Walker equation can be solved efficiently by Levinson-Wiggins-

Robinson algorithm [36]. The branch metric for Viterbi algorithm is modified to be
2

Q
A(Fm dn) = ”D;Irn - ZBk-DfLI_krn—k 3 (57)

k=1

With this metric, the receiver takes spatial correlation into account. The receiver will be
called a matrix predictor receiver (MPR). MPR can be considered as a generalized version
of SPR. When channels become spatially uncorrelated (p = 0), each matrix coefficient
[ B,B,... BQ] becomes a diagonal matrix and the coefficients reduce to the scalar ver-

sion.

5.5 The Structure of a Matrix Linear Predictor

A matrix linear predictor can be interpreted as a multichannel FIR filter which outputs
a predicted vector of the input sequence of vectors of channel gains. The matrix linear
predictor for DSTBC can be considered as a two-step multichannel linear predictor. For two
transmit antenna case, the matrix linear predictor forms a prediction vector [a [k] d2[k]]* by
a weighted matrix linear combination of the past input vector [a; [k — 2] az[k — 2]]%, [a1[k —
4] aglk — 4])%, ..., e[k — 2Q] aa[k — 2Q]]*. Suppose the ¢'* matrix coefficient of the

blq b2q

linear predictor of order () is written as . Since the channels from the first and

b3q b4q
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the second antennas are identically distributed and the SNRs of both channels are equal,
we obtain byq = byg, byy = bsg, i.¢., the coefficient matrix is symmetric and has the same
diagonal values. This symmetric property is also true for any number of transmit antennas if
their channels are identically distributed and the diagonal values are the same if all channels
experience the same SNR.

Fig. 5.1 shows the matrix coefficients of the predictor when f;T = 0.02,p = 0.5 of
different orders and their mean square prediction errors. We can see that when SNR is very
high all the coefficients will become constant (independent of SNR). The SNR at which the
coefficients become constant is higher for the predictor of higher order. These are the same
properties as a scalar linear predictor. One important remark for matrix linear predictor is
that when SNR is very high, all the coefficients by, converge to zero. This means that when
SNR is very high, the prediction of one channel is independent of another channel even if
they are correlated, i.e., using the information from the other channel is not helpful when
SNR is very high. The SNR at which the coefficients by, converge to zero is higher for the
predictor of higher order. The mean square prediction errors in Fig. 5.1(d) indicate that
as @ is higher, the mean square prediction error is lower and as SNR is higher, the mean
square prediction errors of different () reach almost the same value. This property is also
similar to a scalar linear predictor.

Fig. 5.2 shows the matrix coefficients of the predictor when f;7 = 0.02,Q = 2 with
different p. We can see that when p is higher, the amplitudes of the coefficients by;, by are
higher in the region of SNR lower than 40 dB. This means that with a higher spatial cor-
relation, the linear predictor exploits more information from another transmission channel
in the lower SNR region. At very high SNR, the coefficients by, by2 become zero which
means that there is no need to use information from another transmission channel since the
prediction from its own channel is good already. However, since SNR greater than 40 dB
is not practical, the MPR should have more advantage than the SPR in the SNR region of

interest.
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5.6 Performance Analysis

From the metric in (5.2) or (5.7), we can derive a pairwise error probability (PEP) given a
transmitted sequence D, and a corresponding error sequence D, of length L. Following

the approach in [22] and Chapter 4, the PEP is given as

P(D, - D) = % + 2—17r- /_ @f) dt, (5.8)

where ® (&) is a characteristic function of a Gaussian quadratic form #7Y# and z = 7 =
LIPS P TRRN SO rtL_l]t isa2(L+ Q) x 1 complex vector and Y is a 2(L + Q) x
2(L + @) Hermitian symmetric matrix. The matrix Y consists of an array of 2 x 2 block
matrices ¥;;, 4,7 = —Q,—Q +1,..., L — 1 where
02x2 li—dl> @,
Yy = u Com . e (5.9
s (DiB B Dl — DiBy_ B ;D)) otherwise,
where B; = — B,. The elements y;; are different from that of the no spatial correlation case
in Chapter 4. Since the product D,B,Z_iém_ j Df is not commutative, we cannot separate
the term inside the summation into a product of the symbol matrices and the prediction

coefficient matrices. The indices of the summation u, v are expressed as

)
0 ;1 <0 and 53 <0,

U = 4
max(z, j) ;otherwise
; (5.10)
L-1 i>L-Q—-1and j>L—-Q—1,

1min(i +Q,j+Q) ;otherwise.

The integral in (5.8) can be evaluated using the residue theorem as in Chapter 4 for VR
analysis. Unlike the independent transmission paths case, all the nonzero eigenvalues of
R,Y are distinct (first-order). Therefore, the pairwise error probability is in only the fol-

lowing form.

PD,-Dy)=1- > ]] _ (5.11)

1= o /0
Pi€P,pi<0p; EP,j#i p;/pi
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Finally, the upper bound on the BER or FER is determined from a standard union
bound. For BER, the same expression as in (4.8) can be used. For FER, the upper bound
on FER can be approximated as [37]

N
<
log, M x no. of states

Py > P(D,- Dy, (5.12)

LD, Dy
where N is the frame length (total symbol interval). It is complicated to include all possible
sequence pairs. Nevertheless, the bound is fairly accurate by including only short length

sequence pairs which are dominant especially at high SNR.

5.7 Simulation Results and Discussion

We perform simulation to compare the performances of DSTBC with SPR and MPR at dif-
ferent cross-correlation p values. The frame length is 260 symbol intervals. The number of
states is four, corresponding to a combination of two BPSK symbols. The optimal order of
the linear predictor is not clear but it should be chosen such that the output of the predictor
properly represents the channels which are modeled as two correlated autoregressive (AR)
processes. The order of the linear predictor is five.

Fig. 5.3 shows the effect of spatial correlation and the improvement of using MPR over
SPR at SNR = 20 dB when f,7" = 0.005, 0.01, 0.02. We can see that the degradation from
spatial correlation is not a linear function of p. The degradation becomes more severe at
higher spatial correlations (p > 0.5). At p < 0.3, the performance is very close to the
p = 0.0 case and MPR has no visible gain over SPR. However, as the spatial correlation
increases, MPR seems to have better performance over SPR. At f,7 = 0.005,0.01, MPR
achieves higher gain over SPR than at f;7 = 0.02. Fig. 5.4 shows FER performance when
p = 0.0,0.2,0.5,0.8 and corresponding upper bounds of MPR when f47" = 0.01. The up-
per bounds include only length two error sequences while including longer sequences does
not affect the bounds at high SNR. They seem to be fairly tight and follow the simulation
performance. MPR has about 0.4 and 0.6 dB gain over SPR when p = 0.5 and 0.8, respec-
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tively. Note that this gain is not visible in terms of BER which is essentially the same as in
the case of receive diversity [22]. At higher fading rates, it is possible for SPR to perform
better than MPR. This is because the assumption of fixed channel gains within a block is
less valid at high fading rates. The receiver becomes less optimal and it is found that MPR

is more sensitive to this effect.

5.8 Summary

The receiver for DSTBC with a matrix linear predictor is proposed and compared to the
receiver with a scalar linear predictor. When there is spatial correlation between antennas,
it is found that a small gain can be achieved using matrix linear predictor, especially at slow
fading. Although this study shows an example of DSTBC with BPSK and two transmit
antennas, the receiver can be easily extended to the case of higher modulation schemes and

more than two transmit antennas DSTBC (e.g.,[11]).
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Figure 5.1. matrix linear prediction coefficients, f4T = 0.02,p = 0.5, when (@) Q = 2,
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5.8 Summary 81

0 20 40 60 80 100

(c)

0 20 40 60 80 100
SNR(dB)

Figure 5.2. matrix linear prediction coefficients, f4T = 0.02,Q = 2, when (a) p = 0.2,
(b) p=0.5,(c) p=0.7
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Chapter 6

Trellis-Coded Modulation Concatenated
with DSTBC

6.1 Introduction

DSTBC alone does not provide coding gains. To achieve higher coding gains, concatenated
code with DSTBC is a viable option. Trellis-coded modulation (TCM) is well-known to
achieve a good coding gain without bandwidth expansion or a significant increase in com-
plexity.

If the channel is quasi-static and perfectly known, it is shown in [38] that TCM schemes
designed for AWGN channels are still optimal to employ with STBC. For perfectly two-
symbol interleaved and perfectly known channels, new design criteria and some example
codes are given in [8],[39]. It is concluded in [8],[39] that the design criteria of TCM are
the effective code length over span two symbol intervals and the product-sum distance over
a span of two symbol intervals.

In this chapter, TCM employed with DSTBC is considered. This system has advantages
in that it achieves full spatial diversity and provides coding gain without CSI. Both no
interleaver and perfect interleaver cases are discussed. Section 6.2 describes the system
model. Section 6.3 derives an upper bound on the pairwise error probability and the design
criteria of TCM concatenated with DSTBC with and without perfect interleaving. Although

the design criteria are the same as the coherent detection case in [8],[39], TCM schemes
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Figure 6.1. Concatenated TCM-DSTBC System model

in [8],[39] were designed by hand and no systematic code search was presented. Then,
Section 6.4 extends the concept of quasiregular codes [40] with the new design criteria to
perform a systematic way of code search. Section 6.5 presents several new rate-2/3 §-PSK
TCM schemes and compares them with the existing codes from [41], [42]. Section 6.6

provides a summary of this chapter.

6.2 System Model

The system model is shown in Fig. 6.1. As in previous chapters, DSTBC for two transmit
antennas and one receive antenna is assumed, but for convenience in the TCM design,
separate mapping as in (2.10) is used. A rate-2/3 TCM encoder with 8-PSK output symbols
is assumed. An optional two-symbol interleaver permutes symbol vectors [gax, gox+1] from
the output of the TCM encoder. The DSTBC encoder receives interleaved symbol vectors
[92k G2x-+1] and performs differential encoding according to (2.8). The channel is frequency-
flat Rayleigh fading without spatial correlation between transmit antennas and it is assumed

to be static during two consecutive transmission blocks. At the receiver, the combiner
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computes a vector z = [2yy, 22¢+1] similar to (2.15)

2ok = TokTop o+ Topyi1Tok—1
= (Ja1l* + |a2*) G2k + [52x s2611]A (a1 a2) Ngt_»
+Nox A (ay ag)[s0x sok41] + Nax NE s,
22k+1 = TokTop_1 — Tops1T2k—2
= (la1]? + la2*) Gor+1 + [s2k s2k+1]A(a1 a2) Nip_,

+N2kAH(a1 ag)[—s§k+1 S;k]H + Nsz{,i_l (61)

a; aj

where A(a; a3) = and Nog_o = [nok—2 Ny, Nok—1 = [nok—1 —n3), Nox =

a; aj
[Nk, +1]- The TCM decoder receives the sequence 2y, 22¢+1 and finds the maximum like-

lihood coded sequence which minimizes u(z2, §) = Z,vaz—ol |20k — G|’ + |29k +1 — Gok+1 ]2 ,
where § is a possible coded sequence on the trellis and V is the block length, assumed to

be even.

6.3 Upper Bound on the Pairwise Error Probability

The pairwise error probability (PEP) in this case is the probability that the TCM decoder
chooses a maximum likelihood sequence g instead of the transmitted sequence g. Applying
Chemoff bound to PEP, we obtain

P(g — §la1, az) < [ [ Elexp(2ARe (22¢ (926 — G2k)* + 22k+1(g2k41 — Gok+1)*)]5 (6.2)
ken

where 7 is the set of k for which (gor # Gok O g2k +1 7 92k+1) and A is a Chernoff parameter
to be optimized. At high SNR, we can neglect the product terms of noise in (6.1). Sub-
stituting (6.1) in (6.2), expanding all noise terms into real and imaginary parts, performing

integration and rearranging terms, result in

P (g — glai,a2) < ern exp[A(las|? + la2/?)- (Ig2x — ok |* + |g2k+1 — Foxs1/?)]

-exp[40?X%(|ar 2 + |a2)®)- (lg2k — Gokl? + |gok+1 — Fok1[?)] (6.3)
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where [s3[* + |sgk41|* = [s26[* + |sok41[* = 1 and Re(Gox(9ak — ok)* + Gok+1(g2k+1 —
Gok+1)") = 3 (1926 — Gok|? + |gok-+1 — Gor+1]%) have been used.

Minimizing (6.3) by ‘?9 =0, we obtain A = —1/80% and 02 = 2(—EN°/7), where F; is the
total average symbol energy from two transmit antennas. Substituting A into (6.3) results

in

~ E,
P(g — glai,a2) < Hexp [ 16N, + lazf®)- (Ig2e — G2¢I* + [g26+1 — ok )]

ken
6.4)
Following the approach in [8],[39], we derive the pairwise error probability for without

and with perfect interleaving in a Rayleigh fading channel as follows.

6.3.1 Without Interleaving

We consider a Rayleigh fading channel, where it remains constant over a frame length.

Averaging (6.4) with high SNR approximation, we obtain

-2
Pl =)< (ro b)) 5

where d2(v,7) = 3, (I92% — Gokl* + |92k+1 — Gor+1|%). Therefore, the design criterion
for TCM is to maximize d(g, §), which is actually free distance. Then, optimal TCMs
designed for AWGN channel are also optimal to apply with DSTBC in a quasi-static fading
channel. The exponent -2 indicates spatial diversity achieved by DSTBC.

6.3.2 Perfect Interleaving

Because DSTBC applies Alamouti’s scheme as well, in the following, a perfect two-symbol
interleaving is exploited as in [8],[39]. This also applies to a channel which is approxi-
mately constant during two consecutive blocks (to allow differential decoding) but is almost

uncorrelated during next consecutive blocks. From (6.4), we can readily obtain

_ E, \" ~
P(g—g) < {(16%) d?az(ln)] ; (6.6)
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where dp,(ly) = [l;c, (1926 — G2k|* + [g2k+1 — Gok+1]°) denotes the product of distance
sum over two symbol intervals of length {,,. Define this as the product-sum distance over
span two symbol intervals [8],[39]. And [, is the number of elements in 7, called the
effective length of the error event over span two symbol intervals [8],[39].

Let P, denote the error event probability. By using union bound, an upper bound of P,
isexpressedas P < 37,3 ., P(g9)P(9 — §), where P(g) is the a priori probability of
transmitted sequence g.

At high SNR, those terms with the smallest /,, and smallest d%,(l,,) will dominate the
error event probability. Denote L,, = min(l,)), which can be called the effective code length
over span two symbol intervals (EC L,), then the error event probability is approximated

as
1

()" (@a(L)?

where E(1,,, d%,(1,)) is the average number of error events with the span-2 effective length

P, = E(L,, d?32(Ln))

6.7)

I, [81,[39] and the product-sum distance over span two symbol intervals d%,(1,).

The error event probability asymptotically varies as the negative 2L, power of SNR.
The TCM design criteria in this case are therefore to maximize ECL, and the mini-
mum d%,(Ly,) at high SNR in Rayleigh fading channel. Denote the minimum d%,(L,)
as M PS D, for simplicity.

Note that the design criteria derived from (6.5) and (6.6) are exactly the same as that
of TCM concatenated with STBC and with perfect CSI [8],[39]. Therefore, optimal TCM
schemes designed with STBC in perfect CSI channels are also optimal for DSTBC in un-
known CSI channels. Also, note that E,/N, terms in (6.5) and (6.6) are divided by 16
while they are divided by 8 in [8]. This indicates 3-dB inferior performance in an unknown

channel compared to a perfect CSI channel, as expected.
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Mapper

Figure 6.2. Rate-2/3 Ungerboeck systematic code encoder [5]
6.4 Quasiregular Code

To reduce the code search space, we will concentrate on a special class of trellis codes
called quasiregular codes. A code is quasiregular if its distance property can be computed
only by assuming that a specific codeword has been sent (e.g. all-zero sequence) [40]. The
distribution of the distance between codewords depends on each correct codeword but we
can compute the code distance spectrum from an average state error diagram (see [40] for
more details). Ungerboeck’s systematic code (Fig. 6.2) has been proved to be quasiregular
with respect to Euclidean distance and product distance in [40] and [42], respectively.

Let v1,v2 be two signal selectors (binary n-tuple before mapping to a symbol) from
TCM encoder during two symbol intervals, e;,es be corresponding selector errors and
S0,81,92 be the associated trellis states during two symbol intervals. Define the error poly-

nomial over span two symbol intervals as

Poyorsseres (T ZP V1V2/80)T M (vi+es), M(vz),M(vz+62)), (6.8)

U112

where f(-) is some distance metric which has additive property on the trellis, p(v1v2|so) is
the probability of selector v, v, given initial state s, and M(-) is the constellation mapping

function. Here we define f(-) as

In (|M(v1) — M(v1 + en) ? + [M(vg) — M(vy + €2)[?) . (6.9)
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Similar to [40], a trellis code is quasiregular with respect to product-sum distance over
span two symbol intervals if its error polynomial over span two symbol intervals does not
depend on any state pairs (s, o).

Suppose the distance metric f(-) = |M{v;) — M(v; +e1) |2 + |M(v2) — M(v2 + €2)|2.

We can readily find the error polynomial over span two symbol intervals from

P303132y3132 (‘7") = P8031,€1 (x) : P3132ye'2 (‘7")’ (6'10)

where P,,, ., (z) and P,,,, ., () are the error polynomial (over span one) defined in [40].

Therefore, we can state that if a code has its error polynomial over span one which
does not depend on any state pairs, its error polynomial over span two symbol intervals
will not depend on any state pairs either. Then we replace the distance metric with (6.9)
without affecting the dependency of state pairs and the code will be quasiregular with
respect to product-sum distance over span two symbol intervals. So, we can conclude that
Ungerboeck’s systematic code, whose error polynomial over span one does not depend
on any state pairs, is quasiregular with respect to the product-sum distance over span two

symbol intervals.

6.5 Search Results and Simulation Performance

We performed a computer search by modifying Larsen’s algorithm [40] to find optimal rate-
2/3 8-PSK Ungerboeck’s systematic codes. First, we maximize EC L,. Among the codes
that have the same FEC Lo, we find the codes that have maximum M PSD,. In all cases,
parallel transition must be avoided. Table 6.1 shows the search results and comparison
with TCM codes designed for AWGN [41] and fading channels [42]. The codes shown are
optimal in terms of EC L, and M PS D, although several codes are found to achieve the
same FC L, and M PSD,. Note that the value M PSD, is computed with the unit energy
8-PSK constellation.

For 4-, 8- and 16- state codes, they are found to be the same as those in [8],[39]. For

8- and 16-state codes, they actually correspond to Ungerboeck’s codes. The new codes
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achieve a clear improvement over existing codes when the number of state is greater than
16.

Fig. 6.3 and 6.4 show bit error rate (BER) performances of some TCM schemes in
perfect-interleaved Rayleigh fading channels. The block length is 130 symbols. We neglect
error bits occurring near the end of the frame. Solid lines correspond to differential coherent
receiver cases while dash lines correspond to coherent receiver cases. We can see 3-dB
performance degradation of differential coherent receiver compared to coherent receiver.
The codes in Fig. 6.3 are 4-state TCM schemes from Ungerboeck [41], Jamali/Le-Ngoc
[43] and Wilson/Leung [44], which have M PSD, equal to 4, 4 and 4.59, respectively.
Ungerboeck’s code [41] is inferior to Jamali/Le-Ngoc’s code [43] because it has parallel
transitions. In Fig. 6.4, a new 32-state TCM code, t5, has 0.8-dB gain to f5 (optimal code
design for fading channels) and 5-dB gain to g5 (optimal code design for AWGN channels),
at BER 1075. The slopes of t5 and f5 are steeper than g5 because t5 and f5 have EC L, = 2
and g5 has ECL, = 1. Fig. 6.3 and 6.4 clearly illustrates the dominant effects of EC Lo
and M PS D, to the code performance.

We compare our results with trellis coded unitary space-time modulation (TCUSTM)
[45]. At BER 1074, t5 has about 4-dB gain compared to 256-state TCUSTM (Fig. 5 [45])
while the former sustains spectral efficiency 2 bps/Hz and the latter provides 1 bps/Hz.
This improvement comes at possibly higher complexity and at the expense of inherit con-
stellation expansion of DSTBC. However, to find the optimal trellis structure for TCUSTM
seems to be more difficult than our approach, especially with a large number of states. If
we compare our results with a turbo code concatenated with differential unitary space-time
modulation [46], it seems that the latter has greater performance. However, it requires
a larger block length and higher decoding complexity due to iterative demodulation and

decoding.
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Figure 6.3. Rate-2/3 8-PSK 4-state TCM concatenated with DSTBC with perfect inter-
leaving on Rayleigh fading channels, two transmit antennas and one receive antenna. Solid
lines correspond to differential coherent receiver cases. Dashed lines correspond to coher-

ent receiver cases.

6.6 Summary

In this chapter, we have derived the design criteria for TCM with differential space-time
block code in unknown Rayleigh fading channels. These new design criteria, are effective
code length over span two symbol intervals and minimum product-sum distance over span
two symbol intervals. The concept of quasiregularity is extended to the new design criteria.
Several new rate-2/3 8-PSK TCMs are found and shown to outperform the optimal codes
design for AWGN channel and Rayleigh fading channel without transmit diversity. The

codes presented here can be used with STBC in perfectly known fading channels.
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Figure 6.4. Rate-2/3 8-PSK 32-state TCM concatenated with DSTBC with perfect inter-
leaving on Rayleigh fading channels, two transmit antennas and one receive antenna. Solid
lines correspond to differential coherent receiver cases. Dashed lines correspond to coher-

ent receiver cases.



6.6 Summary

Table 6.1. Rate-2/3 8-PSK Systematic Ungerboeck Codes

v | Code | KO(D) | KX(D) | h2(D) | ECL, | MPSD,
3| 63 11 02 04 1 6
g3 11 02 04 1 6
f3 11 02 04 1 6
4| 23 04 16 2 8
gh | 23 04 16 2 8
4 23 04 16 2 8
5 t5 65 34 04 2 15.51
gs | 45 16 34 1 6
£5 43 14 36 2 6.69
6| t6 | 101 | 030 | 004 2 16
g6 | 103 | 030 | 066 2 12
f6 | 103 | 036 | 154 2 14
7 7 | 303 | 144 | 124 2 59.31
g7 | 277 | 054 | 122 2 18.34
7 | 223 | 076 | 314 2 21.66
8| t8 | 425 | 070 | 360 3 36.69
g8 | 435 | 072 | 130 2 16
f8 | 673 | 336 | 164 3 7.83
9 | 9 | 1335 | 150 | 360 3 48
g9 | 1007 | 164 | 260 2 16
o | 1413 | 756 | 244 3 7.83
10 | t10* | 2445 | 726 | 620 3 62.06
glo | 2003 | 164 | 770 2 14.04
f10 | 3303 | 1676 | 504 3 36.2

v is the number of memories; tx is the new code found
gx is the code designed for AWGN channels [41]
fx is the code designed for fading channels [42]

* search not complete



Chapter 7

Future Works and Extensions

Although space-time coding and modulation were born in 1998 and there have been many
research papers published in recent years, this research area is still in a growing stage.
There are still a lot of unsolved problems as mentioned in the recent special issues of
IEEE Journal Selected Areas on Communications, April 2003 and IEEE Transactions on
Information Theory, October 2003. The research area of differential space-time codes
accompanied with an efficient decoding scheme is growing fast and very popular. A few

interesting extensions are classified as follows.

7.1 The Extension to More than Two Transmit Antennas

All the receiver algorithms in this thesis have been derived for a specific DSTBC based
on Alamouti’s transmission matrix. As already mentioned, the algorithms can be applied
to other types of DSTBC for two transmit antennas with trivial modifications. However,
the extension to more than two transmit antennas leads to a more complex problem. Since
the receivers are exponentially complex with respect to the number of transmit antennas, a
large number of trial symbols must be required in the decoding. In addition, the algorithms
themselves have to be modified to accommodate nonsquare transmission matrix since a
full-rate STBC does not exist for more than two transmit antennas. For DSTBC with A/
transmit antennas, the linear predictor embedded in the receiver is expected to be A/-step

linear predictor.



7.2 Optimal Receiver for DSTBC on Fading Time-Varying Channels 95

The assumption of fixed channel gains during a transmission block will have more
influence on DSTBC with higher numbers of transmission antennas. The degradation due
to this assumption will be distinct and will not be negligible. This raises a question of
whether an optimal receiver for DSTBC which takes into account the time-varying channel
gains within a transmission block can be found.

For the concatenated coding system with A/ transmit antennas, the design criterion for
non-interleaved TCM for DSTBC is expected to be free distance while the design criteria
for perfect-interleaved case are expected to be effective length and product-sum distance
over span . Many more new optimal TCM concatenated with DSTBC for A/ transmit

antennas are still to be discovered.

7.2 Optimal Receiver for DSTBC on Fading Time-Varying

Channels

Although the multistage receiver presented in Chapter 5 tries to deal with the time-varying
channel gains within a transmission block, it can not be claimed as an optimal receiver.
Recent contributions which point out and try to solve this problem are [47] and [48]. They
propose a Viterbi receiver and decision-feedback receiver which take into account the time-
varying channel gains within a transmission block. The performance of their new receivers
is significantly improved and they are claimed to be optimal. However, the receivers only
work with a specific type of DSTBC, so-called G-diagonal. For other types of DSTBC, the
design of an optimal receiver still remains a challenging problem. In addition, the optimal

receiver which takes the spatial correlation into account is obviously the one to be explored.
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7.3 Receiver for DSTBC on Frequency-Selective Fading

Channels

In practice, the frequency-selective fading characteristic usually appears and it causes se-
vere performance degradation if intersymbol-interference (ISI) is not properly mitigated.
Conventional equalization methods may be applied but it will be complicated for multi-
ple antenna system since training symbols are needed for each transmit antenna. Blind
equalization in multiple antenna system may be a viable option for DSTBC. This is a non-
trivial problem since DSTBC constellations may not have constant modulus property to be
exploited in the blind equalization.

Recent approaches consider the combination of orthogonal frequency division mul-
tiplexing (OFDM) and multiple transmit antennas to mitigate the effects of ISI. Since
OFDM inherently transforms a frequency-selective fading channel to a frequency-flat fad-
ing channel, then equalization is performed easily in the frequency domain. For DSTBC
system, DSTBC incorporated with OFDM modulation type have been considered in [49],
[50] where equalization has done by differential decoding in the frequency domain. Time
domain equalization of DSTBC has been proposed in [49] to avoid the disadvantages of
OFDM with increased complexity. Other approaches may be possible and there still exists

a large research gap in this problem.

7.4 TIterative Decoding for DSTBC

In the concatenated coding with DSTBC system, since DSTBC can also be considered as
a recursive inner code, the concatenated coding scheme is a serial concatenated code in
which iterative decoding is possibly applied. Noncoherent iterative decoding without CSI
has been applied successfully in single antenna systems [51],[52]. For multiple antenna
systems, there have been a few efforts recently to apply iterative decoding with DSTBC

system. The first effort was presented in [53] where BCJR-typed [54] symbol level iterative
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decoding is applied to a concatenation of convolutional code and DSTBC. A similar idea
has been presented in [55] including a more detailed analysis. Bit level iterative decoding
with hard decision feedback has recently been applied with bit-interleaved DSTBC in [35]
where good performance is obtained with relatively low complexity. Two more recent
approaches apply soft-output Viterbi algorithm to iterative decoding of DSTBC in [56]
and [57]. All the performance curves of iterative decoding (without CSI) of DSTBC in
the above papers approach or even outperform the performance of coherent detection with
perfect CSI. However, time-varying channel gains within a transmission block are still not
taken into account in the iterative decoding. This gap might be possible to considered by a

multistage receiver in this thesis or other new approaches.
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Appendix A

Derivation of Pairwise Error Probability

of DSTBC with Viterbi Receiver

This appendix derives a pairwise error probability (PEP) of DSTBC with Viterbi receiver.
Let ®(&) be a characteristic function of a Gaussian quadratic form which can be represented

as

1 - . __1
g —J2 Y Al
®.(¢) = det[] — j2¢R,Y) veigﬂ(l;[y);éo(l j2¢teig, (R, Y)) (A1)

The PEP (4.13) is repeated here with manipulations.

P(D, - Dy) = / 1 / &,(€)exp(~jér)dedr

1

RS / exp(—jér)drde

- L °°<I> () / " u(k)exp(—j€r)drde
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u(k) is a unit-step function. Let P denote a set of nonzero eigenvalues of R,Y . The

characteristic function (A.1) is written as

3,0 = [[ =22~ "_.p_ (A3)



Appendix A 104

A
C
Y
,//4— ~._
s >
les included
/ po AN
/ \
[I C \\
1 L, - 1
Y C ‘
_____ — - =1 \.._._______.>l
-R -r r R -

}poles not included

Figure A.1. Contour integral C. The cross points are poles of F(s)

Then, the PEP (A.1) is expressed as

A 1 1 [ jp;! c ey —1
P(D D)=+ — —t— d A4
(D Dr)=5+5 [ Lll(%ﬂp{l)} GO (A
To evaluate the integral in (A.4), we follow the approach in [58] where the integral has

been evaluated for the performance of quadratic receivers in Rayleigh fading channels. Let

F) = [Hpiep (ﬂ{_‘_{)} (j€)~1. The set of the poles of F(¢) is {0, —jp; /2 where p; @

2%+ip;
P}. The infinite integral in (A.4) is represented as a contour integral
(e o]
/ Fe)de = lim 4 F(o)ds
o0 r—=0,R—00 fo
-r R
- lim [/ F(o)ds + / P+ [ Flo)ds + / F(c)dc]
r—0,R—00 Cr _R Cr r

(A.5)

where the contour C is shown in Fig. A.l. The variable £ has been redefined as ¢ to
accommodate complex values in the contour integral. Now, the following Residue theorem
is applied [30].
f Fds=2mj- Y Res[F(s)s] (A6)
c

¢n Epoles of F(s)insideC
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where Res [F(¢), ¢,] is the residue of F(¢) at ¢, computed as [30]
Res[F(s), %] = li’m [(¢ — ) F(s)],if ¢ is a first-order pole A7)
<0

. d : .
Res[F(s),%) = lim— [(¢ —)?F(s)],if ¢ isa second-order pole (A.8)

s dg
Using (A.7), we obtain Res [F(5), 0] = —J.

When F(c) is a rational function and the order of its denominator is more than the order
of its nominator at least two, the integral along the arc with radius close to infinity is zero
[30](Eq.6.5-10). Therefore, the integral of the larger arc Cg is evaluated as

}%i_l)rgo . F(s)ds = 0. (A9)

The integral of the smaller arc C, when 7 — 0 contributes half of the closed contour

around the origin in the clockwise direction [58] which is expressed as

lim { F(5)ds = —% -2mj - Res[F(s),0] = —m. (A.10)

r—0 C.

Therefore, from (A.5), (A.9) and (A.10) The integral of the characteristic function can be

evaluated as

/oo F(¢)ds =7+ 275 - Z Res[F(s), sn) (A.11)

- Spinu.h.p.
and the poles to be included lie on the upper half plane (u.h.p.) (See Fig. A.1)
For DSTBC, the nonzero poles of the characteristic function F'(¢) fall into two cases

Case 1: All nonzero poles of F(¢) are distinct. Each pole is a first-order pole and its

residue is
Res(F()—jm/2 = tim (c+sm/2) | TT (=2PL2 )| o
A B <—>1.'i1’i/2g IPs P §+jp:1/2 7
1
I - (A.12)
J H 1-p;/pi

P;EP.p; £pi

Using the above result in (A.11) and (A.4), the PEP can be expressed as

PD,-D)=1- > ]I _ (A.13)

1—pi/pi
Pi€P,Pi<0 p; EP,j#i Pilpi
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Case 2: There are 2 x (L — 1) distinct nonzero eigenvalues, each with multiplicity
two. Let P denote a set of distinct nonzero eigenvalues of R,.Y. Each pole p; € P is a

second-order pole and its residue is

o . : .- 2 ]pz / s y—1
ReS[F(C),—Jpz/Z)]—Hl_njgiﬁ(c +Jpi'/2) 1;[ (HMI/Z) )™ (A4

After some manipulation, the residue in (A.14) is evaluated as

Res[F(), —jpi/2] =2 ) 1= pz/p; H (1_p/p1)2 +5 11 (l—pj/pz)2

JEPj#i j€P jePj#i
(A.15)

Using the above result in (A.11) and (A.4), the PEP can be expressed as

- 1 2 1
P(D,~»Dy)=1- 3 I1 —5 Y
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