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Abstract

The terahertz (THz) band is a promising frequency band that ranges from 300 GHz
to 10 THz and being considered for the next generation of wireless networks due to
the large available bandwidth and achievable ultra fast data rates. The first step in
studying every wireless system is to accurately characterize the propagation chan-
nel. Therefore, in this thesis, a channel model is proposed with unique terahertz
propagation characteristics that can be used to study candidate waveforms in the
THz band. The next step is to study the candidate waveform designs. In this work,
orthogonal frequency-division multiplexing (OFDM) and discrete Fourier transform-
spread-OFDM (DFT-s-OFDM) are examined waveform candidates in the THz band.
As OFDM is widely used in industry and thoroughly studied in the past couple of
decades, it can be used as a benchmark for multi-carrier waveform designs. This study
helps us to understand if OFDM can still be a reliable waveform in higher frequencies
and how it compares with single carrier DFT-s-OFDM.

In the first part of the thesis, the multi-ray communication channel is modeled
based on ray tracing methods which consists of line-of-sight (LoS), reflected, and
scattered paths. This model is a modified version of an existing multi-ray channel
model with improvement. The coded OFDM and DFT-s-OFDM systems are studied
by simulation in terms of spectral efficiency, CP length, peak-to-average power ratio
(PAPR), phase noise, etc. DFT-s-OFDM is shown to possess advantages over OFDM
in scattering rich THz channels with better PAPR, error performance and tolerance
to phase noise, making it a preferred candidate over OFDM.
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Chapter 1

Introduction

1.1 Terahertz

Over the past decade, the need for more bandwidth and higher data rate in wireless

communication systems have increased drastically. One of the ways to address this

challenge is to use higher frequencies. As a result, frequencies from 300 GHz to 1 THz

are gaining more attention among researchers because of the wide unused spectrum.

Moreover, these frequencies will help to open the doors to a new world of revolutionary

applications that can benefit from the high carrier frequencies.

The frequency band from 30 GHz to 300 GHz is used in 5G wireless communica-

tion systems to address the spectrum shortage that is a limiting factor in 4G cellular

communication systems which use the frequency band of below 6 GHz [7]. On the

other hand, there are new applications such as virtual reality, self-driving cars, in-

ternet of things (IoT), and wireless backhaul will need much greater data rates than

that of 5G communication systems [8], [9].

With the currently known digital modulation methods and hardware components

used in transceivers, there is a limit on the symbol duration and achievable spectral

efficiency. As of today, there is approximately 7 GHz of bandwidth available within

the unlicensed wireless band of 60 GHz [10] which enables us to achieve data rates of

100 Gigabits per second (Gbps) if the spectral efficiency of a transmission scheme is

at least 14 bit/s/Hz [1] which is below what is achievable considering the hardware

1



Figure 1-1: Examples of various applications for the electromagnetic spectrum as a
function of frequency [1].

constraints [11], [12], and [13]. Hence, to achieve data rates on the order 100 Gbps,

the frequencies above 100 GHz will be used where the availability of the spectrum is

not an issue [14].

Figure 1-1 from [1] shows some examples of various applications and their relative

frequency bands of operation. It also shows that THz frequencies are well below the

visible light frequencies. Frequencies above visible light frequencies such as optical fre-

quencies are not considered safe enough due to eye-safety limits to be used in wireless

communication systems [15]. Moreover, there are a number of issues such as the "im-

pact of atmospheric and water absorption on the signal propagation" [1], the ambient

light noise due to sunlight and artificial lights, and high amount of diffuse scattering

on rough surfaces that make these frequencies even less attractive for wireless com-

munication systems [15]. Ultraviolet, X-Ray, and Gamma-Ray frequencies are known

to have really high particle energy which can create free-radicals that can be a cause

of cancer [16]. On the other hand, mmWave and THz radiation are not ionizing due

to the low photon energy which is around 0.1 to 12.4 meV, and these levels of energy

are more than three orders of magnitude less than ionizing photon energy levels. The

typical level of photon energy required for ionization is around 12 eV [16] and [1].

2



Therefore, THz radiation does not impose health threats in terms of ionization which

leaves heating to be the only main cancer risk [16]. To address the heating concern

and its effect on human body, the Federal Communications Commission (FCC) and

the International Commission on Non-Ionizing Radiation protection (ICNIRP) stan-

dards [17], [18] are designed to protect against these hazards particularly on parts of

body that are most sensitive to heat from radiation.

The short wavelength at THz frequencies will not only allow high data rates of

more than 100 Gbps, but also enable huge spatial multiplexing that can be used in

hub and backhaul communications, super accurate sensing, imaging, and many more

applications described in [19] - [20]. It can also be used in the military as it provides

secure communication over highly sensitive links. This is possible because the THz

band frequencies have very small wavelengths that enable very high gain antennas to

be made in small physical dimensions [21].

1.2 Applications

As THz frequencies provide ultra-high data rates, they can be used for ultra-fast

download speeds, autonomous vehicles, information shower [22], robotic controls,

high-definition (HD) holographic gaming, and high-speed wireless communication

in data centers [15]. Moreover, there are some other promising applications that

are expected to evolve in 6𝑡ℎ-generation (6G) cellular networks. These applications

fall into five main categories such as wireless cognition, sensing, imaging, wireless

communication, and positioning [1].

1.2.1 Wireless Cognition

In some applications such as controlling a fleet of drones, it is likely that the drone it-

self may be super lightweight and small and as a result there is only limited hardware

capabilities and power budget on the device. Therefore, conducting massive compu-

tations for highly complex tasks such as contextual awareness, vision, and perception

may not be feasible on the device. In this situation, a wide channel bandwidth com-

3



bined with a super fast data rate can enable all those computations to be carried out

on a fixed base station that is connected in real time to the drone fleet via a wireless

link. This is just an example of the wireless cognition concept which means providing

a wireless/remote communication link for devices that need massive computations

[1]. Similarly, robots, autonomous vehicles, and other machines can benefit from this

fast, secure, and reliable communication link to conduct the complex computations

remotely [1]. This will relax design constraints of those machines and robots as power

budget can be a limiting factor in designing such systems.

Moore’s law says that the number of transistors in a dense integrated circuit (IC)

doubles approximately every two years [23]. Based on this law and the observations

in [24] and [25], it can be seen that by the year 2036 there will be devices that cost

as low as 1000 USD that will be able to have computational capabilities on the order

of the human brain. The following analysis from [1] shows that wireless remoting of

human cognition will be feasible using Terahertz frequencies.

The human brain consists of about 100 billion (1011) neurons that each has an

update rate of 5 ms, and each neuron is connected to around 1000 other neurons which

means that the computation speed of the human brain is approximately 20 × 1015

floating point operations per second (flops) [24], [25], [1], assuming that each operation

is binary, the required data rate is calculated to be around 20,000 Terabits per second

(Tbps):

Human brain computation speed =

20× 1015 flop/sec = 20× 1015 flop/sec × 1 bit/flop = 20, 000 Tbps. (1.1)

Now, the storage can be calculated considering that each neuron can write to 1000

bytes as shown in [24], [25], [1]:

Storage = 1011 neurons × 103 bytes/neuron = 100 TB. (1.2)

Today’s high-end 1000 USD devices can perform around 1012 computations per

second. This value is four orders of magnitude less than the human brain speed
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calculated in Eq. (1.1). It is anticipated that future wireless generations will allocate

up to 10 GHz radio frequency (RF) channels for each user in the THz regime. If each

user uses a digital modulation that has an order of at least 10 bits/symbol and the

channel capacity increases by 1000 times, then it can be seen from Eq. (1.3) that

data rates of at least 100 Terabytes per second (TBps) are achievable [1]:

𝑅 = 10 GHz channel × 10 bits/(sec . Hz) × 103 = 100 TBps. (1.3)

From Eq. (1.1)-(1.3), it can be seen that a 10 GHz channel bandwidth will enable

100/20, 000 = 0.5% of real time brain computational capacities. This computational

capacity will increase linearly by increasing the channel bandwidth.

1.2.2 Sensing

Sensing applications will benefit from the sub-mm wavelength of THz frequencies and

the frequency selectivity of the environment which they are measuring to gain knowl-

edge about the environment. Those sensing applications that require very directional

antennas can benefit from the fact that THz frequencies will enable the production

of high gain antennas in a small physical form. As a result the spatial resolution will

become considerably finer as wavelength becomes shorter [1].

One of the exciting examples in this case is creating a detailed 3-D map of a

room or a complex environment in a matter of fractions of a second. This is because

over the past few years electrical beam steering algorithms have improved a lot and

they can be implemented in real time. On the other hand, the propagation times

will be in the order of nano-seconds due to short distances in a room or even a more

complex area. Hence, near real-time mapping of an environment will be feasible using

THz frequencies. This means that future wireless devices will be able to do "wireless

reality sensing" [26], [27].

One of the interesting properties of some materials and gasses is that they res-

onate at particular frequencies because they have vibration absorption at some THz

frequencies. This property can be used by future THz devices to detect the presence
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of a specific gas in the air or a specific item in a room based on frequency scanning.

This means that future smart phones and mobile devices capable of 6G will have

the potential to be used to detect the presence of certain gasses in the air, certain

chemicals in food or drink, and detect other irregular materials in the world around

us [1], [28].

Other sensing applications mentioned in the literature includes very small radars

for gesture detection that can be used in touchless smart phones, spectrometers for

gas sensing and explosive detection [28], THz body scanners for security reasons, air

quality detection [20], precise time/frequency transfer, and wireless synchronization

[15], [29], [30].

1.2.3 Imaging

As described in section 1.1, THz channel is less impacted by the ambient light and

weather compared to visible light frequency channels. Thus, radar at THz frequencies

will be more effective than infrared-based imaging such as Light detection and Rang-

ing (LIDAR). One of the disadvantages of LIDAR is that it cannot be trusted when

the weather condition is not ideal or it is foggy, raining, or cloudy [31]. Therefore,

its high resolution will not be useful in those situations. On the other hand, THz

radar is not affected by the weather, therefore it can be used in autonomous vehicles

despite having a lower resolution compared to LIDAR [15], [19].

Another exciting feature that can be added to computer vision is to "view" non-

line of sight (NLoS) objects around corners. This will be especially attractive to rescue

and surveillance teams as well as researchers in the field of self-driving cars. As some

building surfaces such as walls, doors, and floors behave as mirrors to THz radiations,

thus NLoS imaging will be possible if there are enough reflection or scattering paths

[32], [33]. Although the idea of NLoS imaging is not a new idea and has been exploited

based on visible light and infrared light in [34], [35], [36], it is not very practical

since it requires very complex hardware and computationally expensive algorithms

because the optical wavelength is smaller than the roughness factor of most surfaces

for distances below 5 metres (m) [1]. Lower frequencies below 10 GHz also can be
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used for NLoS imaging. However, these systems have the disadvantage of not being

able to deal with cluttered images due to strong multi-path reflections [37].

Since THz frequencies are higher than that of microwaves and lower than visible

light frequencies, it comes to mind that THz waves can combine the advantage points

of both of them. Firstly, THz waves have short wavelength and wide bandwidth which

enable THz systems to capture high spatial resolution images [38]. Also, most building

surfaces act very close to "electrical mirrors" when THz waves are the incident waves

to the surfaces. This results in strong specular components that allow efficient NLoS

imaging while spatial coherency and high spatial resolution are maintained [33]. The

idea here is to illuminate the environment with THz waves and compute the time

of flight (ToF) of the back-scattered signals. From there, a distorted 3-D image

of the scene can be constructed. The distorted image can be corrected if the LoS

surfaces act as mirrors because of the strong specular reflections by using mirroring

transformations [32].

Fig. 1-2 and 1-3 from [2] depict the experimental setup and results of

1.2.4 Positioning

Future wireless communication systems operating in the THz band will be able to

perform centimetre-level localization. An example of this application is illustrated in

Fig. 1-2 and 1-3 from [2] showcasing the experimental setup and the corresponding

results, respectively. The experiment clearly shows a very high accuracy even in NLoS

scenarios. The setup for this experiment is shown in Fig. 1-2 which consists of the

following components. The first one is a synthetic aperture radar (SAR) which has a

13-cm aperture linear antenna and operates in the frequency range between 220 GHz

to 300 GHz. The mock-up environment also has two pieces of drywall, one in LoS

and the other one in NLoS. There is also a single-antenna user. The localization is

done by first constructing a mmWave image of the environment which can be done

by rapid beam steering. Then, the user needs to estimate the angle of arrival (AoA)

and time of arrival (ToA). This will be done by sending a pilot signal to the base

station (BS). The final step is to use AoA and ToA to back-track the path of the
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signal sent by the user on the constructed mmWave image in the first step. The user

signal here experiences two reflections, however, the localization of the user was done

with high accuracy. This method is unique in its own way since it does not need prior

knowledge of the environment and it is ready to use without any prior calibration [2].

Figure 1-2: Experimental setup for centimeter-level positioning by using mmWave
adopted from [2].

Figure 1-3: The user location is projected on the corrected 2D mmWave image [2].

1.3 Motivation and Contribution

THz channels exhibit unique characteristics due to the diffuse scattering from rough

surfaces at THz frequencies, causing incident waves to scatter in random directions.

This phenomenon results in highly frequency-selective channels, particularly when

the carrier frequency is high and the distance between transmit and receive antennas

and reflecting objects is short. Considering this frequency selectivity, it is worth

investigating orthogonal frequency division multiplexing (OFDM)-based waveforms,

which are widely used in 4G LTE and 5G NR, for THz channels. However, there is

a lack of comprehensive studies on OFDM in THz channels with accurate channel
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models, as most studies focus on sub-THz channels, which differ from THz channels.

Moreover, OFDM is known to have a high peak-to-average power ratio (PAPR),

and it is important to compare its performance with other options that have lower

PAPR to determine if the higher PAPR is justified. Therefore, this thesis presents a

thorough analysis of OFDM and DFT-s-OFDM (which has a lower PAPR compared

to OFDM) performance in THz channels, serving as benchmark results for future

waveform designs.

Over the past two decades, OFDM has gained significant interest from researchers

and industry professionals alike, making it the most widely used signaling method in

wireless channels [39]. It has been implemented in a vast array of wireless standards,

including various adaptations of IEEE 802.11 and IEEE 802.16, third generation

partnership program long-term evolution (3GPP-LTE) and LTE advanced, and 5G

cellular communications [40]. Therefore, it is important to study the OFDM tech-

nique in an accurate THz channel and validate its performance as one of the potential

candidate waveforms to be adopted in 6G cellular networks. However, to this day, a

study on the performance and complexity trade-offs of OFDM and the single carrier

version of that known as DFT-s-OFDM or pre-coded OFDM in THz channels still

lacks in the literature. Both OFDM and DFT-s-OFDM have their own unique advan-

tages and disadvantages. One of the main advantages of OFDM over DFT-s-OFDM

is the simple equalization process at the receiver. As it will be discussed in Chapter

4, DFT-s-OFDM requires a minimum mean square error (MMSE) equalizer to have

a good bit error rate (BER) performance. On the other hand, DFT-s-OFDM has

the advantage of low PAPR compared to OFDM which makes it suitable for uplink

transmission where the power is limited [41].

The rest of this thesis is organized as follows. In Chapter 2, a channel model is

studied with unique terahertz propagation characteristics that can be used to study

candidate waveforms in the THz band. This channel model is obtained based on a

combination of ray tracing techniques and statistical methods. Chapter 3 outlines

OFDM and DFT-s-OFDM waveforms that are used in the THz channel. Low den-

sity parity check (LDPC) coding that is used in 5G NR reviewed alongside with the
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parameters that can potentially be used in 6G. Phase noise (PN) as a very impor-

tant hardware impairment is studied in the same chapter. A phase noise model for

THz frequencies is demonstrated. This model can be used to simulate the effect of

phase noise on OFDM and DFT-s-OFDM in THz channels. The simulation results

are presented in Chapter 4. Channel impulse response (CIR) of several THz channels

are presented. A simulation based approach to determine the best cyclic prefix (CP)

length is provided. The performance of OFDM and DFT-s-OFDM in terms of BER

and block error rate (BLER) is studied. A modified phase noise estimation and com-

pensation method is proposed for both OFDM and DFT-s-OFDM. Finally, Chapter

5 summarises the main conclusions of this thesis.
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Chapter 2

THz Channel Model

2.1 Introduction

To analyze wireless communication systems, it is important to have a unified model

that can be used in simulations. This model should be accurate enough by charac-

terizing the wireless channel properties to match the measurements. Unlike at lower

frequencies below 6 GHz that the propagated wave is mainly attenuated due to the

molecular absorption in free space, at higher frequencies, since the wavelength be-

comes very short and comparable to the size of dust, rain, snow, and other materials

in the air, the effect of scattering becomes much more severe [11]. Certain gasses in

the atmosphere have resonance frequencies that are in the terahertz range. These

gasses include but not limited to oxygen and hydrogen. The resonances of such gases

at certain frequency bands will cause a significant absorption loss. This effect is called

atmospheric absorption. As shown in Fig. 2-1, the frequency bands of 183 GHz, 325

GHz, 380 GHz, 450 GHz, 550 GHz, and 760 GHz, experience a much greater atten-

uation in typical air due to the atmospheric absorption in addition to the Friss’ free

space loss. This effect makes these frequency bands very attractive for very short

range and secure wireless communications where the signal attenuates very fast. On

the other hand, there are some frequency bands such as frequencies below 300 GHz

that do not suffer more than 10 dB/km of additional loss due to atmospheric absorp-

tion. These frequency bands have the potential to be used for high speed 6G cellular
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Figure 2-1: Atmospheric absorption versus carrier frequency for different humidity
conditions [3].

networks with coverage range of up to several kilometers [7], [1]. The other interesting

frequency band ranges from 600 GHz to 800 GHz. The atmospheric absorption in this

band is between 100 to 200 dB/km. This means that over a 100 m distance, which

is the typical radius of a small cell, the loss will be between 10 to 20 dB. This level

of atmospheric absorption will be easily handled by high gain directional antennas,

which makes this frequency band very practical for the next generation of cellular

networks.

The channel models for lower frequency bands like 60 GHz [42] are not suitable for

Terahertz simulations as they do not model the very high molecular and atmospheric

absorption or the very high reflection loss. Some existing channel models for the

THz band such as [13], [43], [44], [45] are only limited to characterize the multi-path

channel at 300 GHz. These models have the advantage of considering the atmospheric

absorption of LoS and NLoS rays as well as scattering loss from rough surfaces. One

of the disadvantages of these models is that they are based on measurements, which

means these models are subject to the specific environment and settings.

In this chapter, a brief overview of the THz band channel model based on ray

tracing methods is given. Using this model, the channel characteristics in the THz

band such as distance-varying and frequency-selective nature of the THz band chan-

nels are analyzed. Additionally, the coherence bandwidth and the importance of the

delay spread of the Terahertz channels are studied.
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2.2 Multi-Ray Channel Model

In this section, the multi-ray channel model that was developed using ray tracing

methods in [46] is introduced. The ray tracing methods are generally optic approaches

but as the wavelength in the THz band is very short, we can use ray tracing to

accurately model the LoS, reflected, diffusely scattered, and diffracted electromagnetic

(EM) waves.

The multi-ray propagation model in the THz band is combined of many individual

sub-bands that are considered to be narrow enough to have a flat frequency response.

Then, the superposition theory can be used to get the narrow band channel impulse

response (CIR) that consists of 𝑁𝑖 rays in the 𝑚𝑡ℎ frequency sub-band. Among

those 𝑁𝑚 rays, the 𝑛𝑡ℎ ray will go through an attenuation of 𝛼𝑚,𝑛 that is frequency-

dependent to get to the receiver after a propagation delay of 𝜏𝑛. Finally, the time-

domain CIR for the 𝑚𝑡ℎ frequency sub-band is given by:

ℎ𝑚(𝜏) =
𝑁𝑚∑︁
𝑛=1

𝛼𝑚,𝑛𝛿(𝜏 − 𝜏𝑛). (2.1)

Different rays that form the multi-ray channel model are LoS, reflected, scattered,

and diffracted rays. Fig. 2-2 from [4] shows four scenarios for a ray that can reach to

the receiver.

Assuming that the LoS can be either present or not, the indicator I𝐿𝑜𝑆 is equal to

0 if the LoS path is not available, or is equal to 1 if the LoS path does exist. 𝑁 (𝑚)
𝑅𝑒𝑓 is

the number of reflected rays, 𝑁 (𝑚)
𝑆𝑐𝑎 is the number of scattered rays, and 𝑁

(𝑚)
𝐷𝑖𝑓𝑓 is the

number of diffracted rays in the 𝑚𝑡ℎ frequency sub-band. The channel model in time

domain can be written as shown in [4]:
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((a)) ((b))

((c)) ((d))

Figure 2-2: Propagation rays between Tx and Rx. (a): LoS ray, (b): Reflected rays,
(c): Scattered rays, and (d): Diffracted rays [4].

ℎ𝑚(𝜏) = 𝛼
(𝑚)
𝐿𝑜𝑆𝛿(𝜏 − 𝜏𝐿𝑜𝑆)I𝐿𝑜𝑆 +

𝑁
(𝑚)
𝑅𝑒𝑓∑︁
𝑙=1

𝛼
(𝑚,𝑙)
𝑅𝑒𝑓 𝛿(𝜏 − 𝜏

(𝑙)
𝑅𝑒𝑓 )

+

𝑁
(𝑚)
𝑆𝑐𝑎∑︁
𝑞=1

𝛼
(𝑚,𝑞)
𝑆𝑐𝑎 𝛿(𝜏 − 𝜏

(𝑞)
𝑆𝑐𝑎)

+

𝑁
(𝑚)
𝐷𝑖𝑓𝑓∑︁
𝑢=1

𝛼
(𝑚,𝑢)
𝐷𝑖𝑓𝑓 𝛿(𝜏 − 𝜏

(𝑢)
𝐷𝑖𝑓𝑓 ),

(2.2)

where 𝛼
(𝑚)
𝐿𝑜𝑆 is the attenuation that the LoS ray experiences, and 𝜏𝐿𝑜𝑆 is the propaga-

tion delay. Similarly, for the 𝑙𝑡ℎ reflected ray, 𝛼(𝑚,𝑙)
𝑅𝑒𝑓 is the attenuation and 𝜏

(𝑙)
𝑅𝑒𝑓 is the

propagation delay. Finally, for the 𝑞𝑡ℎ scattered path and 𝑢𝑡ℎ diffracted path, 𝛼(𝑚,𝑞)
𝑆𝑐𝑎

and 𝛼
(𝑚,𝑢)
𝐷𝑖𝑓𝑓 are the attenuation coefficients and the propagation delays are expressed

as 𝜏
(𝑞)
𝑆𝑐𝑎 and 𝜏

(𝑢)
𝐷𝑖𝑓𝑓 , respectively.
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In the next sections, the transfer function of each of the scenarios depicted in Fig.

2-2 in frequency domain is presented. The frequency-domain transfer function, then

can be converted to time-domain and using the superposition theory, the channel

impulse response in time domain will be given.

2.2.1 Line of Sight (LoS)

The LoS channel transfer function in frequency domain is denoted by 𝐻𝐿𝑜𝑆 which

is made out of two types of losses, namely, the spreading loss and the molecular

absorption loss.

The spreading loss, 𝐻𝑆𝑝𝑟, is due to the free space path loss that is related to the

carrier frequency, 𝑓 , and the transmission distance, 𝑟, between the transmitter (Tx)

and the receiver (Rx). This transfer function is given by

𝐻𝑆𝑝𝑟(𝑓, 𝑟) =
√︀
2𝑍0

𝑐

4𝜋.𝑓.𝑟
, (2.3)

where 𝑍0 = 120𝜋 Ω is the impedance of free space, 𝑐 is the speed of light and is equal

to 299,792,458 m/s, 𝑓 and 𝑟 stand for the carrier frequency and the transmission

distance, respectively.

To derive the transfer function of the molecular absorption loss, we can use the

Beer-Lambert law. This law relates to the attenuation of light to the properties of

the material of the space that the light is travelling through. Reference [47] provides

a data base called HITRAN (HIgh resolution TRANsmission molecular absorption)

database. This database helps to compute attenuation of travelling waves. The

authors in [48] have used the HITRAN database, the Beer-Lambert law, and radiative

transfer theory [49] to derive the transmittance of the medium as a function of the

carrier frequency and the medium 𝛽 given as [48]:

𝛽(𝑓, 𝑟) =
𝑃0

𝑃𝑖

= 𝑒−𝑘(𝑓).𝑟, (2.4)

where 𝑃𝑖 and 𝑃0 stand for the incident and radiated powers, respectively. 𝑓 is the

carrier frequency and 𝑟 is the total path length. 𝑘 is the medium absorption coefficient

15



that is highly dependent on the composition of the medium and is defined as [48]:

𝑘(𝑓) =
∑︁
𝑖,𝑔

𝑘(𝑖,𝑔)(𝑓), (2.5)

where 𝑓 is the frequency of the wave and 𝑘(𝑖,𝑔) is the individual absorption coefficient

for the isotopologue 𝑖 of gas 𝑔. Isotopologue is a molecule that only is different from

another in its isotopic composition. In the THz band, different types of gas have

different resonating isotopologues. The detail explanations about 𝑘(𝑖,𝑔) is given in

[48]. Finally, the transfer function of the absorption loss is given by [4]:

𝐻𝐴𝑏𝑠(𝑓, 𝑟) = 𝑒−
1
2
𝑘(𝑓)𝑟. (2.6)

Finally, the overall transfer function for the LoS rays, 𝐻𝐿𝑜𝑆 is given by:

𝐻𝐿𝑜𝑆(𝑓, 𝑟) = I𝐿𝑜𝑆𝐻𝑆𝑝𝑟(𝑓, 𝑟).𝐻𝐴𝑏𝑠(𝑓, 𝑟)𝐹
𝐿𝑜𝑆
𝑡 𝐹𝐿𝑜𝑆

𝑟 .𝑒−𝑗2𝜋𝑓𝜏𝐿𝑜𝑆 , (2.7)

where 𝐹𝐿𝑜𝑆
𝑡 , 𝐹𝐿𝑜𝑆

𝑟 is the antenna radiation pattern factor between Tx and Rx, 𝑓 is

the carrier frequency, 𝑟 is the transmission distance between Tx and Rx, and 𝜏𝐿𝑜𝑆 is

the propagation delay of the LoS ray.

2.2.2 Specular Reflection

Figure 2-3: Specular reflection.

Fig. 2-3 shows an example of a specular reflection. In specular reflection, the
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incident angle, 𝜃1, is equal to the reflection angle, 𝜃2, i.e., 𝜃1 = 𝜃2 = 𝜃𝑖. The transfer

function of the reflected ray propagation, 𝐻𝑅𝑒𝑓 , is given by [6]:

𝐻𝑅𝑒𝑓 (𝑓) = (
√︀

2𝑍0
𝑐

4𝜋𝑓.(𝑟1 + 𝑟2)
)𝐹𝑅𝑒𝑓

𝑡 𝐹𝑅𝑒𝑓
𝑟 𝑒−𝑗2𝜋𝑓𝜏𝑅𝑒𝑓− 1

2
𝑘(𝑓)(𝑟1+𝑟2).𝑅(𝑓), (2.8)

where 𝐹𝑅𝑒𝑓
𝑡 , 𝐹𝑅𝑒𝑓

𝑟 is the antenna radiation pattern factor between Tx and Rx, the

time-of-arrival (ToA) of the reflected ray is given by 𝜏𝑅𝑒𝑓 = (𝑟1 + 𝑟2)/𝑐. 𝑍0 = 120𝜋 Ω

is the intrinsic impedance of free space.

𝑅(𝑓) is the reflection loss for a rough surface that can be obtained using the Kirch-

hoff theory as a multiplication of the smooth surface reflection coefficient obtained

from the Fresnel equations, 𝛾𝑇𝐸, with the Rayleigh roughness factor, 𝜌:

𝑅(𝑓) = 𝛾𝑇𝐸(𝑓).𝜌(𝑓). (2.9)

The Fresnel reflection coefficient for transverse electric (TE) polarized waves onto

a smooth surface is given by [50]:

𝛾𝑇𝐸 =
𝑐𝑜𝑠(𝜃1)−

√︀
𝑛2 − 𝑠𝑖𝑛2(𝜃1)

𝑐𝑜𝑠(𝜃1) +
√︀

𝑛2 − 𝑠𝑖𝑛2(𝜃1)

=
𝑐𝑜𝑠(𝜃1)− 𝑛

√︁
1− ( 1

𝑛
𝑠𝑖𝑛(𝜃1))2

𝑐𝑜𝑠(𝜃1) + 𝑛
√︁
1− ( 1

𝑛
𝑠𝑖𝑛(𝜃1))2

≈ −(1 +
−2𝑐𝑜𝑠(𝜃1)√

𝑛2 − 1
)

≈ −𝑒𝑥𝑝(
−2𝑐𝑜𝑠(𝜃1)√

𝑛2 − 1
),

(2.10)

where 𝜃1 is the angle of the incident wave as shown in Fig. 2-3 and can be calculated

based on the trigonometry rules and the locations of the transmitter, the reflection

point, and the receiver. 𝑛 is the complex refractive index of the surface, which is a

frequency and material dependent parameter [51]. The Rayleigh factor, 𝜌, is given

by [51]:
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𝜌(𝑓) = 𝑒𝑥𝑝(−8𝜋2𝑓 2𝜎2
ℎ𝑐𝑜𝑠

2(𝜃1)

𝑐2
), (2.11)

where the height of the rough surface is modeled as a Gaussian distribution with the

standard deviation of 𝜎ℎ.

2.2.3 Scattered Rays

The wavelength of the carrier in the THz band is very short and it is smaller than 1

mm for frequencies above 0.3 THz. Therefore, a surface that might be considered a

smooth surface in mm-Wave or lower frequency bands, will act as a rough surface in

the THz band. Modeling the rough surface is very important in the THz band as most

surfaces appear as rough surfaces in this band. A rough surface will reflect the incident

wave in many different random directions, hence, scattering the rays. Fig. 2-2 (c)

shows the scattered rays from a rough surface. To model the scattering components,

the illuminated area around the reflection point is divided into small rectangular tiles

as shown in Fig. 2-4. The geometrical parameters corresponding to each tile is shown

on Fig. 2-5 depicts the 𝑖𝑡ℎ tile of the rough surface. The parameters that first need to

be calculated for each tile are the transmission distance from the transmitter to the

𝑖𝑡ℎ tile, 𝑠(𝑖)𝑡 , the incident angle, 𝜃(𝑖)1 , the elevation angle, 𝜃(𝑖)2 , the azimuth angle, 𝜃(𝑖)3 ,

the distance from the tile to the receiver, 𝑠(𝑖)𝑟 , the angles of departure (AoD) at the

transmitter antenna, 𝜃(𝑖)𝑇𝑋 and 𝜙
(𝑖)
𝑇𝑋 , and the angles of arrival (AoA) at the receiver,

𝜃
(𝑖)
𝑅𝑋 , 𝜙(𝑖)

𝑅𝑋 . The total number of tiles for a rough surface is 𝑁 .

The scattering on a rough surface with a Gaussian-like height distribution without

sharp irregularities is considered.

The transfer function of the scattered ray propagation for the 𝑖𝑡ℎ tile, 𝐻
(𝑖)
𝑆𝑐𝑎, is

given by:

𝐻
(𝑖)
𝑆𝑐𝑎(𝑓) =

√
2𝑍0

2𝜋
𝐹 𝑖
𝑡𝐹

𝑖
𝑟(

𝑙𝑥𝑙𝑦

𝑠
(𝑖)
𝑡 𝑠

(𝑖)
𝑟

)𝑒−𝑗2𝜋𝑓𝜏
(𝑖)
𝑆𝑐𝑎−

1
2
𝑘(𝑓)(𝑠

(𝑖)
𝑡 +𝑠

(𝑖)
𝑟 ).𝑆(𝑖)(𝑓), (2.12)
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Figure 2-4: The illuminated rough surface divided into small tiles.

Figure 2-5: The 𝑖𝑡ℎ tile of the rough surface.

where 𝐹 𝑖
𝑡 and 𝐹 𝑖

𝑟 is the antenna radiation pattern factor between Tx and Rx, 𝑙𝑥 and

𝑙𝑦 are the dimensions of each tile, 𝑠(𝑖)𝑡 and 𝑠
(𝑖)
𝑟 are the distance from the 𝑖𝑡ℎ tile to

the transmitter and receiver antenna, respectively. 𝜏
(𝑖)
𝑆𝑐𝑎 = (𝑠

(𝑖)
𝑡 + 𝑠

(𝑖)
𝑟 )/𝑐 is the time

of arrival of the scattered ray, and 𝑆(𝑖)(𝑓) is the scattering coefficient that is given in

[6] as:
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𝑆(𝑖)(𝑓) =
⃒⃒⃒
𝑅

(𝑖)
𝐹𝑟𝑒𝑠

⃒⃒⃒ √︁
⟨𝜌𝜌*⟩(𝑖)∞

⃒⃒⃒
𝑐𝑜𝑠(𝜃

(𝑖)
1 )
⃒⃒⃒
𝑒𝑗Ψ𝑖 , (2.13)

where Ψ𝑖 is a random phase variable with uniform distribution over [0, 2𝜋] for the 𝑖𝑡ℎ

tile. 𝑅(𝑖)
𝐹𝑟𝑒𝑠 is the Fresnel field reflection coefficient of a smooth surface for the 𝑖𝑡ℎ tile

that consists of vertical and horizontal polarization terms given by [50] as shown in

Eq. (2.14)

⃒⃒⃒
𝑅

(𝑖)
𝐹𝑟𝑒𝑠

⃒⃒⃒2
=
⃒⃒⃒
𝑅

(𝑖)
𝐹𝑟𝑒𝑠,𝑣

⃒⃒⃒2
𝜅2
𝑖 + (1− 𝜅2

𝑖 )
⃒⃒⃒
𝑅

(𝑖)
𝐹𝑟𝑒𝑠,ℎ

⃒⃒⃒2
(2.14a)

𝑅
(𝑖)
𝐹𝑟𝑒𝑠,𝑣 =

𝑐𝑜𝑠𝜃
(𝑖)
1 −

√︁
𝑛2 − 𝑠𝑖𝑛𝜃

(𝑖)
1

𝑐𝑜𝑠𝜃
(𝑖)
1 +

√︁
𝑛2 − 𝑠𝑖𝑛𝜃

(𝑖)
1

(2.14b)

𝑅
(𝑖)
𝐹𝑟𝑒𝑠,ℎ =

−𝑛𝑐𝑜𝑠𝜃
(𝑖)
1 +

√︁
1− 𝑛2𝑠𝑖𝑛𝜃

(𝑖)
1

𝑛𝑐𝑜𝑠𝜃
(𝑖)
1 +

√︁
1− 𝑛2𝑠𝑖𝑛𝜃

(𝑖)
1

(2.14c)

where 𝜅 = 𝐸𝑖𝑛
𝑣 /𝐸𝑖𝑛 is the ratio of the vertical component to the total electric field.

⟨𝜌𝜌*⟩(𝑖)∞ is the average power reflection coefficient of a perfect electric conductor (PEC)

tile with a Gaussian-distributed rough surface and is given in [50] based on Beckmann-

Kirchhoff theory:

⟨𝜌𝜌*⟩(𝑖)∞ = 𝑒−𝑔𝑖

(︃
(𝜌

(𝑖)
0 )2 +

𝜋𝑙2𝑐𝑜𝑟𝑟𝐹
2
𝑖

𝑙𝑥𝑙𝑦

∞∑︁
𝑚=1

𝑔𝑚𝑖
𝑚!𝑚

𝑒−
𝑣2𝑖 𝑙

2
𝑐𝑜𝑟𝑟
4𝑚

)︃
, (2.15)

where 𝑙𝑐𝑜𝑟𝑟 is the correlation length of the rough surface and larger than the wavelength

of the carrier frequency. Other parameters are also given in [50]

𝑔𝑖 =
4𝜋2𝜎2

ℎ

𝜆2
(𝑐𝑜𝑠𝜃

(𝑖)
1 + 𝑐𝑜𝑠𝜃

(𝑖)
2 )2 (2.16a)

𝜌
(𝑖)
0 = 𝑠𝑖𝑛𝑐(𝑣(𝑖)𝑥 𝑙𝑥)× 𝑠𝑖𝑛𝑐(𝑣(𝑖)𝑦 𝑙𝑦) (2.16b)
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𝐹𝑖 =
1 + 𝑐𝑜𝑠𝜃

(𝑖)
1 𝑐𝑜𝑠𝜃

(𝑖)
2 − 𝑠𝑖𝑛𝜃

(𝑖)
1 𝑠𝑖𝑛𝜃

(𝑖)
2 𝑐𝑜𝑠𝜃

(𝑖)
3

𝑐𝑜𝑠𝜃
(𝑖)
1 (𝑐𝑜𝑠𝜃

(𝑖)
1 + 𝑐𝑜𝑠𝜃

(𝑖)
2 )

(2.16c)

𝑣𝑖 =

√︁
(𝑣

(𝑖)
𝑥 )2 + (𝑣

(𝑖)
𝑦,𝑖)

2, (2.16d)

where

𝑣(𝑖)𝑥 =
2𝜋

𝜆
(𝑠𝑖𝑛𝜃

(𝑖)
1 − 𝑠𝑖𝑛𝜃

(𝑖)
2 𝑐𝑜𝑠𝜃

(𝑖)
3 ) (2.17a)

𝑣(𝑖)𝑦 = −2𝜋

𝜆
𝑠𝑖𝑛𝜃

(𝑖)
2 𝑠𝑖𝑛𝜃

(𝑖)
3 (2.17b)

where 𝜆 is the wavelength of the carrier frequency. The standard deviation of the

surface height, 𝜎ℎ in Eq. (2.16a), determines the scattering behaviour of the surface.

The correlation length, 𝑙𝑐𝑜𝑟𝑟 in (2.15), shows the roughness of the surface. In other

words, larger 𝑙𝑐𝑜𝑟𝑟 means that the surface is smoother and smaller 𝑙𝑐𝑜𝑟𝑟 means that

the surface is rougher as there is sharper variations in the surface height function.

So far, the transfer function of the channel for 𝑁𝑙 tiles and 𝑁𝑂𝑏𝑗 objects can be

written as

𝐻(𝑓) = I𝐿𝑜𝑆𝐻𝐿𝑜𝑆(𝑓) +

𝑁𝑂𝑏𝑗∑︁
𝑘=1

𝐻
(𝑘)
𝑅𝑒𝑓 (𝑓)𝛿(𝜃1 − 𝜃2)𝛿(𝜃3) +

𝑁𝑂𝑏𝑗∑︁
𝑘=1

𝑁𝑙∑︁
𝑖=1

𝐻
(𝑖,𝑘)
𝑆𝑐𝑎 (𝑓)

= I𝐿𝑜𝑆
√︀

2𝑍0
𝑐

4𝜋𝑓𝑟
.𝑒−

1
2
𝑘(𝑓)𝑟𝐹𝐿𝑜𝑆

𝑡 𝐹𝐿𝑜𝑆
𝑟 .𝑒−𝑗2𝜋𝑓𝜏𝐿𝑜𝑆

+

𝑁𝑂𝑏𝑗∑︁
𝑘=1

√︀
2𝑍0

𝑐

4𝜋𝑓.(𝑟
(𝑘)
1 + 𝑟

(𝑘)
2 )

𝐹𝑅𝑒𝑓
𝑡 𝐹𝑅𝑒𝑓

𝑟 𝑒−𝑗2𝜋𝑓𝜏
(𝑘)
𝑅𝑒𝑓−

1
2
𝑘(𝑓)(𝑟

(𝑘)
1 +𝑟

(𝑘)
2 ).𝑅(𝑘)(𝑓).𝛿(𝜃1 − 𝜃2)𝛿(𝜃3)

+

𝑁𝑂𝑏𝑗∑︁
𝑘=1

𝑁𝑙∑︁
𝑖=1

√
2𝑍0

2𝜋
(

𝑙𝑥𝑙𝑦

𝑠
(𝑖,𝑘)
𝑡 𝑠

(𝑖,𝑘)
𝑟

)𝐹 𝑖
𝑡𝐹

𝑖
𝑟𝑒

−𝑗2𝜋𝑓𝜏
(𝑖,𝑘)
𝑆𝑐𝑎 − 1

2
𝑘(𝑓)(𝑠

(𝑖,𝑘)
𝑡 +𝑠

(𝑖,𝑘)
𝑟 )

⃒⃒⃒
𝑅

(𝑖,𝑘)
𝐹𝑟𝑒𝑠

⃒⃒⃒ √︁
⟨𝜌𝜌*⟩(𝑖,𝑘)∞

⃒⃒⃒
𝑐𝑜𝑠(𝜃

(𝑖,𝑘)
1 )

⃒⃒⃒
𝑒𝑗Ψ𝑖,𝑘

(2.18)
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Discussion on Tile Size

The formulation of the rough surface presented in [50], known as Beckmann-Kirchhoff,

is only for one rough surface that is illuminated by a plane wave. In a real world indoor

environment, this assumption is not true since there are multiple objects such as the

walls, tables in a room, and ceiling that can reflect the NLoS rays. To overcome this

challenge, each surface is divided into equal tiles. Each tile has a dimension of 𝑙𝑥× 𝑙𝑦.

If these tiles are small enough compared to the distance between the transmitter

antenna and the illuminated object, the electric field can be considered as a plane

wave [52]. The requirement for this condition is that each tile should be in the far-field

region of the transmitter and receiver antennas. To meet this condition we should

have the following [6]

𝑚𝑎𝑥(𝑙𝑥, 𝑙𝑦) ≤
√︂

𝜆

2
𝑟. (2.19)

The size of each tile is important since it affects the time resolution of the multi-

path components. A rule of thumb to select the size of the tile is that it has to be

larger than the correlation length, 𝑙𝑐𝑜𝑟𝑟, as given in [50], i.e., 𝑚𝑖𝑛(𝑙𝑥, 𝑙𝑦) ≫ 𝑙𝑐𝑜𝑟𝑟. This

condition will also make sure that the tile size is much greater than the wavelength as

𝑙𝑐𝑜𝑟𝑟 ≫ 𝜆. This means that the edge effect will not affect the validity of Beckmann-

Kirchhoff formulations [50].

2.2.4 Diffracted Rays

The diffraction model can be approximated using the Fresnel Knife Edge Diffraction

(KED) theory. The diffraction channel transfer function for one object is given by [4].

However, this formula needs to be modified to make it consistent with our formulation.

Therefore, the 𝑍0, antenna radiation pattern factors between Tx and Rx, 𝐹𝐷𝑖𝑓𝑓
𝑡 and

𝐹𝐷𝑖𝑓𝑓
𝑟 has to be added to the original formula. Eq. (2.20) is the diffraction channel

transfer function, 𝐻𝐷𝑖𝑓𝑓 (𝑓), for one object
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𝐻𝐷𝑖𝑓𝑓 (𝑓) =
√︀

2𝑍0
𝑐

4𝜋𝑓(𝑑1 + 𝑑2)
𝐹𝐷𝑖𝑓𝑓
𝑡 𝐹𝐷𝑖𝑓𝑓

𝑟 𝑒−𝑗2𝜋𝑓𝜏𝐷𝑖𝑓− 1
2
𝑘(𝑓)(𝑑1+𝑑2).𝐿(𝑓), (2.20)

where 𝑑1 and 𝑑2 are the distance between the transmitter antenna and the diffracting

point and the distance between the diffracting point and the receiver antenna, respec-

tively. Time-of-arrival of the diffracted ray is 𝜏𝐷𝑖𝑓 = 𝜏𝐿𝑜𝑆 + ∆𝑑/𝑐. If 𝜈(𝑓) =
√︁

2𝑓Δ𝑑
𝑐

where ∆𝑑 can be calculated based on the geometry of the environment in Fig. 2-2 (d),

as ∆𝑑 =
ℎ2
𝑑(𝑑1+𝑑2)

2𝑑1𝑑2
. This means that the diffracted path will be slightly longer than

the LoS path length. This extra distance is approximated by ∆𝑑. The diffraction

coefficient, 𝐿(𝑓), can be derived by an approximation to the Fresnel integral as shown

in [4], as

𝐿(𝑓) =

⎧⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎩
𝜇1(𝑓).(0.5𝑒

−0.95𝜈(𝑓)) 0 < 𝜈(𝑓) ≤ 1,

𝜇2(𝑓).
(︁
0.4−

√︀
0.12− (0.38− 0.1𝜈(𝑓))2

)︁
1 < 𝜈(𝑓) ≤ 2.4,

𝜇3(𝑓).(0.225/𝜈(𝑓)) 𝜈(𝑓) > 2.4,

(2.21)

where the parameters 𝜇1(𝑓), 𝜇2(𝑓), and 𝜇3(𝑓) that are frequency-dependent, are cho-

sen to best fit the data presented in [53].

The overall channel model including the diffracted rays can be written as

𝐻(𝑓) = I𝐿𝑜𝑆𝐻𝐿𝑜𝑆(𝑓) +

𝑁𝑂𝑏𝑗∑︁
𝑘=1

𝐻
(𝑘)
𝑅𝑒𝑓 (𝑓)𝛿(𝜃1 − 𝜃2)𝛿(𝜃3) +

𝑁𝑂𝑏𝑗∑︁
𝑘=1

𝑁𝑙∑︁
𝑖=1

𝐻
(𝑖,𝑘)
𝑆𝑐𝑎 (𝑓)

+ I𝐷𝑖𝑓

𝑁𝐷𝑖𝑓∑︁
𝑙=1

𝐻
(𝑙)
𝐷𝑖𝑓𝑓 (𝑓)

(2.22)

where I𝐷𝑖𝑓 is an indicator of the existence of diffracting objects in the environment.

If the indicator is I𝐷𝑖𝑓 = 0, it means that there is no diffracting object. On the other

hand, if it is equal to 1, it means that at least one diffracting point is present in the

environment. 𝑁𝐷𝑖𝑓 is the number of diffracting points, 𝑁𝑙 is the number of tiles on
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one surface, and 𝑁𝑂𝑏𝑗 is the number of reflecting objects in the environment.

Finally, the channel transfer function in time domain for the 𝑚𝑡ℎ frequency band

is given by

ℎ𝑚(𝜏) = I𝐿𝑜𝑆
√︀

2𝑍0
𝑐

4𝜋𝑓𝑚𝑟
.𝑒−

1
2
𝑘(𝑓𝑚)𝑟𝐹𝐿𝑜𝑆

𝑡 𝐹𝐿𝑜𝑆
𝑟 .𝛿(𝜏 − 𝜏𝐿𝑜𝑆)

+

𝑁𝑂𝑏𝑗∑︁
𝑘=1

√︀
2𝑍0

𝑐

4𝜋𝑓𝑚.(𝑟
(𝑘)
1 + 𝑟

(𝑘)
2 )

𝐹𝑅𝑒𝑓
𝑡 𝐹𝑅𝑒𝑓

𝑟 𝑒−
1
2
𝑘(𝑓𝑚)(𝑟

(𝑘)
1 +𝑟

(𝑘)
2 ).𝑅(𝑘)(𝑓𝑚).𝛿(𝜃1 − 𝜃2)𝛿(𝜃3)𝛿(𝜏 − 𝜏

(𝑘)
𝑅𝑒𝑓 )

+

𝑁𝑂𝑏𝑗∑︁
𝑘=1

𝑁𝑙∑︁
𝑖=1

√
2𝑍0

2𝜋
(

𝑙𝑥𝑙𝑦

𝑠
(𝑖,𝑘)
𝑡 𝑠

(𝑖,𝑘)
𝑟

)𝐹 𝑖
𝑡𝐹

𝑖
𝑟𝑒

− 1
2
𝑘(𝑓𝑚)(𝑠

(𝑖,𝑘)
𝑡 +𝑠

(𝑖,𝑘)
𝑟 )

⃒⃒⃒
𝑅

(𝑖,𝑘)
𝐹𝑟𝑒𝑠

⃒⃒⃒ √︁
⟨𝜌𝜌*⟩(𝑖,𝑘)∞

⃒⃒⃒
𝑐𝑜𝑠(𝜃

(𝑖,𝑘)
1 )

⃒⃒⃒
𝑒𝑗Ψ𝑖,𝑘𝛿(𝜏 − 𝜏

(𝑖)
𝑆𝑐𝑎)

+ I𝐷𝑖𝑓

𝑁𝐷𝑖𝑓∑︁
𝑙=1

√︀
2𝑍0

𝑐

4𝜋𝑓𝑚(𝑑
(𝑙)
1 + 𝑑

(𝑙)
2 )

𝐹𝐷𝑖𝑓𝑓
𝑡 𝐹𝐷𝑖𝑓𝑓

𝑟 𝑒−
1
2
𝑘(𝑓𝑚)(𝑑

(𝑙)
1 +𝑑(𝑙)2).𝐿(𝑙)(𝑓𝑚)𝛿(𝜏 − 𝜏

(𝑙)
𝐷𝑖𝑓 )

(2.23)

2.3 Conclusion

In this chapter, a channel model that was originally based on Beckmann-Kirchhoff

theory [50] was studied. The ray-tracing technique was adopted to develop this chan-

nel model [46]. However, the model presented in [46] lacks an accurate scattering

model since the power of the channel changes while varying the tile size which is not

physically correct. Therefore, a new scattering model that was introduced in [6], is

incorporated in the original multi-ray channel model. On the other hand, the channel

model introduced in [6], is shown to be accurate enough for LoS, specular reflection,

and scattering rays. Therefore, the effect of diffraction was not studied in [6]. Hence,

in this chapter, we unified both models to have the most accurate channel model so

far. However, for simulation purposes, we do not consider any diffracting objects.

Therefore, the diffraction indicator, I𝐷𝑖𝑓 , will be set to zero in Chapter 4.
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Chapter 3

OFDM and DFT-s-OFDM in the

THz Band

Single-carrier and multi-carrier waveforms each have their own advantages and disad-

vantages over a wireless communication channel. In the THz band channels, the num-

ber of multi-path components will be limited due to the high path loss that is a direct

result of using high frequencies as carriers. Therefore, the communication channel will

have some frequency-flat features. In this situation, low-complexity wide-band single-

carrier systems will be favourable. On the other hand, the molecular absorption loss

that is a frequency-dependant variable, and the geometry of an indoor environment

which will result in the existence of multi-path components, can make the channel to

be frequency-selective. If the channel coherence bandwidth, 𝐵𝑐, is smaller than trans-

mitted signal bandwidth, 𝐵𝑠, the channel will introduce frequency-selective fading to

the transmitted signal. In this situation, a multi-carrier waveform such as orthogo-

nal frequency-division multiplexing (OFDM) will be more favourable as multi-carrier

waveforms handle the frequency-selectivity effects better than single-carrier systems.

Various configurations of single/multi-carrier designs will have different THz spec-

trum utilization. However, the THz band has ultra-large bandwidth resources and

therefore, spectral efficiency is not the main concern. The main concerns in designing

a communication system in the THz band include, but are not limited to, baseband

complexity, power efficiency, and hardware impairment constraints like phase noise.
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In this chapter, we provide a comprehensive study of two main single-carrier and

multi-carrier waveforms. The single-carrier waveform that will be studied in this

chapter is called discrete Fourier-transform spread OFDM (DFT-s-OFDM).

In the following sections, we aim to describe the modulation and demodulation

steps of each candidate single-carrier and multi-carrier waveform.

3.1 Effect of Frequency-Selective Fading

The received signal in time domain at the receiver can be described as follows

𝑟(𝑡) = 𝑢(𝑡) * ℎ(𝑡) + 𝑛(𝑡), (3.1)

where 𝑢(𝑡) is the baseband transmitted signal, ℎ(𝑡) represents the channel impulse

response, and 𝑛(𝑡) is the additive white Gaussian noise (AWGN) in time domain. For

a digital wireless transmission system, the data symbol 𝑠𝑖 is transmitted over each

symbol period after pulse shaping. The transmitted baseband signal is given by

𝑢(𝑡) =
+∞∑︁

𝑖=−∞

𝑠𝑖𝑔(𝑡− 𝑖𝑇𝑠), (3.2)

where 𝑔(𝑡) is the pulse shaping filter and 𝑇𝑠 is the symbol period.

Assuming that the receiver applies matched filter detection with filter response

𝑔*(𝑇𝑠 − 𝑡) and choosing the proper 𝑔(𝑡) so that the overall response of pulse shaping

and matched filter, 𝑔(𝑡) * 𝑔*(𝑇𝑠 − 𝑡), satisfies the Nyquist criterion, it can be shown

that the received baseband signal over the 𝑖𝑡ℎ symbol period is given by [54]

𝑟𝑖 =
𝐿−1∑︁
𝑙=0

ℎ𝑙𝑠𝑖−𝑙 + 𝑛𝑖, (3.3)

where 𝐿 is the number of channel taps. As it can be seen, the received symbol is

the linear convolution of the transmitted symbols with the channel taps plus AWGN

samples 𝑛𝑖. Moreover, the received symbols can be re-written in a way to distinguish

the desired transmitted symbol, 𝑠𝑖, from the rest of transmitted symbols as follows
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𝑟𝑖 = ℎ0𝑠𝑖 +
𝐿−1∑︁
𝑙=1

ℎ𝑙𝑠𝑖−𝑙 + 𝑛𝑖, (3.4)

The term Σ𝐿−1
𝑙=1 ℎ𝑙𝑠𝑖−𝑙 is the interference that comes from other symbols due to multi-

path fading and is referred to as "intersymbol interference" (ISI). To detect the desired

transmitted symbol, 𝑠𝑖, it is crucial to effectively handle the ISI. Failure to do so can

significantly degrade the performance of the system. Equalization is the process of

removing the effect of frequency-selective fading channel. As a result, the ISI effect

will be mitigated after the received signal is properly equalized.

By taking the Fourier transform, the baseband received signal in frequency do-

main, 𝑅(𝑓), can be written as follows

𝑅(𝑓) = ℱ{𝑢(𝑡) * ℎ(𝑡) + 𝑛(𝑡)} = 𝑈(𝑓)×𝐻(𝑓) +𝑁(𝑓), (3.5)

where ℱ{.} denotes the Fourier transform operation, 𝑈(𝑓) is the spectrum of 𝑢(𝑡),

𝐻(𝑓) is the channel frequency response, and 𝑁(𝑓) represents the noise spectrum.

The frequency response of a simple equalizer is designed to be the inverse of the

channel frequency response, i.e.,

𝐻𝑒𝑞(𝑓) =
𝑐

𝐻(𝑓)
, (3.6)

where 𝑐 is a normalizing constant that depends on the output power constraint of the

equalizer.

The baseband received signal after equalization in frequency domain is given by

𝑌 (𝑓) = 𝐻𝑒𝑞(𝑓)×𝑅(𝑓) = 𝑐× 𝑈(𝑓) +𝐻𝑒𝑞(𝑓)×𝑁(𝑓). (3.7)

As a result, the ISI effect will be completely eliminated.
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3.2 Multi-carrier Transmission

Multi-carrier transmission is a widely used digital wireless transmission technology

over frequency-selective fading channels. The idea is to divide the wide-band selec-

tive channel into many parallel narrow-band sub-channels. Then, over each of those

sub-channels, a low rate sub-stream will be transmitted. By increasing the number

of sub-channels, i.e., reducing the bandwidth of each sub-channel, we can make sure

that each sub-stream experiences a frequency flat fading sub-channel. In this case,

the bandwidth of each sub-channel will be less than the channel coherence band-

width. Conventionally, to implement the multi-carrier transmission, we needed to

use multiple narrow-band modulators and demodulators which would highly increase

the complexity of the system. In the 1990s, when the discrete implementation of

multi-carrier transmission was developed, it became more efficient to use the discrete

version of OFDM as a multi-carrier transmission that preserves all the good features

of multi-carrier transmission by only using a single modulator and demodulator pair.

As a result, OFDM becomes the main waveform widely used in wireless communica-

tion systems and can be seen as a benchmark for the newly designed waveforms.

3.2.1 OFDM

As it can be seen, the subcarriers in a multi-carrier transmission system are non-

overlapping. Therefore, at the receiver they can be distinguished. The main dis-

advantage of this approach is that the spectral efficiency of the system will be low.

Especially, in environments that the bandwidth is limited, a conventional multi-carrier

system can face a lot of challenges. To address this issue, it is suggested to use subcar-

riers that are orthogonal to each other over a sub-channel symbol period. Hence, the

subcarriers can still be distinguished at the receiver and also the transmitted signal

will use less bandwidth in frequency domain.

Thanks to the advancements in the implementation of digital signal processing

(DSP) techniques, such as the discrete Fourier transform (DFT) and inverse DFT

(IDFT), we can calculate both DFT and IDFT very efficiently using fast Fourier
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transform (FFT) and inverse FFT (IFFT) algorithms.

Assuming the transmission of 𝑁 modulated data symbols, {𝑠0, 𝑠1, ..., 𝑠𝑁−1}, over a

frequency selective-fading channel with channel impulse response, ℎ𝑛, 𝑛 = 0, 1, ..., 𝐿−

1 and the length of 𝐿, the effect of ISI will be removed by using a multi-carrier

transmission. Therefore, the input/output relation is given by [54]

𝑦𝑖 = 𝐻(𝑖)× 𝑠𝑖 + 𝑛𝑖, 𝑖 = 0, 1, ..., 𝑁 − 1, (3.8)

where 𝑦𝑖 is the decision statistics corresponding to data symbol 𝑠𝑖, 𝑛𝑖 is the AWGN

noise, and 𝐻(𝑖) is the channel frequency response at frequency 𝑓𝑖 = 𝑓𝑐 + 𝑖/𝑇𝑁 , where

𝑇𝑁 is the sub-channel symbol period. By taking 𝑁 -point DFT of the channel impulse

response, ℎ𝑛, we can get 𝐻(𝑖) given by

𝐻(𝑖) = 𝐷𝐹𝑇𝑁{ℎ𝑛} =
𝐿−1∑︁
𝑛=0

ℎ𝑛𝑒
−𝑗2𝜋𝑛𝑖/𝑁 , 𝑖 = 0, 1, ..., 𝑁 − 1. (3.9)

If we neglect the AWGN noise term, the received symbol in time domain can be

written as

𝑟𝑛 = 𝐼𝐷𝐹𝑇𝑁{𝑦𝑖} = 𝐼𝐷𝐹𝑇{𝐻(𝑖).𝑠𝑖} = ℎ𝑛 ⊛ 𝑥𝑛, (3.10)

where 𝑥𝑛 is the 𝑁 -point IDFT of 𝑠𝑖, given by

𝑥𝑛 = 𝐼𝐷𝐹𝑇𝑁{𝑠𝑖} =
1

𝑁

𝑁−1∑︁
𝑖=0

𝑠𝑖𝑒
𝑗2𝜋𝑛𝑖/𝑁 , 𝑛 = 0, 1, ..., 𝑁 − 1, (3.11)

where ℎ𝑛 ⊛ 𝑥𝑛 represents the circular convolution of ℎ𝑛 and 𝑥𝑛 given by

𝑟𝑛 =
𝐿−1∑︁
𝑘=0

ℎ𝑘𝑥(𝑛−𝑘)𝑁 , (3.12)

and (𝑛− 𝑘)𝑁 denotes 𝑛− 𝑘 modulo 𝑁 .

As a summary we can say that the desired input/output relation for multi-carrier

transmission can be achieved if we follow the following steps: (a) transmit the IDFT

of data symbols, 𝑥𝑛, (b) get the circular convolution of 𝑥𝑛 and ℎ𝑛 at the receiver, 𝑟𝑛,
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and (c) perform DFT on 𝑟𝑛 [54].

To get the circular convolution, we need to copy a portion of the tail of the signal

in the beginning of the signal. This copied part is called cyclic prefix (CP). CP makes

not only the convolution of two finite sequences to be circular but also protects the

signal against inter-block interference (IBI) which will happen when two consecutive

blocks are sent through a multi-path fading channel. Fig. 3-1 shows how CP is

inserted for two OFDM blocks. The length of CP is an important parameter that

needs to be carefully chosen to get the best results. A general rule of thumb is that

CP duration has to be greater than the root mean square (RMS) delay spread of the

channel. In Chapter 4 more details will be given with regards to CP length and its

relation to the THz channel.

Figure 3-1: Illustration of the placement of CP for two consecutive OFDM blocks.

After inserting the CP to the signal, a pulse-shaping filter which is usually a root-

raised-cosine (RRC) filter is applied. The frequency response of such a filter is given

in Eq. (3.13)

𝐺(𝑓) =

⎧⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎩

√
𝑇

(︀
0 ≤ |𝑓 | ≤ 1−𝛽

2𝑇

)︀
,√︁

𝑇
2
{1 + 𝑐𝑜𝑠[𝜋𝑇

𝛽

(︀
|𝑓 | − 1−𝛽

2𝑇

)︀
]}

(︀
1−𝛽
2𝑇

≤ |𝑓 | ≤ 1−𝛽
2𝑇

)︀
,

0 (|𝑓 | > 1−𝛽
2𝑇

),

(3.13)

So far, at the transmitter of an OFDM system, the information bits go through a

symbol mapping block, then IDFT will be applied, the result that is a time domain

signal will go through a CP block that copies a portion of the tail of the signal to

the beginning of the signal. Finally, the signal will go through the RF block to be

prepared to be transmitted over the THz channel. The RF block includes a pulse

shaping filter and a digital to analog converter (DAC). At the receiver, the received

signal passes through an analog to digital (ADC) converter.
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3.2.2 CP-DFT-s-OFDM

The DFT-s-OFDM, also known as Precoded Orthogonal Frequency Division Multi-

plexing, has gained widespread popularity as an uplink solution in 4G-LTE/5G-NR

communication systems, and is a promising candidate for the Terahertz (THz) fre-

quency band. The integration of a Discrete Fourier Transform block at the trans-

mitter serves to reduce the Peak-to-Average Power Ratio (PAPR) while preserving

the benefits of single-carrier modulation, with only a minor increase in computational

complexity. The primary advantage of this approach is the reduction of power con-

sumption and cost associated with power amplifiers at the user terminal. When data

symbol blocks are assigned to multiple users, the DFT-s-OFDM reduces to Single

Carrier Frequency Division Multiple Access (SC-FDMA) in these scenarios.

Figure 3-2: Block diagram of a DFT-s-OFDM system.

As illustrated in Fig. 3-2, the data symbols are first passed through a DFT-

precoding component. The output of this component consists of complex symbols

that modulate the OFDM subcarriers. In the case where 𝑁 = 𝑀 , the system reduces

to a simple single carrier transmission. However, we are particularly interested in

the scenario where 𝑁 < 𝑀 , as this allows us to take advantage of the benefits of

multi-carrier transmission. The 𝑀 − 𝑁 unused subcarriers, also known as inactive

subcarriers, are set to zero. The frequency domain data then passes through an M-

point IFFT block to convert the symbols to the time domain. Finally, after adding

a cyclic prefix to the serial data stream, the signal is up-converted and sent through

the communication channel. At the receiver side, the opposite process is done to
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get the output data. However, the block diagram shown in Fig. 3-2 is a simple

yet comprehensive version what an actual DFT-s-OFDM looks like. The diagram

will have more components in Chapter 4 where the simulation results are presented.

Particularly, channel coding will be used.

3.2.3 Subcarrier Mapping

There are two approaches to subcarrier mapping in DFT-s-OFDM, namely localized

subcarrier mapping and interleaved subcarrier mapping which are used in localized

frequency division multiple access (LFDMA) and interleaved frequency division mul-

tiple access (IFDMA) systems, respectively.

Localized subcarrier mapping assigns the data symbols to consecutive subcarriers

in the frequency domain, resulting in a contiguous block of subcarriers being assigned

to each user. This approach results in low PAPR and has low computational com-

plexity.

Interleaved subcarrier mapping, on the other hand, assigns data symbols to sub-

carriers that are separated by a certain distance in the frequency domain, resulting

in data symbols being spread out among multiple subcarriers. This approach pro-

vides improved frequency diversity and is less vulnerable to channel fading. However,

it results in a higher PAPR and has higher computational complexity compared to

localized subcarrier mapping.

Both techniques have their advantages and disadvantages, and the choice between

the two approaches depends on the specific requirements of the communication system

and the trade-off between PAPR, computational complexity, and frequency diversity.

The ratio 𝑄 = 𝑀
𝑁

is called spreading factor. Fig. 3-3 shows an example of how

subcarrier mapping is done for 𝑁 = 4 and 𝑀 = 12. In this example the spreading

factor, 𝑄 = 3.
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Figure 3-3: Localized vs. interleaved subcarrier mapping.

3.3 Peak-to-Average Power Ratio (PAPR)

PAPR is a measure of the peak power of an OFDM signal compared to its average

power. Mathematically, it is defined as the ratio of the maximum instantaneous power

of an OFDM signal to the average power of the signal, and is given by the formula:

𝑃𝐴𝑃𝑅 =
𝑚𝑎𝑥(|𝑥(𝑛)|2)
(
∑︀

(|𝑥(𝑛)|2)
𝑁

)
, (3.14)

where 𝑥(𝑛) is the complex envelope of the OFDM signal, and 𝑁 is the number of

subcarriers in the OFDM signal.

In the terahertz band, the high PAPR values can cause nonlinear distortion in

the power amplifier, which can lead to reduced system efficiency, increased error rate,

and even signal degradation. Additionally, high PAPR values also require higher

crest factors in the power amplifiers, which can lead to increased power consumption

and cost. It is also worth mentioning that in the terahertz band, the propagation

characteristics of the signal are different from lower frequency bands, so the PAPR

reduction techniques that are effective in lower frequency bands may not be effective

in the terahertz band. Crest factor is a measure of the PAPR of a signal, specifically

the ratio of the peak power to the RMS power of the signal. It is commonly used to

evaluate the dynamic range of a signal and is an indicator of the level of distortion

that might be expected when amplifying the signal.

It is worth mentioning that PAPR is a statistical measure, and it is usually defined

in dB, so 𝑃𝐴𝑃𝑅𝑑𝐵 = 10log10(𝑃𝐴𝑃𝑅) . In addition to the formula above, there

are several other ways to calculate PAPR. One of the most common methods is to
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calculate the complementary cumulative distribution function (CCDF) of the PAPR.

The CCDF is defined as the probability that the PAPR is greater than a certain

threshold value.

Another way to calculate PAPR is to use the average power of the complementary

signal, which is defined as the average power of the signal that exceeds a certain

threshold value.

3.4 Channel Coding

In modern wireless communication systems, channel coding plays a crucial role in

ensuring the reliability and efficiency of data transmission. In particular, OFDM

systems, which are widely used in various communication standards, benefit greatly

from the application of channel coding techniques.

The primary objective of channel coding in OFDM systems is to mitigate the

detrimental effects of the channel, such as noise, interference, and fading, on the

transmitted data. Channel coding is utilized to achieve error correction and detec-

tion, which enables the reliable recovery of the original data at the receiver. Further-

more, by adding redundant information to the data, channel coding allows for the

efficient use of the available bandwidth, thus improving the overall efficiency of the

communication system. In addition to its error-correction capability, channel coding

also enhances the robustness of OFDM systems, allowing them to operate in adverse

channel conditions.

In OFDM systems, channel coding is typically applied at the bit or symbol level,

and it is often combined with other techniques such as interleaving and modulation

to further improve the performance of the system. Commonly used channel coding

techniques in OFDM systems include convolutional coding, low-density parity-check

(LDPC) coding, and turbo coding.

Convolutional coding, as a well-established channel coding technique, has been

widely used for many decades. It works by encoding the data stream into a coded

sequence, which is then transmitted over the channel. The Viterbi decoder is used to
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decode the received data and recover the original information. Convolutional coding

provides good error correction performance, especially in noisy channels.

LDPC coding, a relatively new channel coding technique, has gained popularity

in recent years due to its excellent error correction performance and low complexity.

LDPC codes are linear error-correction codes that use a sparse parity-check matrix

to define the code structure. The parity-check matrix defines a set of linear equations

that must be satisfied by the coded data. The receiver uses an iterative decoder to

decode the received data and recover the original information.

In OFDM systems, both convolutional coding and LDPC coding can be used to

provide error correction and enhance the robustness of the system. However, the

choice between the two techniques depends on various factors, including the required

error correction performance, computational complexity, and implementation cost.

LDPC coding is generally favored in OFDM systems due to its excellent error

correction performance and low complexity, especially in high-speed wireless commu-

nication systems. On the other hand, convolutional coding is favored in applications

that require low complexity and low implementation cost, such as low-speed wireless

communication systems.

Overall, the application of channel coding techniques in OFDM systems is a crucial

aspect of modern wireless communication systems, and it plays a vital role in ensuring

the reliability and efficiency of data transmission.

3.4.1 Low-Density Parity-Check Codes

Low-Density Parity-Check (LDPC) codes are a type of linear block codes that feature

large codeword lengths, typically in the range of thousands. The defining character-

istic of LDPC codes is their parity-check matrix, H , which is sparse, meaning that

there are relatively few 1s compared to 0s in the matrix. As a result, the codes are

referred to as low density, reflecting the low density of 1s in the matrix.

A regular LDPC code can be defined as a linear block code with a sparse parity-

check matrix that satisfies the following properties [55]:

1. Each row of H, contains 𝑤𝑟 1s, where 𝑤𝑟 ≪ min{𝑚,𝑛}.
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2. Each column of H, contains 𝑤𝑐 1s, where 𝑤𝑐 ≪ min{𝑚,𝑛}.

where H has a dimension of 𝑚× 𝑛 and 𝑛 is the length of the codeword.

As it can be seen, these conditions require the parity check matrix to be very

large. Below, a parity check matrix H is shown as an example. This matrix has a

dimension of 4×8 and has four and two 1s in each column and row, respectively. The

notation used to describe this matrix is H of (8, 4, 2).

H =

⎡⎢⎢⎢⎢⎢⎢⎣
0 1 0 1 1 0 0 1

1 1 1 0 0 1 0 0

0 0 1 0 0 1 1 1

1 0 0 1 1 0 1 0

⎤⎥⎥⎥⎥⎥⎥⎦ (3.15)

In the next step, the coding rate, 𝑅, needs to be defined. By definition, the coding

rate is the ratio between the number of message bits, 𝑘, and number of transmitted

bits, 𝑛, as shown in Eq. (3.16). It is obvious that 0 < 𝑅 ≤ 1 and 𝑅 = 1 means that

no coding is being done.

𝑅 =
𝑘

𝑛
. (3.16)

In Eq. (3.15), each row of H represents a check node and each column indicates a

variable node. In this context, variable nodes represent the components of the code

word, while check nodes indicate a collection of parity checks. The H matrix displays

connections between check nodes and variable nodes as represented by the presence

of a 1 in the matrix.

The matrix H can be represented using the tanner graph representation as shown

in Fig. 3-4. A connection between a check node, 𝑢𝑖, and a variable node, 𝑣𝑗, is made

when the corresponding entry in the parity check matrix, ℎ𝑖,𝑗 is 1. For the matrix H

in Eq. (3.15), there are four check nodes and eight variable nodes.
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Figure 3-4: Tanner graph representation of H in Eq. (3.15).

LDPC Encoding

The most common way of encoding encoding a data stream using LDPC is called

linear block code encoding. A codeword of a linear block code, 𝐶1×𝑛, is comprised of

both message bits and parity bits, which can be represented as follows:

𝐶1×𝑛 = [𝑚1×𝑘|𝑃1×𝑛−𝑘]. (3.17)

where 𝑚1×𝑘 is the message bits and 𝑃1×𝑛−𝑘 is the parity vector. Like other types

of linear block codes, the following equation will be used to find the parity vector

𝑃1×𝑛−𝑘:

𝐶.H𝑇 = 0̄, (3.18)

where 0̄ is a vector of zeros with dimension of 1 ×𝑚. In other words, the codeword

𝐶1×𝑛 satisfies all the 𝑚 constraints represented by the rows of the parity check matrix

H.

LDPC Decoding

One of the most widely used decoding methods for Low Density Parity Check (LDPC)

codes is the Belief Propagation (BP) algorithm. It is an iterative method that makes

use of the sparse structure of LDPC codes to correct errors in the transmitted data.
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In the BP algorithm, the decoding process is performed by exchanging messages

between the variable nodes and the check nodes of the LDPC code. At each iteration,

the messages are updated based on the information received from the neighboring

nodes. The messages are updated based on the following two rules:

1. Check node to variable node message update: Let 𝑢 be the index of a check

node and 𝑣 be the index of a variable node connected to the check node. Then,

the message 𝑚𝑢→𝑣 is updated based on the messages received from all other variable

nodes connected to the check node 𝑢. The updated message 𝑚𝑢→𝑣 can be expressed

as follows:

𝑚𝑢→𝑣(𝑥𝑣) =
∏︁

𝑗∈𝑁𝑢 and 𝑗 ̸=𝑣

𝑚𝑗→𝑢(𝑥𝑣) (3.19)

where 𝑁𝑢 is the set of variable nodes connected to the check node 𝑢, and 𝑚𝑗→𝑢(𝑥𝑣)

is the message sent from the variable node 𝑗 to the check node 𝑢.

2. Variable node to check node message update: Let 𝑣 be the index of a variable

node and 𝑢 be the index of a check node connected to the variable node. Then, the

message 𝑚𝑣→𝑢 is updated based on the channel information and the messages received

from all check nodes connected to the variable node 𝑣. The updated message 𝑚𝑣→𝑢

can be expressed as follows:

𝑚𝑣→𝑢(𝑥𝑣) =
1

𝑍𝑣,𝑢

∏︁
𝑑∈𝑁𝑣 and 𝑑 ̸=𝑢

𝑚𝑑→𝑣(𝑥𝑣) · 𝑝𝑐ℎ(𝑦𝑣|𝑥𝑣) (3.20)

where 𝑁𝑣 is the set of check nodes connected to the variable node 𝑣, 𝑍𝑣,𝑢 is a

normalization constant, 𝑚𝑑→𝑣(𝑥𝑣) is the message sent from the check node 𝑑 to the

variable node 𝑣, and 𝑝𝑐ℎ(𝑦𝑣|𝑥𝑣) is the conditional probability of receiving the value 𝑦𝑣

given that the transmitted symbol was 𝑥𝑣.

The decoding process continues until either a valid codeword is found or a maxi-

mum number of iterations is reached. If a valid codeword is found, then the decoding

process is successful, otherwise, it is considered as a failure.

The BP algorithm is a powerful decoding method for LDPC codes due to its ability

to effectively exploit the sparse structure of the code. However, its performance can
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be affected by the presence of loops in the Tanner graph representation of the code,

as well as by the presence of channel noise.

LDPC Codes in 5G Standard

In communication standards, LDPC codes are frequently implemented using a spe-

cific type of construction called protograph construction. This is because protograph

construction provides several benefits for LDPC coding, such as low implementation

complexity, low decoding latency, and the ability to customize the code structure

to meet specific requirements, such as error correction performance and code rate.

The protograph construction method works by defining a small base matrix called

base graph, BG, that is then used as a building block to generate a larger, full-sized

matrix for the actual code. This base matrix is referred to as a protograph and it

encapsulates the structural information of the code. The full-sized matrix is created

by replicating the protograph multiple times which is defined in the standard as the

expansion factor, making it possible to achieve a desired code rate and performance.

The base matrices have the property of being expandable, which means they can be

expanded to larger matrices through the application of right shift permutation ma-

trices. This feature allows for the creation of LDPC codes with a wide range of rates,

making them suitable for various communication systems and applications.

In the 5G standards, there are two base graph constructions that are used, namely

𝐵𝐺1 and 𝐵𝐺2. The dimensions of these base matrices are defined as 46×68 for 𝐵𝐺1

and 42× 52 for 𝐵𝐺2. Both base matrices have a block structure as shown below:

𝐵𝐺 =

⎡⎣𝐴 𝐸 𝑂

𝐵 𝐶 𝐼

⎤⎦ (3.21)

where for 𝐵𝐺1 the sub-matrix 𝐴 has a dimension of (4× 22), 𝐸 is a (4× 4) matrix,

and 𝑂 is a matrix made of all −1’s that will be replaced with a matrix of all zeros with

the dimension of (4 × 42) after the base graph is expanded. 𝐵 and 𝐶 are matrices

with dimension of (42 × 22) and (42 × 4), respectively. Additionally, the identity

matrix 𝐼 has a dimension of (42 × 42). Similarly, for 𝐵𝐺2 the sub-matrix 𝐴 has a
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dimension of (4 × 10), 𝐸 is a (4 × 4) matrix, and 𝑂 is a matrix made of all −1’s

that will be replaced with a matrix of all zeros with the dimension of (4 × 38) after

the base graph is expanded. 𝐵 and 𝐶 are matrices with dimension of (38× 10) and

(38× 4), respectively. The identity matrix 𝐼 has a dimension of (38× 38). As per the

standards, the expansion factors for these base graphs are also defined. In simulations,

the program receives the index of the base graph, and based on the codeword length,

it determines the correct expansion factor.

Rate Matching and Rate Recovering for LDPC Codes

In the 5G standard, there is two possible base graphs available to be used. As

mentioned in the previous section, these base graphs have a fixed size and will be

expanded using an extension factor, 𝑍, to get the actual parity check matrix, H.

Each of these base graphs is only capable of achieving a specific coding rate. Assume

𝐵𝐺1 is to be used by the communication system. This matrix has a dimension of

46 × 68. As defined in the standard, the first 22 columns are corresponding to the

message bits and the other 46 columns are corresponding to the parity bits. It is

worth mentioning that the first 2 columns of the matrix will be punctured during the

transmission. Therefore, after the expansion the number of message bits will be 22𝑍

that the first 2𝑍 are punctured. The total number of codeword bits will be 68𝑍 and

since the first 2𝑍 are punctured, there will be 66𝑍 codeword bits in total. Hence, the

coding rate is calculated to be

𝑅 =
Number of message bits
Number of codeword bits

=
22𝑍

66𝑍
=

1

3
. (3.22)

This rate is the lowest rate achievable using 𝐵𝐺1 regardless of the expansion

factor.

Similarly, for 𝐵𝐺2, which is a 42× 52 matrix that the first 10 columns represent

the message bits and the other 42 columns represent the parity bits, the lowest rate

possible is calculated to be
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𝑅 =
Number of message bits
Number of codeword bits

=
10𝑍

50𝑍
=

1

5
. (3.23)

The use of a different coding rate than the base rate defined in Eq. (3.22) and Eq.

(3.23) may be necessary in various scenarios. For instance, the communication system

may require a higher coding rate for a better spectral efficiency, or a lower coding

rate to trade-off between error correction capability and data rate. Additionally, the

specific channel conditions, such as the signal-to-noise ratio, may demand a specific

coding rate. Moreover, the available bandwidth and the target data rate may also

drive the choice of the coding rate. Hence, the selection of the coding rate is a trade-off

between various factors, and the specific requirements of the communication system

should dictate the desired coding rate. In these situations, it is necessary to use a

technique named Rate Matching. This can be done by not transmitting a portion of

the parity bits. As an example, let’s assume we would like to have a coding rate of

2/3 while using 𝐵𝐺1. In this case, we will have 22𝑍 columns for the message bits and

13𝑍 columns for the parity bits. Therefore the coding rate is calculated as follows

𝑅 =
Number of message bits
Number of codeword bits

=
22𝑍

22𝑍 + 13𝑍 − 2𝑍
=

2

3
. (3.24)

Note that the 2𝑍 of the first two columns are punctured therefore not included in the

total number of codeword bits. Similarly, other higher rates can be achieved by not

transmitting a portion of the parity bits.

At the receiver side, a process called Rate Recover will be implemented. Assume

that 𝑅 = 2/3 and 𝐵𝐺1 is used . This means that only 13𝑍 parity bits were sent.

Therefore, in the decoder, we only use the 13𝑍×35𝑍 top left part of the parity check

matrix, H. Note that in the decoder, the punctured columns will also be used. That’s

why the dimension of the sub-matrix to be used is 13𝑍 × 35𝑍.
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3.5 Phase Noise

A fully functional communication system requires various physical components. At

the transmitter side, a digital signal processing unit is utilized to convert digital bits

into modulated symbols, which are then fed to a digital-to-analog converter (DAC).

The DAC output signal is then mixed with a local oscillator signal, resulting in a

radio frequency (RF) signal ready for transmission. This RF signal is amplified using

a power amplifier (PA) before being transmitted via an antenna. At the receiver side,

the signal undergoes the reverse process to detect the data bits.

All components of a communication system are comprised of electronic devices,

such as transistors, diodes, resistors, and more. However, in reality, no two compo-

nents are identical due to factors such as temperature, age, and pressure variations,

as well as component mismatch. As a result, hardware impairments are inevitable,

which can negatively impact system performance. These impairments can include

amplifier nonlinearities, I/Q imbalances, quantization noise, and phase noise (PN) in

RF oscillators [56].

Phase noise can randomly rotate transmitted symbols, resulting in low bit error

rates and poor performance. This random rotation in the frequency domain can cause

signal errors and adversely affect signal detection.

Let us consider a single-input single-output (SISO) communication system. The

transmitted signal 𝑥(𝑡) is

𝑥(𝑡) =
𝑁−1∑︁
𝑛=0

𝑠[𝑛]𝑝(𝑡− 𝑛𝑇 ), (3.25)

where 𝑠[𝑛] is the modulated symbol from constellation 𝐶, 𝑝(𝑡) is a root-raised cosine

shaping pulse function with unit energy, and 𝑇 is the symbol duration. The received

baseband signal, 𝑟(𝑡), which is affected by the transmitter and receiver oscillator

phase noise can be written as

𝑟(𝑡) = (𝑥(𝑡)𝑒𝑗𝜑𝑡(𝑡) ⊛ ℎ(𝑡))𝑒𝑗𝜑𝑟(𝑡) + 𝑤(𝑡) (3.26)
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where ℎ(𝑡) denotes the channel impulse response in time domain. 𝜑𝑡(𝑡) and 𝜑𝑟(𝑡) de-

note the transmitter phase noise and receiver phase noise in time domain, respectively.

𝑤(𝑡) is the additive white Gaussian noise (AWGN). For simplicity, we only consider

the phase noise at the receiver. Therefore, Eq. (3.26) simplifies to the following

equation

𝑟(𝑡) = (𝑥(𝑡)⊛ ℎ(𝑡))𝑒𝑗𝜑(𝑡) + 𝑤(𝑡) (3.27)

Assuming that the CP length sufficient to avoid ISI, the received signal in fre-

quency domain is given below

𝑅[𝑘] = 𝑋[𝑘]𝐻[𝑘]𝐽 [0] +
𝑁−1∑︁

𝑙=0,𝑙 ̸=𝑘

𝑋[𝑙]𝐻[𝑙]𝐽 [𝑘 − 𝑙]𝑁 + 𝑍[𝑘], 𝑘 ∈ 0, 1, ..., 𝑁 − 1, (3.28)

where [.]𝑁 represents modulo 𝑁 , 𝑘 is the subcarrier index, 𝑁 is the size of FFT, 𝑋[𝑘]

is the 𝑘-th transmit symbol in frequency domain, 𝐻[𝑘] is the 𝑘-th component of the

channel frequency response, and 𝑍 is the discrete Fourier transform of AWGN. 𝐽 is

the discrete Fourier transformation of the phase noise complex exponential as given

below

𝐽 [𝑙] =
1

𝑁

𝑁−1∑︁
𝑛=0

𝑒𝑗𝜑[𝑛]𝑒−
𝑗2𝜋𝑛𝑙

𝑁 . (3.29)

Equation (3.28) highlights the influence of the common phase error (CPE) and

inter-carrier interference (ICI) on a system, which results in a PN-dependent rotation

of all subcarriers and adjacent interference from other subcarriers within an OFDM

symbol, causing potential signal distortion. In practice, pilot subcarriers are fre-

quently utilized to compensate the effects of PN [57]. However, such methods are

typically employed for lower carrier frequencies that are less susceptible to ICI as

compared to THz frequencies. In Chapter 4, one of these methods from the literature

will be reviewed and modified to better accommodate the specific THz band needs in

terms of PN.
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Table 3.1: Parameters of phase noise model equation [5].

Parameter Value Parameter Value
𝑃𝑆𝐷0 0.2
𝑓𝑧,1 103 𝛼𝑧,1 1.4
𝑓𝑧,2 200× 103 𝛼𝑧,2 1
𝑓𝑧,3 300× 106 𝛼𝑧,3 2.2
𝑓𝑝,1 1 𝛼𝑝,1 2.2
𝑓𝑝,2 650× 103 𝛼𝑝,2 2.5

To model PN accurately, we refer to the 3GPP TR 38.808 document [5]. However,

this model only covers carrier frequencies ranging from 52.6 GHz to 71 GHz, and thus

is not applicable for THz frequencies. To address this, we use Leeson’s equation, as

presented in [58], to obtain the PN model for THz frequencies. The PN model in [5]

is expressed using a pole-zero model, shown in Eq. (3.30), and the parameters are

described in Table 3.1.

𝑆(𝑓𝑜) = 𝑃𝑆𝐷0.

∏︀𝑁
𝑛=1(1 + ( 𝑓𝑜

𝑓𝑧,𝑛
))𝛼𝑧,𝑛∏︀𝑀

𝑚=1(1 + ( 𝑓𝑜
𝑓𝑝,𝑚

))𝛼𝑝,𝑚

, (3.30)

where 𝑆 is the single sideband phase noise power spectral density, 𝑓𝑜 is the offset

frequency, 𝑓𝑧,1, ..., 𝑓𝑧,𝑁 are the zeros of the system, 𝑓𝑝,1, ..., 𝑓𝑝,𝑀 are the poles of the

system, 𝛼𝑧,1, ..., 𝛼𝑧,𝑁 are the order of the zeros, and 𝛼𝑝,1, ..., 𝛼𝑝,𝑀 are the order of the

poles. To fit Eq. (3.30) to the experimental results, the parameters in Table 3.1 were

suggested by [5] to be used.

Leeson’s expression [58] for single-sideband (SSB) phase noise in dBc/Hz is given

in (3.31)

𝐿(𝑓𝑚) = 10𝑙𝑜𝑔

[︃
1

2

(︃(︂
𝑓0

2𝑄𝑙𝑓𝑚

)︂2

+ 1

)︃(︂
𝑓𝑐
𝑓𝑚

+ 1

)︂(︂
𝐹𝑘𝑇

𝑃𝑠

)︂]︃
(3.31)

where 𝑓0 is the output frequency, 𝑄𝑙 is the loaded quality factor, 𝑓𝑚 is the offset from

the output frequency (Hz), 𝑓𝑐 is the 1/𝑓 corner frequency, 𝐹 is the noise factor of

the amplifier, 𝑘 is Boltzmann’s constant in joules/kelvin, 𝑇 is absolute temperature

in kelvins, and 𝑃𝑠 is the available power at the sustaining amplifier input.

Based on Eq. (3.31), we can see that if all the parameters and variables stay the
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same for two different carrier frequencies 𝑓01 and 𝑓02 , the SSB phase noise ratio of the

two different frequencies will be as shown in Eq. (3.32).

10
𝐿2(𝑓𝑚)

10

10
𝐿1(𝑓𝑚)

10

=

(︁
𝑓02

2𝑄𝑙𝑓𝑚

)︁2
+ 1(︁

𝑓01
2𝑄𝑙𝑓𝑚

)︁2
+ 1

≈

(︁
𝑓02

2𝑄𝑙𝑓𝑚

)︁2
(︁

𝑓01
2𝑄𝑙𝑓𝑚

)︁2
≈
(︂
𝑓02
𝑓01

)︂2

=⇒ 𝐿2(𝑓𝑚)− 𝐿1(𝑓𝑚) ≈ 10log
(︂
𝑓02
𝑓01

)︂2

=⇒ 𝐿2(𝑓𝑚) ≈ 𝐿1(𝑓𝑚) + 20log
(︂
𝑓02
𝑓01

)︂

(3.32)

In case of using the model provided in [5] for a carrier frequency of 70 GHz, the

SSB of the phase noise is the blue curve shown in Fig. 3-5. Using Eq. (3.32), we can

get the red curve which is the SSB of the phase noise for a carrier frequency of 300

GHz. Similarly, we can get the phase noise model for other frequencies required for

our simulations presented in Chapter 4.
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curves represent 70 GHz and 300 GHz carrier frequencies, respectively.
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Chapter 4

Simulation Results

This chapter presents the simulation results obtained to study the behavior of OFDM

and DFT-s-OFDM in the THz band. Through these simulations, we gain a compre-

hensive understanding of the performance characteristics of these waveforms. The

insights gained from these results can be useful for future research and serve as a ref-

erence point for the development of other possible waveforms for THz band wireless

communication.

4.1 Channel Impulse Response

This chapter simulates the channel impulse responses using the formula presented in

Chapter 2. A ray-tracing method is utilized to perform the simulation, with a large

room that has four objects such as tables inside it featuring four rough walls serving

as the simulation environment. To simplify the simulation, it is assumed that the

ceiling and floor do not reflect signals, although parameters for these surfaces could

be added with minimal effort. The simulation environment, as depicted in Fig. 4-1,

consists of a room measuring 35.9𝑚× 16.75𝑚× 5𝑚. The position of the transmitter

antenna (Tx) is (5𝑚, 5𝑚, 2.5𝑚) which means that the Tx antenna is 5 m away from

the front wall, 5 m away from the right wall, and 2.5 m away from the ceiling. The

receiver antenna (Rx) is 𝑑 m away from the Tx antenna and the angle between the

Tx and the Rx antenna is assumed to be 𝜋/3. This means that the distance between
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Table 4.1: The position of each object for different scenarios when the transmission
distance (𝑑) varies.

𝑑 = 3 m
Object number Position (m)

1 (4, 3.2679)
2 (3.1519, 7.7990)
3 (9.2141, 4.2990)
4 (10.75, 14.9593)

𝑑 = 6 m
Object number Position (m)

1 (4, 3.2679)
2 (3.9019, 9.0981)
3 (9.9641, 5.5981)
4 (10.75, 14.9593)

𝑑 = 10 m
Object number Position (m)

1 (4, 3.2679)
2 (4.0359, 11.3301)
3 (14.4282, 5.3301)
4 (10.75, 14.9593)

the Rx antenna and the front wall is 5 + 𝑑 × 𝑠𝑖𝑛(𝜋/3). Similarly, the distance to

other walls can be calculated. Based on the transmission distance between the Tx

and Rx antennas (𝑑), the position of the other four objects is shown in Table 4.1. It

is assumed that these objects do not obstruct the reflections from the walls.

By using this simulation setup, the channel models used in this study are well-

defined, enabling a thorough analysis of OFDM and DFT-s-OFDM performance in

the THz band. The simulation parameters are summarized in Table 4.2.

Table 4.2: Simulation parameters for THz channel [6].

Wallpaper surfaces

Parameter Value

Carrier Frequency (𝑓𝑐) 300 GHz

Correlation Length (𝑙𝑐𝑜𝑟𝑟) 2.3 mm

RMS Height (𝜎) 0.13 mm
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Refractive Index 𝑛 1.53− 𝑗0.059

Tile Size(𝑙𝑥 = 𝑙𝑦) 5 cm

Number of Tiles (𝑀 = 𝑁 = 51) 51

Wallpaper surfaces

Parameter Value

Carrier Frequency (𝑓𝑐) 700 GHz

Correlation Length (𝑙𝑐𝑜𝑟𝑟) 2.3 mm

RMS Height (𝜎) 0.13 mm

Refractive Index 𝑛 1.45− 𝑗0.1

Tile Size(𝑙𝑥 = 𝑙𝑦) 3.5 cm

Number of Tiles (𝑀 = 𝑁 = 51) 51

To show the channel impulse response, we also use a root-raised cosine (RRC)

pulse to better demonstrate the CIR. The number of samples per pulse is set to be 8.

Moreover, the bandwidth of the channel (𝐵𝑊 ) is set to be 10 GHz. Therefore, the

sampling rate (𝑓𝑠) will be 80 GHz.

Fig. 4-3 depicts all the channel impulse responses used in this thesis for further

simulations for six different scenarios.

The line-of-sight (LoS) path is always the strongest path in wireless communica-

tion systems. As evidenced in Fig. 4-3, the power of the LoS path is consistently

higher than that of other paths. However, this path weakens as the frequency in-

creases, in accordance with Eq. (2.3), which predicts a decrease in the power of the

LoS path with higher frequency. In addition, the distance between the transmitter

and receiver is a critical factor affecting the strength of the LoS path, as shown by the

appearance of distance in the denominator of Eq. (2.3). Therefore, the power of the

LoS path depends on both the frequency and the distance between the transmitter

and receiver.

These observations have important implications for the design and deployment of

wireless communication systems. For example, in order to maintain reliable commu-
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Figure 4-1: Simulation environment without the extra objects.

Figure 4-2: Top view of the simulation environments with the extra objects for 𝑑 = 3.

nication, the LoS path may need to be actively maintained by strategic placement of

the transmitter and receiver, especially in urban environments where obstacles can

obstruct the LoS path. Moreover, since the strength of the LoS path decreases with

increasing frequency, communication systems operating at higher frequencies may re-

quire more complex signal processing techniques to compensate for the reduced signal

strength.

In summary, the power of the LoS path is an important factor to consider in wire-

less communication systems, and its dependence on frequency and distance highlights

the need for careful consideration of these factors in the design and deployment of

such systems.
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(b) CIR, 𝑓𝑐 = 300 GHz (blue) and 700 GHz (red)
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Figure 4-3: CIR for three different transmission distances (3, 6, 10) m and two different
frequencies (𝑓𝑐 = 300, 𝑓𝑐 = 700) GHz.
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Another noteworthy observation is that, in general, the power of all paths is

lower for the channel that utilizes a carrier frequency of 700 GHz as compared to

300 GHz, as shown in Fig. 4-3. This finding aligns with the formulas presented in

Chapter 2, such as Eq. (2.23). Specifically, increasing the carrier frequency results in

a higher attenuation of the wireless signal, which can be attributed to various physical

phenomena, such as scattering and absorption.

This observation has significant implications for the design and implementation

of wireless communication systems that utilize high-frequency carrier waves. In par-

ticular, it underscores the importance of signal amplification and other techniques for

compensating for the attenuation of the wireless signal.

4.1.1 Root Mean Square (RMS) Delay Spread

In this subsection, we will discuss the RMS delay spread, which is an important

metric for characterizing the wireless communication channel’s behavior. The RMS

delay spread provides information on the spread of signal arrival times, which can

help system designers determine the appropriate modulation scheme, coding, and

equalization techniques to use in the wireless communication system.

The RMS delay spread is defined as the square root of the second central moment

of the power delay profile (PDP) of the wireless channel. The power delay profile is

a measure of the power of the received signal as a function of the delay between the

original transmitted signal and its various copies. Mathematically, the RMS delay

spread (𝜎𝜏 ) can be expressed as shown in Eq. (4.1) [59]

𝜎𝜏 =

√︃∑︀
𝑘 ((𝑡𝑘 − 𝑡𝑎)− 𝜏𝑚)

2 𝑎2𝑘∑︀
𝑘 𝑎

2
𝑘

, (4.1)

where

𝜏𝑚 =
∑︁
𝑘

(𝑡𝑘 − 𝑡𝑎)𝑎
2
𝑘∑︀

𝑘 𝑎
2
𝑘

(4.2)

where 𝑡𝑘 is the arrival time of path 𝑘, the amplitude of path 𝑘 is shown as 𝑎𝑘, and 𝑡𝑎

is the arrival time of the first path.
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The RMS delay spread can be used to determine the amount of inter-symbol

interference (ISI) that can occur in a wireless communication system due to the

spread of the signal arrival times. As the RMS delay spread increases, the duration

of the transmitted signal increases, leading to increased ISI and a decrease in the

system’s capacity. Therefore, the RMS delay spread is an important consideration

when designing wireless communication systems.

The length of the cyclic prefix (CP) in a wireless communication system is often

determined based on the RMS delay spread. By selecting an appropriate CP length,

it is possible to mitigate the effects of inter-symbol interference caused by the time

dispersion of the wireless channel.

Table 4.3 presents the RMS delay spread values for various channels at differ-

ent frequencies and transmission distances, highlighting the importance of carefully

considering this parameter when developing wireless communication systems.

Table 4.3: RMS delay spread of various channels.

𝑓𝑐 d RMS delay spread (𝜎𝜏 )
3 m 7.505 ns

300 GHz 6 m 9.23 ns
10 m 8.73 ns
3 m 8.13 ns

700 GHz 6 m 7.15 ns
10 m 6.48 ns

As seen in Table 4.3, the RMS delay spread for THz channels simulated in this

thesis ranges from 6.48 ns to 9.23 ns. For instance, the RMS delay spread is calculated

as 7.505 ns for 𝑓𝑐 = 300 GHz and 𝑑 = 3 m. This means that the symbol rate for this

particular channel is limited to 0.1/𝜎𝜏 = 0.013 Gbit/s to avoid ISI for signals that are

linearly modulated. Additionally, the coherence bandwidth is given by 0.2/𝜎𝜏 = 0.026

GHz = 260 MHz. Interestingly enough, the RMS delay spreads for all of these

channels are very close to each other with a small difference. The range of the RMS

delay spread values reported in Table 4.3 is calculated as 9.23−6.48 = 2.75 ns. Table

4.3 demonstrates that, in general, the root-mean-square (RMS) delay spread decreases

as the frequency increases because of the multi-path effect that reduces due to high
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path loss for non-line-of-sight (NLoS) rays. However, there is one exception when

the transmission distance is 3 meters. Under this condition, the RMS delay spread

slightly increases with an increase in frequency. This phenomenon can be explained by

referring to Fig. 4-3 (a), where it is observed that the specular reflections are weaker

for the 700 GHz channel, but the diffuse scattering is more pronounced, thereby

resulting in a slightly larger RMS delay spread. Therefore, we can conclude that the

RMS delay spread decreases with the increase in frequency. However, it is essential

to consider the environment’s geometry in which the channel is simulated.

4.2 Effect of Scattering

One of the unique characteristics of THz channels is the dense diffuse scattering from

rough surfaces. The effect of diffuse scattering shall be examined as it can cause a

performance gap between OFDM and DFT-s-OFDM. To model no scattering effect,

it means that there is only one specular tile on each object that reflects the incident

wave. When the effect of scattering is considered, i.e., more than one tile on each

object, the incident wave will be scattered in different random directions. As a result,

there are more NLoS closely spaced scattered rays.

To study the impact of scattering in the THz band, we deliberately select a channel

with a higher carrier frequency of 𝑓𝑐 = 0.7 THz. Channels with higher carrier fre-

quencies tend to exhibit more pronounced scattering effects [6]. Furthermore, based

on the information provided in Table 4.3, it can be observed that among the chan-

nels with a carrier frequency of 0.7 THz, the channel with the shortest transmission

distance has the largest RMS delay spread. Hence, this particular channel is chosen

for investigating the effects of scattering.

It can be seen from Fig. 4-4 that both schemes are adversely affected by scatter-

ing, however DFT-s-OFDM is more resilient to the scattering effect of the channel

compared to OFDM, making DFT-s-OFDM more suitable for scattering rich THz

channels.
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Figure 4-4: BER of LDPC-OFDM (blue) with and without scattering effect compared
to LDPC-DFT-s-OFDM (red). 𝑓𝑐 = 0.7 THz, 𝑑 = 3 m. FFT length = 4096 and CP
= 10% of FFT length. Coding Rate = 2

3
.

4.3 CP-OFDM

As a crucial first step in our analysis, we need to determine the appropriate CP length

required by the system to avoid or minimize the ISI effect. To accomplish this, we

will utilize a simple OFDM code and run it across several different THz channels, as

illustrated in Figure 4-3. By analyzing the results of these simulations, we will be able

to select the optimal CP length for our system. The specific simulation parameters

that we will use for these tests are listed in Table 4.4. By carefully selecting the

appropriate CP length based on these simulations, we can ensure that our system

operates effectively and minimizes the potential for ISI.

As shown in Table 4.3, the largest RMS delay spread for the channels under test

in this chapter is approximately 9.23 ns. Considering a sampling rate of 80 GHz,

this delay spread corresponds to 738.4 samples. Assuming an FFT length of 4096,

as presented in Table 4.4, the required CP length will be roughly 18% of the FFT

length.
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Table 4.4: Simulation parameters for an OFDM system.

Parameter Value
Carrier frequency (𝑓𝑐) 0.3 and 0.7 THz
Transmission distance 3, 6, and 10 m
Number of objects in the room 4
Number of the walls 4
Material of the surfaces Wallpaper
FFT Size 4096
Subcarrier spacing 2.44 MHz
Number of samples per pulse 8
Modulation QPSK-OFDM

We analyze the bit-error-rate (BER) performance of simulated CP-OFDM systems

with varying CP lengths. Specifically, we evaluate the system’s BER at a specific

signal-to-noise ratio (SNR) and measure the impact of CP length changes from 0%

up to 25% of the FFT length, in increments of 1%.
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Figure 4-5: Effect of CP Length (0-25% of FFT length) on CP-OFDM BER at SNR
= 12.18 dB for 𝑓𝑐 = 300 GHz, and 𝑑 = 3 m.

In Figure 4-5, we observe the bit error rate (BER) performance of a CP-OFDM

system at an SNR of 12.18 dB, with a carrier frequency of 300 GHz and a 3 m distance
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between the transmitter and receiver. Notably, increasing the CP length beyond 10%

of the FFT length does not result in a significant performance improvement. Hence,

we shall use a 10% CP length for future simulations in this specific channel. Further,

Figures 4-6 and 4-7 demonstrate the results for channels with a carrier frequency of

300 GHz, and a distance of 6 m and 10 m between the transmitter and receiver,

respectively. Therefore, it is safe to use 10% for all simulations when 𝑓𝑐 = 300 GHz.
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Figure 4-6: Effect of CP Length (0-25% of FFT length) on CP-OFDM BER at SNR
= 28.35 dB for 𝑓𝑐 = 300 GHz, and 𝑑 = 6 m.

Figure 4-8 displays the bit error rate (BER) performance of a CP-OFDM system

at an SNR of 18.95 dB, while utilizing a carrier frequency of 700 GHz and sustaining

a 3 m distance between the transmitter and receiver. Significantly, increasing the CP

length beyond 6% of the FFT length does not result in a substantial performance

enhancement. Thus, we recommend implementing a 9% CP length for future sim-

ulations in this particular channel. In addition, Figures 4-9 and 4-10 showcase the

outcomes for channels with a carrier frequency of 700 GHz, and a distance of 6 m and

10 m between the transmitter and receiver, respectively. It is important to note that

this information supports the adoption of a 9% CP length for all simulations when
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Figure 4-7: Effect of CP Length (0-25% of FFT length) on CP-OFDM BER at SNR
= 23.47 dB for 𝑓𝑐 = 300 GHz, and 𝑑 = 10 m.

𝑓𝑐 = 700 GHz.
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Figure 4-8: Effect of CP Length (0-25% of FFT length) on CP-OFDM BER at SNR
= 18.95 dB for 𝑓𝑐 = 700 GHz, and 𝑑 = 3 m.
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Figure 4-9: Effect of CP Length (0-25% of FFT length) on CP-OFDM BER at SNR
= 37.31 dB for 𝑓𝑐 = 700 GHz, and 𝑑 = 6 m.
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Figure 4-10: Effect of CP Length (0-25% of FFT length) on CP-OFDM BER at SNR
= 41.55 dB for 𝑓𝑐 = 700 GHz, and 𝑑 = 10 m.

By analyzing the bit error rate (BER) performance of CP-OFDM systems at dif-
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ferent carrier frequencies and distances, we can draw a conclusion about the optimal

cyclic prefix (CP) length for future simulations. In particular, based on the experi-

ments presented in Figures 4-5 and 4-8, it is evident that increasing the CP length

beyond 10% and 9% of the FFT length, respectively, does not result in significant

performance improvements. Therefore, it is recommended to use a 10% CP length for

simulations with a carrier frequency of 300 GHz and a 9% CP length for simulations

with a carrier frequency of 700 GHz. Overall, these results suggest that it is safe to

use a 10% CP length for all simulations.

Another way of analyzing the CP length is to use spectral efficiency (𝜂𝑆𝐸) instead

of BER. When we change the CP length and run the simulations, it means that we

are sending a transmission block with a different length. For example, when CP = 0%

of the FFT length and the FFT length = 4096, it means that the transmitted block

has 4096 symbols. Now, assume the CP length is increased to 25% of the FFT length.

Therefore, the length of the transmitted block is calculated as (1+0.25)×4096 = 5120.

Therefore, the energy used to transmit those blocks is not the same. Therefore, one

may say that the energies should be the same to perform the BER comparison. To

do so, we can calculate the spectral efficiency based on Eq. (4.3)

𝜂𝑆𝐸 =
(1−𝐵𝐿𝐸𝑅)×𝑁𝑏

𝐵𝑊 × 𝑇𝑡𝑜𝑡

, (4.3)

where

𝑁𝑏 = 𝑙𝑜𝑔2(𝑀)×𝑁𝑒𝑠 ×𝑅𝑐 (4.4)

where 𝑁𝑒𝑠 is the number of effective modulated symbols in one OFDM block, 𝑀 is

the modulation order, and 𝑅𝑐 is the channel coding rate which will be equal to 1 for

this part of the simulations.

Figures 4-11 to 4-16 depict the spectral efficiency (SE) for different channels. To

determine the appropriate cyclic prefix (CP) length for our simulations, we must

consider both the SE and bit error rate (BER) curves. For example, when the carrier

frequency is 300 GHz and the distance is 3 m, the SE curve in Fig. 4-11 suggests a

CP length of 8% of the fast Fourier transform (FFT) length yields the highest SE.

60



Table 4.5: CP length for CP-OFDM in various THz channels.

𝑓𝑐 d CP Length for Highest SE (% of FFT Length)
3 m 8%

0.3 THz 6 m 9%
10 m 8%
3 m 5%

0.7 THz 6 m 9%
10 m 8%

However, a CP length of 10% achieves the best BER (Fig. 4-5). Ultimately, selecting

the optimal CP length requires a trade-off between SE and BER. In this study, we

found that a CP length of 10% of the FFT length provides a good balance between

BER and SE for the channels under investigation. We will use this CP length in our

future simulations.
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Figure 4-11: Effect of CP Length (0-25% of FFT length) on CP-OFDM spectral
efficiency at SNR = 12.18 dB for 𝑓𝑐 = 300 GHz, and 𝑑 = 3 m.

Table 4.5 summarizes the best CP lengths obtained for each channel based on the

SE curves.
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Figure 4-12: Effect of CP Length (0-25% of FFT length) on CP-OFDM spectral
efficiency at SNR = 28.35 dB for 𝑓𝑐 = 300 GHz, and 𝑑 = 6 m.
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Figure 4-13: Effect of CP Length (0-25% of FFT length) on CP-OFDM spectral
efficiency at SNR = 23.47 dB for 𝑓𝑐 = 300 GHz, and 𝑑 = 10 m.
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Figure 4-14: Effect of CP Length (0-25% of FFT length) on CP-OFDM spectral
efficiency at SNR = 18.95 dB for 𝑓𝑐 = 700 GHz, and 𝑑 = 3 m.
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Figure 4-15: Effect of CP Length (0-25% of FFT length) on CP-OFDM spectral
efficiency at SNR = 37.31 dB for 𝑓𝑐 = 700 GHz, and 𝑑 = 6 m.
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Figure 4-16: Effect of CP Length (0-25% of FFT length) on CP-OFDM spectral
efficiency at SNR = 41.55 dB for 𝑓𝑐 = 700 GHz, and 𝑑 = 10 m.

4.4 CP-DFT-s-OFDM

Based on the findings presented in the previous section, it has been determined that

the suitable CP length for CP-DFT-s-OFDM simulation is 10% of the FFT length.

The simulation parameters used in this study have been summarized in Table 4.6.

Table 4.6: Simulation parameters for CP-DFT-s-OFDM system.

Parameter Value
Carrier frequency (𝑓𝑐) 0.3 and 0.7 THz
Transmission distance 3, 6, and 10 m
Number of objects in the room 4
Number of the walls 4
Material of the surfaces Wallpaper
FFT Size 4096
Subcarrier spacing 2.44 MHz
CP Length 10% of FFT length
Modulation QPSK-DFT-s-OFDM
Number of Users 1
Subcarrier Mapping LFDMA, IFDMA
Equalization Type ZF, MMSE
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Additionally, we have undertaken a comparison of two widely utilized equaliza-

tion techniques, namely zero forcing equalization (ZF) and minimum mean-square

equalization (MMSE). The MMSE method, as per [11], is represented by Eq. (4.5):

Hmmse = (H*H+
𝜎2
𝑛

𝜎2
𝑥

I)−1H* (4.5)

where Hmmse is the MMSE equalizer in the frequency domain, H is the channel

frequency response in the DFT domain, 𝜎2
𝑛 is the noise variance, 𝜎2

𝑥 is the signal

power, and I is the identity matrix. Alternatively, if the ZF method is chosen, the

equalizer in the frequency domain can be represented by a simple expression of 1
H

.
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Figure 4-17: BER performance of CP-DFT-s-OFDM when ZF (blue) and MMSE
(red) is used. 𝑓𝑐 = 700 GHz, 𝑑 = 6 m. CP length = 10% of FFT length.

The performance comparison of the MMSE and ZF equalization techniques, as

presented in the Fig. 4-17, indicates that the MMSE method exhibits superior per-

formance over the ZF method, especially in situations characterized by low SNR. The

reason for the observed performance difference between the MMSE and ZF equaliza-

tion methods can be attributed to the fact that the MMSE technique, as demonstrated

by Eq. (4.5), is better adapted to address noisy environments. In low SNR scenarios,
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the impact of noise is lessened within the MMSE equation, while the ZF method

tends to magnify the impact of noise, resulting in reduced performance. From now

on, only MMSE equalizer will be used.

4.4.1 IFDMA vs. LFDMA

When there is only one user, IFDMA and LFDMA have the same BER, as shown in

Fig. 4-18. This graph compares the BER performance of CP-DFT-s-OFDM when

using either IFDMA (in blue) or LFDMA (in red) with a CP length equal to 10% of

the FFT length, and a spreading factor of 𝑄 = 1 under the conditions of 𝑓𝑐 = 300

GHz and 𝑑 = 3 m. The reason is that both IFDMA and LFDMA will occupy the

same number of subcarriers in an exactly similar fashion.
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Figure 4-18: BER performance of CP-DFT-s-OFDM when IFDMA (blue) and
LFDMA (red) is used. 𝑓𝑐 = 300 GHz, 𝑑 = 3 m. CP length = 10% of FFT length.
Spreading factor 𝑄 = 1.

However, if the number of users is more than 1, such as when 𝑄 = 4, then IFDMA

and LFDMA will not be the same.

The comparison between the two techniques in terms of their BER performance
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for DFT-s-OFDM is not straightforward. The choice between LFDMA and IFDMA

depends on the specific system requirements and the trade-offs between various per-

formance parameters such as spectral efficiency, power efficiency, complexity, and

flexibility.

By allocating subcarriers that are adjacent to each other to the same user, LFDMA

can reduce the interference between the subcarriers and improve the system’s perfor-

mance. LFDMA can also be more flexible in terms of frequency allocation, allowing

for more efficient use of the available frequency spectrum.

On the other hand, IFDMA may suffer from higher inter-carrier interference due

to the interleaving of subcarriers from different users. The interleaving can lead to

subcarriers that are far apart from each other being allocated to the same user, which

can result in higher interference between the subcarriers and degrade the system’s

performance. However, IFDMA can be more power-efficient than LFDMA, as it

can reduce the PAPR of the signal. IFDMA can also be more flexible in terms of

time-domain resource allocation, as it allows interleaving of subcarriers from different

users.

Therefore, the choice between LFDMA and IFDMA for DFT-s-OFDM depends

on the specific system requirements and the trade-offs between various performance

parameters.

The simulation results presented below were obtained with a spreading factor

of 𝑄 = 4, while keeping all other simulation parameters constant to ensure a fair

comparison of bit error rate (BER).

To compare the PAPR of LFDMA and IFDMA and demonstrate that LFDMA

has a higher PAPR, we can plot the Complementary Cumulative Density Function

(CCDF) against a threshold, denoted as 𝑃𝐴𝑃𝑅0. From Fig. 4-22, it can be seen that

IFDMA has the best PAPR out of the three waveforms namely IFDMA, LFDMA,

and OFDM.

There is a trade-off between achieving a good BER performance and minimizing

the PAPR when it comes to using IFDMA or LFDMA. Although the BER perfor-

mance of LFDMA is slightly better than that of IFDMA, we choose IFDMA for future
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Figure 4-19: BER performance of CP-DFT-s-OFDM when IFDMA (blue) and
LFDMA (red) is used. 𝑓𝑐 = 700 GHz, 𝑑 = 3 m. CP length = 10% of FFT length.
Spreading factor 𝑄 = 4.

simulation results because it exhibits a lower PAPR than LFDMA and the BER is

also not that much worse than that of LFDMA.

4.4.2 CP-OFDM vs. CP-DFT-s-OFDM

In this subsection, we evaluate and compare the performance of CP-OFDM and CP-

DFT-s-OFDM in various channels under identical simulation conditions. First of

all, the BER comparison in AWGN channel is shown in Fig. 4-23. As seen in the

mentioned figure, both CP-OFDM and CP-DFT-s-OFDM have the same BER as

expected.

CP-OFDM and CP-DFT-s-OFDM have the same BER in AWGN channels be-

cause in AWGN channels, the primary source of errors is additive noise, rather than

multipath fading or inter-symbol interference (ISI).

In AWGN channels, the signal experiences a flat frequency response and the noise

power is distributed equally across all frequencies. This means that all subcarriers
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Figure 4-20: BER performance of CP-DFT-s-OFDM when IFDMA (blue) and
LFDMA (red) is used. 𝑓𝑐 = 700 GHz, 𝑑 = 6 m. CP length = 10% of FFT length.
Spreading factor 𝑄 = 4.

in both CP-OFDM and CP-DFT-s-OFDM are affected equally by noise, and neither

technique has an inherent advantage over the other in terms of noise tolerance.

In CP-OFDM, the orthogonal subcarriers are designed to be perfectly orthogonal,

which means that there is no interference between subcarriers in the absence of noise.

In the presence of noise, however, some subcarriers may experience higher noise levels

than others, leading to a higher BER.

In CP-DFT-s-OFDM, the DFT-spread technique distributes the signal energy

across multiple subcarriers, which can provide better frequency diversity and improve

noise tolerance compared to CP-OFDM. However, in AWGN channels, this advantage

is not significant, as the noise is uniformly distributed across all subcarriers.

Therefore, in AWGN channels, CP-OFDM and CP-DFT-s-OFDM have the same

BER, as the primary factor affecting the BER is the noise, which affects both tech-

niques equally.

Figures 4-24 to 4-26 demonstrate that CP-DFT-s-OFDM outperforms CP-OFDM

in terms of BER. This is due to the fact that CP-DFT-s-OFDM employs frequency
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Figure 4-21: BER performance of CP-DFT-s-OFDM when IFDMA (blue) and
LFDMA (red) is used. 𝑓𝑐 = 700 GHz, 𝑑 = 10 m. CP length = 10% of FFT length.
Spreading factor 𝑄 = 4.
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Figure 4-22: PAPR comparison of IFDMA (blue), LFDMA (red) and OFDM (black)
with 16QAM.
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Figure 4-23: BER comparison of CP-OFDM (blue) and CP-DFT-s-OFDM (red) in
AWGN channel.
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Figure 4-24: BER comparison of CP-OFDM (blue) and CP-DFT-s-OFDM (red) for
two different carrier frequencies (300 GHz and 700 GHz) and 𝑑 = 3 m
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Figure 4-25: BER comparison of CP-OFDM (blue) and CP-DFT-s-OFDM (red) for
two different carrier frequencies (300 GHz and 700 GHz) and 𝑑 = 6 m
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Figure 4-26: BER comparison of CP-OFDM (blue) and CP-DFT-s-OFDM (red) for
two different carrier frequencies (300 GHz and 700 GHz) and 𝑑 = 10 m
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diversity, whereas CP-OFDM’s performance is primarily determined by the worst

subcarrier. CP-DFT-s-OFDM modulates the information bit in the time domain,

which distributes it across numerous frequency components, resulting in improved

performance.

Block error rate (BLER) is an interesting metric that can be preferred over BER

in certain scenarios due to several reasons. First, BLER measures the error rate at the

block level, which reflects the performance of a communication system over complete

blocks of data, making it more relevant for higher-layer protocols or system-level

performance. Second, BLER accounts for the impact of errors on entire blocks of

data, making it more suitable for communication systems that employ error correc-

tion techniques. Finally, BLER provides a practical and realistic measure of system

performance in real-world scenarios with varying channel conditions, interference, and

noise. For these reasons, BLER curves are shown in addition to the BER curves.
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Figure 4-27: BLER comparison of CP-OFDM (blue) and CP-DFT-s-OFDM (red) for
two different carrier frequencies (300 GHz and 700 GHz) and 𝑑 = 3 m

The results presented in Figs. 4-27 to 4-29 clearly demonstrate that DFT-s-

OFDM outperforms traditional OFDM in the simulated channels. This observation
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Figure 4-28: BLER comparison of CP-OFDM (blue) and CP-DFT-s-OFDM (red) for
two different carrier frequencies (300 GHz and 700 GHz) and 𝑑 = 6 m
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Figure 4-29: BLER comparison of CP-OFDM (blue) and CP-DFT-s-OFDM (red) for
two different carrier frequencies (300 GHz and 700 GHz) and 𝑑 = 10 m
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is consistent with the well-known limitation of OFDM in terms of frequency diversity.

As a result, channel coding becomes necessary for OFDM in order to compensate for

this deficiency and improve its performance.

4.5 Coded CP-OFDM and DFT-s-OFDM

In this subsection, we investigate the performance of LDPC codes that are used in

the 5G NR standard [60] on the performance of OFDM and DFT-s-OFDM in various

channel conditions. LDPC coding is implemented to improve the frequency diversity

of CP-OFDM, and we will explore the effects of two different coding rates i.e. 𝑅 = 2
3

and 𝑅 = 1
3
, on the performance of both systems through simulation.

The simulation parameters are summarised in Table 4.7.

Table 4.7: Simulation parameters.

Parameter Value
Carrier frequency (𝑓𝑐) 0.3 and 0.7 THz
Transmission distance 3, 6, and 10 m
Number of objects in the room 4
Number of the walls 4
FFT Size 4096
CP Length 10% of FFT Size
Subcarrier spacing 2.44 MHz
Number of samples per pulse 8
Modulation QPSK

Uncoded
Channel Coding LDPC with Rate = 2/3

LDPC with Rate = 1/3
Code Block (CB) size Coding rate 2/3, CB = 5632

Coding rate 1/3, CB = 2880
Material of the surfaces Wallpaper
Correlation Length of the surfaces 2.3 mm
RMS Height of the surfaces 0.13 mm
Refractive Index 𝑛𝑡 when 𝑓𝑐 = 0.3 THz 1.53 - 𝑗0.059
Refractive Index 𝑛𝑡 when 𝑓𝑐 = 0.7 THz 1.45 - 𝑗0.1

The BER curves in Fig. 4-30 were generated using LDPC coding with a coding

rate of 𝑅 = 2
3
. A comparison between this figure and Fig. 4-24 reveals a signifi-
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cant reduction in the performance gap between CP-OFDM and CP-DFT-s-OFDM.

This reduction is attributed to the fact that coded CP-OFDM utilizes frequency

diversity, resulting in improved performance. In contrast, while CP-DFT-s-OFDM

already employs frequency diversity, LDPC coding is not as effective in enhancing its

performance as it is for CP-OFDM. Figures 4-31 to 4-35 also show the same trend

that LDPC coding will reduce the performance gap between CP-OFDM and CP-

DFT-s-OFDM. To further investigate this observation, we present BER and BLER

curves for a strong coding rate of 𝑅 = 1
3
. It is expected that for lower coding rates,

i.e., stronger codes, the performance gap between CP-OFDM and CP-DFT-s-OFDM

should decrease, which is indeed observed in Figs. 4-36 and 4-37. The same trend was

observed when other channels mentioned in Table 4.7 were used. These observations

show that OFDM needs a strong channel coding to catch the same performance as

DFT-s-OFDM in THz channels simulated in this thesis.
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4.6 Phase Noise Effect

In this section, we investigate the impact of phase noise on coded CP-OFDM and

CP-DFT-s-OFDM in THz communication systems. To achieve this, we use the phase

noise model described in Chapter 3, which we scaled up to THz frequencies using

Leeson’s equation [58]. As the carrier frequency increases, the phase noise levels also

increase [58], and theoretically, for frequency multipliers with multiplication ratios of

𝑁 , the phase noise deteriorates by 20log10𝑁 dB [61, 58]. In our simulations shown

in Fig. 3-5, we observed that the phase noise of a 300 GHz frequency source is worse

than that of a 70 GHz frequency source by around 12 dB, which underscores the

severity of the problem.

Our previous sections highlighted that THz channels are highly frequency selec-

tive, and OFDM lacks frequency diversity, which led us to conclude that coded CP-

DFT-s-OFDM will outperform coded CP-OFDM in THz channels. We also found

that the PAPR of DFT-s-OFDM is much lower than that of OFDM, making it a
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Figure 4-32: BER comparison of LDPC-CP-OFDM (blue) and LDPC-CP-DFT-s-
OFDM (red) for two different carrier frequencies (300 GHz and 700 GHz) and 𝑑 = 6
m. Coding Rate = 2

3
.

strong candidate for THz communication systems. However, one of the challenges of

using high carrier frequencies is the significant increase in phase noise levels, which

can severely impact system performance. Hence, it is crucial to investigate the ro-

bustness of CP-OFDM and CP-DFT-s-OFDM to phase noise and determine which

one is more resilient. The coding rate will be set to 𝑅 = 2
3
.

The BER curves depicted in Figs. 4-38 and 4-39 indicate that LDPC-CP-DFT-

s-OFDM exhibits greater resilience to phase noise at high carrier frequencies (when

PN effect is very severe on the system), such as 700 GHz, when compared to LDPC-

CP-OFDM which is another advantage of LDPC-CP-DFT-s-OFDM over LDPC-CP-

OFDM.

4.6.1 Phase Noise Estimation and Compensation

To ensure optimal system performance in THz band, phase noise must be estimated

and compensated for. Excessive inter-carrier interference (ICI) is a major issue caused

by phase noise in this frequency range. In order to maintain low latency in future
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6G networks, iterative algorithms for PN estimation and compensation may not be

practical. Therefore, we suggest a modified version of a non-iterative method for PN

estimation and compensation which was originally proposed in [62].

Phase noise is a dynamic phenomenon that rapidly varies over time. As a result,

the complex exponential phase noise (𝑒𝑗𝜑) in the frequency domain can be considered

a narrowband and strongly low-pass process[62]. Consequently, when estimating the

PN complex exponential in the frequency domain (i.e., 𝐽 in Eq. (3.29)), it is sufficient

to estimate only the most dominant frequency domain components of the phase noise

instead of all of them.

As mentioned in Chapter 3, the received OFDM signal in frequency domain after

demodulation can be written as [62]

𝑅[𝑘] = 𝑋[𝑘]𝐻[𝑘]𝐽 [0] +
𝑁−1∑︁

𝑙=0,𝑙 ̸=𝑘

𝑋[𝑙]𝐻[𝑙]𝐽 [𝑘 − 𝑙]𝑁 + 𝑍[𝑘], 𝑘 ∈ 0, 1, ..., 𝑁 − 1, (4.6)
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Figure 4-36: BER comparison of LDPC-CP-OFDM (blue) and LDPC-CP-DFT-s-
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where 𝐽𝑙 is written as in Eq. (3.29).

By considering only the most dominant frequency components located around the

center of 𝐽 , Eq. (4.6) can be simplified to [57]

𝑅[𝑘] =
𝑢∑︁

𝑙=−𝑢

𝑋[𝑘 − 𝑙]𝐻[𝑘 − 𝑙]𝐽 [𝑙] +𝑄𝑘 (4.7)

where 𝑄𝑘 includes both ICI from non-significant frequency components of the PN

complex exponential and the additive noise. Then, for a set of subcarriers 𝑘 ∈

𝑙1, 𝑙2, ..., 𝑙𝑝 : 𝑝 ≥ 2𝑢+ 1, we can write a set of linear equations as [57]

R𝑝 = Y𝑢,𝑝J𝑢 +Q𝑝 (4.8)

where R𝑝 ≜ [𝑅𝑙1 , 𝑅𝑙2 , · · · , 𝑅𝑙𝑝 ]
𝑇 , J𝑢 ≜ [𝐽−𝑢, 𝐽−𝑢+1, · · · , 𝐽𝑢]𝑇 , Q𝑝 ≜ [𝑄𝑙1 , 𝑄𝑙2 , · · · , 𝑄𝑙𝑝 ]

𝑇 ,

and Yu,p is written as
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Yu,p ≜

⎡⎢⎢⎢⎢⎢⎢⎣
𝑌𝑙1+𝑢 𝑌𝑙1+𝑢−1 · · · 𝑌𝑙1−𝑢

𝑌𝑙2+𝑢
. . . . . . 𝑌𝑙2−𝑢

... . . . . . . ...

𝑌𝑙𝑝+𝑢 · · · · · · 𝑌𝑙𝑝−𝑢

⎤⎥⎥⎥⎥⎥⎥⎦ (4.9)

If we assume that the values of Yu,p are known, which is true if the channel state

information (CSI) is perfectly known and also the values of 𝑋[𝑘] at 𝑘 ∈ 𝑙1, 𝑙2, · · · , 𝑙𝑝
are known because they are the pilot subcarriers, we can write the least square (LS)

approach mentioned in [62] to obtain the estimate of Ju as

Ĵ𝑢 ≜ [𝐽−𝑢, · · · , 𝐽𝑢]𝑇 = (Y𝐻
𝑢,𝑝Y𝑢,𝑝)

−1Y𝐻
𝑢,𝑝R𝑝, (4.10)

where (·)𝑇 and (·)𝐻 denote the transpose and conjugate transpose, respectively.

The proposed pilot allocation in [62] specifies that the pilot subcarrier indices are

chosen as [𝑙1, 𝑙2, · · · , 𝑙𝑝] = [𝑛+ 𝑢, 𝑛+ 𝑢+ 1, · · ·𝑛+ 𝑏− 𝑢− 1], where 𝑛 is typically the
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Figure 4-38: BER comparison of LDPC-CP-OFDM (blue) and LDPC-CP-DFT-s-
OFDM (red) for two cases with and without PN. 𝑓𝑐 = 300 GHz and 𝑑 = 3 m. Coding
Rate = 2

3
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index of the center subcarrier of the received signal in the frequency domain, and 𝑏

is the length of the subcarrier block, satisfying the condition 𝑏 ≥ 4𝑢 + 1 to ensure

sufficient equations for solving the 2𝑢+1 unknown components of 𝐽 . The authors of

[62] suggest using the equalized Req and X𝑢,𝑝 in Eq. (4.10) instead of R𝑝 and Y𝑢,𝑝,

respectively. After obtaining Ĵu, using deconvolution to suppress the phase noise [57],

the PN-compensated signal is expressed as

𝑌 [𝑘] =
𝑢∑︁

𝑙=−𝑢

𝑅[𝑘 − 𝑙]𝐽 [−𝑙]*, (4.11)

where (·)* denotes the complex conjugate of 𝑥.

The PN-compensated signal, 𝑌 , must undergo equalization to detect the data

bits. However, two issues can be addressed to improve system performance. Firstly,

using the equalized received signal is unnecessary when the channel is known. If the

equalized signal is used, additional equalization is needed after obtaining 𝑌 to enable

bit detection. This redundant step introduces extra error, so it is better to use the
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unequalized signal. Secondly, the deconvolution process misses the first and last 𝑢−1

subcarriers. When 𝑢 = 3 in Eq. (4.11), subcarrier index 𝑘 starts at 3, causing the first

2 subcarriers to be uncompensated for PN. This leads to degraded BER performance.

To address this issue, we propose using a circular convolution (Cconv) function instead

of deconvolution. This approach compensates all subcarriers, resulting in improved

BER performance. To use the Cconv function instead of deconvolution, the inputs are

the same with a minor difference: Ĵ is zero-padded at the beginning and end to match

the length of the received signal. This ensures that the energy of Ĵ is concentrated

around the center, making it a low-pass process.

To do the simulations, we need to find the best 𝑢 for the PN model used. The

simulation results below, show the BER after PN compensation against the value

of 𝑢 at a specific SNR. We choose the 𝑢 that results in the lowest BER at SNR =

11.07 dB. Based on the BER curve shown in Fig. 4-40, 𝑢 = 3 results in the lowest

BER. Increasing 𝑢 from 1 to 3 will improve the BER but if 𝑢 is bigger than a certain

amount, the BER will get worse. Since 𝑏 is fixed, increasing 𝑢 means that we have
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the same number of equations for a larger number of unknowns which is not good for

the BER. However, 𝑢 cannot be too small either as we need to estimate the dominant

components of PN in frequency domain.
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Figure 4-40: BER of LDPC-CP-DFT-s-OFDM at SNR = 11.07 dB when PN is
compensated using the modifications mentioned in this section. 𝑓𝑐 = 300 GHz and
𝑑 = 3 m. Coding Rate = 2

3
.

Figures 4-41 to 4-45 were obtained using (𝑢 = 3, 𝑏 = 64) and perfect channel

knowledge. It can be seen from these figures that using circular convolution will

compensate the phase noise in various channels better.

Discussion on Simulation Results

In this chapter, a thorough analysis of the performance of two main THz waveform

candidates, namely OFDM and DFT-s-OFDM, was presented. Based on the simula-

tion results, DFT-s-OFDM showed to have more advantages than OFDM in terms of

lower PAPR, better BER and BLER performance, and more resilience to the effect

of phase noise.

There are multiple reasons why DFT-s-OFDM performed very well compared to
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Figure 4-41: BER of LDPC-CP-DFT-s-OFDM. 𝑓𝑐 = 300 GHz and 𝑑 = 3 m. Coding
Rate = 2
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. (𝑢 = 3, 𝑏 = 64).
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Figure 4-42: BER of LDPC-CP-DFT-s-OFDM. 𝑓𝑐 = 300 GHz and 𝑑 = 6 m. Coding
Rate = 2

3
. (𝑢 = 3, 𝑏 = 64).
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Figure 4-43: BER of LDPC-CP-OFDM. 𝑓𝑐 = 300 GHz and 𝑑 = 3 m. Coding Rate =
2
3
. (𝑢 = 3, 𝑏 = 64).
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Figure 4-44: BER of LDPC-CP-OFDM. 𝑓𝑐 = 300 GHz and 𝑑 = 6 m. Coding Rate =
2
3
. (𝑢 = 3, 𝑏 = 64).
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Figure 4-45: BER of LDPC-CP-OFDM. 𝑓𝑐 = 300 GHz and 𝑑 = 10 m. Coding Rate
= 2

3
. (𝑢 = 3, 𝑏 = 64).

the OFDM in several THz channels simulated in this thesis. The main reason is that

OFDM lacks frequency diversity which makes it not practical to be used without

channel coding in extremely frequency selective channels such as THz channels. On

the other hand, DFT-s-OFDM utilizes frequency diversity by its nature explaining

the better performance. To confirm this theory a coding rate of 𝑅 = 2/3 was used to

compare the BER of OFDM and DFT-s-OFDM. It was observed that the performance

gap reduced significantly especially for the channels with higher carrier frequencies

(i.e., 0.7 THz) as those channels show more scattering effect. To further investigate

this situation, a stronger coding rate of 𝑅 = 1/3 was used. It was seen that in this

case, both show a very similar BER meaning that OFDM can catch the performance

of DFT-s-OFDM when a strong channel coding is adopted. We also observed that

both DFT-s-OFDM and OFDM are affected by diffuse scattering in a THz channel,

however, OFDM seemed to be more sensitive to the scattering effect.

The effect of phase noise on both OFDM and DFT-s-OFDM was simulated. It

was seen that DFT-s-OFDM shows more resilience to the phase noise effect in terms
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of having a lower error floor and in some cases no error floor when PN is very severe.

It is apparent that the waveforms in the THz channels have to include some sort

of phase noise estimation and compensation technique as the BER of the system

when PN is present in the system is very high. This issue is less of a problem in

lower band communications systems because they frequency of the local oscillators

for those systems is not as high resulting in a much lower phase noise levels. A non-

iterative phase noise estimation and compensation method was adopted which is a

slightly modified version of the method in [62]. The simulation results showed the

better performance of the proposed method in terms of achieving lower BERs for

both OFDM and DFT-s-OFDM.
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Chapter 5

Conclusion

In this chapter, a short summary of the main conclusions of this thesis are provided.

Firstly, a channel model that accurately captures the unique features of THz fre-

quencies was adopted from literature. The channel impulse responses showed that

the THz channels suffer a lot from path loss. Unlike the channels in lower frequency

bands, THz channels suffer from diffuse scattering as the surfaces appear as rough

surfaces in THz frequencies and scatter the incident waves in multiple random di-

rections. Keeping this phenomenon in mind, it is expected that THz channels be

extremely frequency selective, especially when the carrier frequency is high and the

distance between the transmit and receive antennas and the reflecting objects is very

short. The frequency selectivity of the channel suggests that OFDM based waveforms

which are widely used in the 4G LTE and 5G NR worth considering and studying for

THz. The literature lacks a comprehensive study of OFDM in THz channels that use

a correct channel model. Most of the studies are done in sub-THz channels which are

not quite the same as THz. As OFDM is known to have a high PAPR, it is worth to

compare its performance to other options with lower PAPR find out if higher PAPR

is worth it or not. Therefore, this thesis has presented a comprehensive analysis of

OFDM and DFT-s-OFDM (which has a much lower PAPR compared to OFDM)

performance in THz channels, which can serve as benchmark results for future wave-

form designs. A simulation based approach was adopted to determine the best CP

length as opposed to the conventional way that solely focuses on the maximum delay
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spread of the channel. For several THz channels with small RMS delay spread, a

CP length of 10% is sufficient. The performance of LDPC-OFDM and LDPC-DFT-

s-OFDM has been compared, and for stronger coding like 1
3

code rate, they show

similar BER performance. For higher coding rates such as 2
3
, LDPC-DFT-s-OFDM

slightly outperforms LDPC-OFDM due to better utilization of frequency diversity in

highly scattered THz channels.

The proposed modified PN estimation and compensation method has shown better

results than that in [62]. Overall, DFT-s-OFDM outperforms OFDM in terms of lower

PAPR, better BER and more resistant to phase noise in the THz channels simulated

in this thesis.

In future research, it would be valuable to investigate the performance of DFT-s-

OFDM and single-carrier waveforms in a wider range of THz channel environments,

including smaller/larger indoor environments and environments with varying levels of

scattering. Furthermore, exploring joint phase noise and channel estimation methods

would be beneficial, given the high sensitivity of THz systems to phase noise due to

their high carrier frequencies.
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