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ABSTRACT 

One of the most challenging aspects of mobile cellular communications is the non-station­

ary nature of the channel. Due to user mobility, the channel conditions vary widely. Thus, 

to achieve efficient and reliable data transmission, techniques for combating these fluctua­

tions are required. This thesis addresses two such techniques: diversity and adaptive error 

control coding. 

Two channel models are considered: the land mobile satellite channel and the land mo­

bile terrestrial channel. Following previous empirical studies, the terrestrial channel is 

modelled as a lognormally shadowed Rician distribution and the satellite channel is mod­

elled as a weighted sum of Rice and Suzuki distributions. Where analysis is performed, the 

channel model parameters are obtained from actual channel measurements. 

For systems employing diversity, an analytical technique well suited to numerical anal­

ysis is presented for computing the average bit error rate (BER) and outage probability for 

several common modulation schemes including both M-ary coherent PSK (M-PSK) and 

differential PSK (M-DPSK). Both micro- and macro-diversity reception are considered 

where either maximal ratio or selection diversity combining techniques are employed. A 

numerical example is provided illustrating the achievable performance of both M-PSK and 

M-DPSK with micro-diversity in the satellite channel. 

Classically, adaptive error control coding has been used to compensate for time vary­

ing channel conditions. Therefore, the cellular channel - where the propagation channel 

is continuously changing and fades greater than 20 dB are not uncommon - is an ideal can­

didate. A more recent motivation for adaptive coding is presented by the need to transmit 

multi-media data, where each data source may possess unique bit error rate and delay re­

quirements. In light of these motivations, a rate adaptive error control code using a hybrid 
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type-II automatic repeat request I forward error correction (ARQ/FEC) scheme is proposed. 

For forward error correction, a concatenated code composed of a punctured rate 

(N- 1) I N convolutional code and a punctured Reed-Solomon code is used. Type-II hy­

brid ARQ is then employed through the decomposition of the Reed-Solomon code into two 

or more smaller code words and by soft-decision combining of repeated unreliable packets. 

Examples of the BER performance are provided for the fading channel through simulation. 
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Chapter 1 

Introduction 

Over the past decade, the demand for wireless communication services has grown phe­

nomenally. Historically, communication has been restricted primarily to voice traffic 

between two fixed points rather than between two people. Now, with the advance of wire­

less communications, a transition from point to point communication towards person to 

person communication - independent of location - has begun. Testimony to this is the rap­

idly increasing penetration of cordless and cellular phones not just in North America but 

all across the world. In anticipation of growing consumer demands, the next generation 

of wireless communications, namely personal communications services (PCS), endeav­

ors to provide person to person wireless communication of packetized multi-media data. 

This provides many new challenges to designers, one of which is ensuring the integrity 

of the data is maintained during transmission. 

The largest obstacle facing designers of wireless communications systems is the 

nature of the channel. The wireless channel is non-stationary and typically very noisy. 

Noise arises from sources such as thermal noise in the receiver, power lines, machinery 

and other transmitters using the same frequency band. Furthermore, these noise sources 

change with time. In addition, for the mobile user, the effects of moving through areas of 

strong reception to areas where the transmission path is blocked by obstacles provides an 

additional challenge to designers. 

In this thesis, two effective techniques for combating the non-stationary, noisy 

nature of the channel are investigated. These are diversity reception and adaptive error 

control coding. Other methods, such as power control, exist but are not considered here. 

It is not intended that diversity reception or error control coding replace these other meth­

ods since, in many cases, these may all be employed simultaneously. 
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An additional motivation for the application of error control coding arises from the 

need to reliably communicate multi-media data. Multi-media data, as the name suggests, 

is the union of several different data types. In many cases these data types have unique 

bit error rate and delay requirements. An example of these requirements for several com­

mon data types is given in Table 1.1. Adaptive error control coding provides an efficient 

method of achieving these requirements. Present wired networks transporting this mixed 

traffic favor a fixed packet structure in light of its ambiguity towards the traffic type. 

Thus, the emphasis is placed on a packet based, rather than continuous error control cod­

ing scheme. 

Data Type 

Voice 

Facsimjle 

Low Resolution Video 

Asynchronous Packet Data 

Synchronous Packet Data 

BER 
10-3 

10-4 

10-5 

10-9 

10-9 

Delay 

Critical 

Non-Critical 

Non-Critical 

Non-Critical 

Non-Critical 

Delay Jitter 

Critical 

Non-Critical 

Critical 

Non-Critical 

Critical 

Table 1.1. Bit error rate and delay requirements of various data types. 

1.1 Significance of Research 

With the growing interest in mobile communications to provide PCS, the importance of 

exact theoretical analysis for such systems cannot be understated. Particularly important 

are exact analytical expressions for the bit error rate and outage probability required to 

design effective signalling and error control coding schemes. Furthermore, a conse­

quence of the exploding demand for mobile communications services is the need to pro­

vide a large number of users with such services despite the limited radio spectrum. This 

warrants a consideration of modulation methods with larger constellation sizes (greater 

than or equal to four bits per symbol), leading to systems with higher bandwidth effi­

ciency. In light of these considerations, this paper takes an analytical approach to study­

ing the performance of such communications systems employing both microscopic and 

macroscopic diversity in both the terrestrial and satellite mobile channels. This analysis 

is performed for several common modulation schemes, including M -ary PSK and DPSK 

and for maximal ratio and selection diversity combining techniques. 

For error control coding, a very powerful, flexible and highly adaptive error control 
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code is proposed. The proposed code combines two commonly implemented error correc­

tion codes (the convolutional and Reed-Solomon codes - both optimal in their own 

sense) and exploits several of their properties to further enhance the performance of the 

overall error correction code. Packet structure and delay requirements are accounted for 

and consideration is given to implementation complexity. Examples of bit error rate per­

formance over the fading channel are obtained through simulation. 

1.2 Thesis Outline 

This thesis consists of seven chapters. In Chapter 2, statistical channel models are devel­

oped for the land mobile terrestrial channel and the land mobile satellite channel. The sta­

tistics of interest are the moment generating function and the cumulative probability 

distribution. A digital channel simulator incorporating the effects of time correlation is 

provided. 

The channel statistics derived in Chapter 2 are extended to channels with diversity 

in Chapter 3. Both selection diversity and maximal ratio combining are considered for 

microscopic diversity, and selection diversity combining is considered for macroscopic 

diversity. 

Using the moment generating functions and cumulative distribution functions 

derived for the channel, expressions for the average bit error rate and outage probability 

are derived in Chapter 4. A numerical analysis of the land mobile satellite channel with 

microscopic diversity is provided as an example. 

In Chapter 5 the proposed adaptive error control code is presented. Where neces­

sary, background theory is provided. 

Some simulated results indicating the performance of the proposed code are pre­

sented in Chapter 6. This includes analysis in the Gaussian channel as well as in several 

fading channel environments. 

Finally, in Chapter 7, conclusions and suggestions for future work are provided. 
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Chapter2 

Cellular Channel Model 

To meet cellular subscribers' increasing demands for ubiquitous service, both terrestrial 

and satellite base stations are proposed for future cellular service. In order to design 

effective signalling and error control coding schemes, models for both the terrestrial 

channel and the satellite channel are required. In this chapter, the models for both are pre­

sented. 

As actual samples for the various channels of interest are not readily available, sta­

tistical representations of the channels are required. Where available, the parameters for 

the statistical models are taken from the measured data of others. Due to the diverse 

nature of the cellular environment (i.e., from dense downtown cores to flat open rural 

areas), selecting a single channel model for either the terrestrial or satellite channel, 

which is representative of all cellular environments, is impossible. 

Historically, a combined Rayleigh lognormal distribution has been used to model 

the terrestrial channel [1], [2], [3] . Although applicable for macrocellular channels, 

recent studies indicate a combined lognormal Rice distribution is more accurate for 

microcellular channels [ 4], [ 5], [ 6], [7], [8] . Other studies show that this model is also 

reasonable for the indoor environment [4]. The Nakagami-m distribution, popular for 

modelling the indoor channel, is not considered here [9]. Since the lognormal Rice distri­

bution reverts to the lognormal Rayleigh distribution in the limiting case, it is a natural 

choice for the terrestrial channel. 

Several statistical models for the satellite channel have been proposed in literature. 

Standard models include the Rayleigh, Rice and Rice lognormal distributions. From 

these standard distributions, new models have evolved based on actual channel measure­

ments. One such model, developed by Loo, is suitable for low elevation angle satellites 
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and was based on data for the MSAT program in Canada [5], [10], [11]. Lutz et al. pro­

posed a model incorporating the effects of varying elevation angles based on channel 

measurements in Europe [12] , [13]. To maintain a generalized approach, the Lutz chan­

nel model is considered here. 

In this chapter, the statistical representations for the two channel models are intro­

duced and statistical functions developed. Based on these statistical representations, a 

fading channel simulator for digital computer simulation is designed. 

2.1 Statistical Representation of the Fading Channel 

To evaluate and simulate the channel based on the statistical models chosen, the probabil­

ity density function (PDF), the cumulative distribution function (CDP) and the moment 

generating function (MGF) for each model is required. These functions are described 

here1. 

Given a random variable x (k) and any fixed value of x, the CDP of x is defined as 

F ( x) = Prob [ x ( k) ~ x] . (2.1) 

Differentiating F (x) with respect to x, the PDF p (x) is obtained 

d 
p ( x) = dx F ( x) . (2.2) 

The PDF indicates the relative frequency of occurrence of any fixed value of x . Finally, 

the MGF is defined as 

m (z) = E [e-zx] = [ e-zxp (x) dx 
-00 

(2.3) 

where E [x ] is the expected value (also called mean or average value) of x (k) . (Note, 

the MGF is closely related to another statistical function, the characteristic function and is 

easily translated by the variable substitution z = -jv .) By definition, Eq. (2.3) is the 

Laplace transform of the PDF p (x) . Thus, using the Laplace transform of a derivative 

property2, the MGF may alternatively be written in terms of the CDF: 

m ( z ) = r e-ZXF (x) dx = z f e-zxp (x) dx- F (0) . 
-~ -~ 

(2.4) 

l. For a more thorough discussion of these functions, refer to [3] , [ 14]. 
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where F (x) is the first derivative of F (x) . 

The random variable of interest here is the power in the fading envelope of the 

received signal. Assuming the channel conditions remain near constant over the duration 

of any one symbol period (this slow fading assumption is valid for non-frequency selec­

tive fading channels [2]), the received signal corresponding to the k-th transmitted sym­

bol may be expressed as 

(2.5) 

where xk is the transmitted signal corresponding to the k-th information symbol, nk is 

additive Gaussian noise with a single-sided spectral density N0/ 2 and s k is the complex 

channel gain (equal to unity in the absence of fading). In complex notation, 

sk = sk, 1 + jsk, Q where sk, 1 and sk, Q are the in-phase and quadrature components of 

the fading envelope respectively. The received power in the faded envelope is then 

S = Isl 2 = sJ + s~ (where k can be omitted since S is independent of k due to the 

slow fading assumption) [26), [27). Thus, it is the statistical characterization of S that is 

developed here. 

The effects of thermal noise, atmospheric noise and co-channel interference (inter­

ference from other transmitters sharing the same frequencies) is grouped together as addi­

tive white Gaussian noise (AWGN) with power N 0 in the frequency band of interest. 

The signal to noise ratio "( in the unfaded link is then defined as [26) 

(2.6) 

where Es is the energy per symbol at the receiver in the absence of fading (i.e., S = 1 ). 

2.1.1 Rician Distribution 

The Rician fading channel is characterized by a direct or line of sight (LOS) signal com­

ponent summed with a multipath (or specular) component consisting of multiple 

reflected, refracted and diffused copies of the same signal [4], [15). The multipath signals 

may either sum constructively or destructively depending on the topographical features 

surrounding the mobile terminal (see Figure 2.2) . Destructive addition of signals results 

2. Given an original function F (t) and it 's Laplace transform f(s) , then [18) 

d:~t) ~ sf (s) - F (0) . 
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Figure 2.1 Example of the Rician channel illustrating multipath fading. 

in fading. 

For the Rician channel, s I and s Q are independent Gaussian random processes, 

where s I has a mean equal to the signal strength in the LOS path, s Q has zero mean and 

both have variances equal to the power in the multipath component [3]. The received, 

faded power therefore obeys the non-central Chi-squared distribution with two degrees 

of freedom [3], [14]. Since the expressions for the CDF and MGF for the Chi-squared 

distribution are well known, they are repeated here without explanation. 

The CDF is given as [3], 

FRice (S) = 1- Q (Af, J2 (1 + K) S) (2.7) 

where K is the Rice factor, defined as the ratio of the power in the LOS path to the power 

in the multipaths, and Q (a,~) is Marcum's Q function 3 (see Appendix C in [16]). 

3. Marcum 's Q function is defined as [16) 

Q(a.,~) = l - e - (a2 +~2) /2°"' "° (~)111 (a.~) L.,11 = I a, 11 
where / 11 (x) is the nth order modified Bessel function of the first kind. 
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Note that Eq. (2.7) is obtained by setting the expected value of the power to unity (i.e. 

E [S] = 1 ). Similarly, the MGF is given as [3] 

1 K [ zK ] 
m . (z) = + e - 1 + K + z • 

Rice 1 + K + z 
(2.8) 

Two limiting cases exist. The first occurs when the power m the LOS path 

approaches zero (i.e. a LOS path no longer exists), then K ➔ 0 and the channel reverts 

to the Rayleigh fading channel. Thus the non-centralized Chi-squared distribution for the 

general case becomes a centralized Chi-squared distribution for the Rayleigh case. If S0 

represents the power of the multipath component, the Rayleigh CDF is [3] 

F (S) = 1 - e -SI So 
Rayleigh (2.9) 

and the corresponding MGF is [3] 

mRayleigh ( Z) = 
1 (2.10) 

For the second limiting case, the power in the multipath component becomes negli­

gible compared to the power in the LOS path (i.e. K ➔ 00 ). In this case, the Rician distri­

bution reverts to the Gaussian distribution. This becomes a valid approximation for the 

Rician channel when K > 30 [3]. 

The Rician distribution assumes a constant K. In reality, this is not the case since 

as the mobile terminal (or simply mobile) moves through the cell, various different topo­

graphical surroundings are encountered. This is particularly evident in the terrestrial envi­

ronment where shadowing (physical obstruction of the signal path) is more severe. 

2.1.2 Lognormal Rice Distribution 

The lognormal Rice distribution is a combined distribution incorporating the effects of 

shadowing into the Rician distribution. Over local areas, the channel is Rice distributed 

( as described in Section 2.1.1) while over larger areas, the local area mean is lognormally 

distributed [4], [8]. 

Define two mutually independent random processes: p , which is Rice distributed 

and S0 , which is lognormally distributed. The received power in the fading envelope can 

then be expressed as the product S = pS0 where S is now a lognormally distributed 

Rician random variable. 
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Using the definition in Eq. (2.3), the MGF of S is [8] 

mlnRice (z) = ( e-zpSop (pSo)d(pSo) = ( ( e-z pSop (p)p (So)dpdSo (2.11) 

where p (x) denotes the PDF of x and p (pS0) = p (p) p (S0) since p and S0 are 

independent. The inner integral of Eq. (2.11) with respect to p can be evaluated to obtain 

mRice (zS0 ) as defined in Eq. (2.8). The lognormal PDF p (S0) is defined as [15] , [17] 

(2.12) 

where cr is the logarithmic standard deviation of shadowing in natural units and µ is the 

local mean power. Thus substituting Eq. (2.8) and Eq. (2.12) into Eq. (2.11) yields 

mlnRice (z) = ( mRice (zSo) Pin (So) dSo 

= [ 1 + K e -[ 1 + ;: zs0] 1 exp [--1-ln 2( So)] dS 
o 1 +K + zS0 J2ic,as

0 
2cr2 µ 0 

(2.13) 

Introducing the same notation as in [8] , namely 

kx 
,h ( k) = 1 + k - I + k + X 
'f' x, 1 k e + + x 

(2. 14) 

and making the variable substitution x = [ln (S0/ µ)] / (J2cr) presented in [17], 

Eq. (2.13) can be rewritten as 

mlnRice (z) = ~[ <1> (zµe.f2crx, K) e-x2dx. 
,.;re o 

(2.15) 

Applying Hermitian integration4, a closed form expression for Eq. (2.1 5) is obtained [8] 

4. Given the Hermite polynomial H (x ) , then [18] n 

f 2 I ll e-x f(x) dx = . w/(x .) + R 
- oo 1 = 1 I II 

where x . and w . are the i th abscissa and weight respectively of the nth order Hermite polynomial and R 
is a rem~inder t6rm. 

11 
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(2.16) 

where xi and wi are tabulated in (18] for n ~ 20 and Rn is a remainder term. Appendix 

A provides an analysis of the remainder term. 

The CDF for the lognormal Rician distribution can be obtained directly from the 

MGF given by Eq. (2.16) by recognizing that <I> (x, k) = mRice (zlK = k) and by using 

the Laplace transform pair defined by Eq. (2.4) . Thus, using the linearity5 and s-domain 

scaling6 properties of the Laplace transform, the lognormal Rice CDF is 

n 

FlnRke (S) = ~;~J :; [1 - Q( ./ff(, J2 (I+ K) (SI a;))] + Rn (2.17) 

2.1.3 Suzuki Distribution 

Suzuki fading characterizes the joint effects of Rayleigh fading and lognormal shadow­

ing and models a shadowed multipath channel without a LOS path. Over a local area, the 

fading envelope obeys a Rayleigh distribution with a local area mean power S0 . Due to 

changing topographical features, S0 varies over larger areas following a lognormal distri­

bution [1], [2], [4] . The Suzuki distribution is a special case of the lognormal Rician dis­

tribution presented in the previous section for which the Rician factor K is zero. 

Thus by setting K = 0 in Eq. (2.16) and Eq. (2.17), the MGF and CDF of the 

Suzuki channel is obtained. After simplification, the Suzuki MGF is 

where ai is equal to µexp [ J2crxJ. Similarly, the Suzuki CDF is 

5. Given the Laplace transform pairs, F 1 (t) ⇒J1 (s) and F2 (t) ⇒J2 (s) then (18] 

AF1 (t) +BF2 (t) ⇒ Af1 (s) +Bf2 (s) 

where A and B are constants. 
6. Given the Laplace transform pair F (t) ⇒ f(s) and some constant c > 0, then 

~FU) ⇒f(cs). 

(2.18) 
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D Rician distributed with mean S0 
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D µ is a function of the distance r 

Figure 2.2 Physical representation of the terrestrial cellular channel. 

11 

(2.19) 

These results are in agreement with those derived directly from the Rayleigh and 

lognormal distributions in [19]. 

2.2 Land Mobile Terrestrial Channel Model 

The land mobile terrestrial channel refers to the channel between a land based mobile 

and a land based ( or terrestrial) base station. One base station typically services the calls 

of several surrounding mobiles. 

Figure 2.2, shows an ideal hexagonal cell serviced by a single base station and illus­

trates the scope of the fading channel effects. It is generally accepted that over a spacial 

dimension of a few hundred wavelengths, the received signal is Rician (or Rayleigh) dis­

tributed and is lognormally shadowed over areas equidistant from the base station whose 

dimension is much greater [l], [4]. The CDF and MGF for the power in the envelope of 

the received signal corresponding to this fading environment was derived in 

Section 2.1.2. The large area average path strength is a deterministic function of the dis­

tance between the mobile and base station (referred to as path loss or propagation attenu­

ation) [4] , [7] . 

Consider the local area Rician fading. For a mobile with velocity v, each of the 



12 

multipath signals is frequency shifted due to the Doppler effect and results in frequency 

spreading of the fading spectrum [15) . Thus, the fading spectrum has a low pass fre­

quency response with frequency cutoff equal to the maximum Doppler frequency [15) 

(2.20) 

where A is the wavelength of the carrier. This frequency spreading results in time-selec­

tive fading (i.e. the channel changes with time) . As channel samples taken ).,/ 2 apart are 

uncorrelated, Rician fading is a fast fading process [4] . At 800 MHz, this fading is typi­

cally one fade per second per mile per hour of vehicle speed [20). 

The severity of fading is a function of the Rician factor K. For macrocells with a 

diameter greater than several kilometers, K is typically zero. For cells with diameter less 

than two kilometers, K is usually small, in the range of 1 to 2. For picocells, K varies 

widely and may often exceed 5 and values above 30 are not uncommon [7]. 

The variation in K is a function of shadowing. Unfortunately, shadowing is highly 

dependent on environmental factors including building heights, roof shape, construction 

materials, gaps between buildings and cross streets, foliage and terrain. A signal may 

drop 20 dB by simply turning a corner [4]. Shadowing is a slow fading process whose 

behavior is obtained by averaging over 10-20 meters [2] , [4] . The standard deviation of 

shadowing, cr , is typically 6 to 9 dB but may be as high as 12 dB or as low as 3 dB [7] . 

The local mean power µ is a function of the distance r between the mobile and 

base station, and is typically given as [7] 

(2.21) 

where D is the propagation constant (dependent on the transmitter and receiver hard­

ware design) and a is the propagation exponent. a is typically in the range of 3.5 to 4.5 

but may be less than 2 (the free-space index) when the mobile is close to the base station 

or in a narrow corridor. 

2.3 Land Mobile Satellite Channel Model 

The land mobile satellite channel refers to the channel between a land based mobile and 

a satellite base station. The model presented here assumes a geostationary satellite. 
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Figure 2.3 Functional diagram of the satellite channel model. 
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In [12], [13], a two-state land mobile satellite channel model based on channel mea­

surements is presented (see Figure 2.3). For a fraction of the time 1 -A, the channel is in 

the good state modelled as a Rician random process. For the remaining fraction of the 

time A, the channel is in the bad state modelled as a lognormally shadowed Rayleigh ran­

dom process, or equivalently, a Suzuki random process. The net PDF of the received 

power is thus the weighted sum of the Rician and Suzuki PDFs, pRice (S) and 

Psuzuk.i (S) respectively, 

P (S) = ( 1 -A) PRice (S) + Apsuzuki (S) · (2.22) 

Similarly, using the definition of the MGF from Eq. (2.3), the net MGF is 

(2.23) 

where mRice (z) and msuzuki (z) are the MGFs for the Rician and Suzuki fading states 

given in Eq. (2.8) and Eq. (2.18). Finally, integrating Eq. (2.22), the net CDF is obtained, 

(2.24) 

where FRice (S) and Fsuzuki (S) are given in Eq. (2.7) and Eq. (2.19). 

The parameters used to represent the fading channel are taken from [13]. These are 

repeated in Table 2.1. Note that conversion from dB to linear units is required for K and 
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µ, and conversion from dB to nepers for cr . The angle immediately following the loca­

tion specifies the elevation angle between the earth and geostationary satellite for which 

the measurements were performed. As the typical orbit for a geostationary satellite is at 

36 000 km above the equator, the effect of mobile movement on the path loss is negligi­

ble and thus not considered here. 

Parameter set A K, dB µ,dB cr,dB 

Munich city (24°) 0.70 8.7 -8.5 3.0 

Munich wood (24 ' ) 0.54 10.7 -5.3 1.3 

Munich highway (24°) 0.16 11.7 -7.0 4.5 

Hamburg city (21 ' ) 0.75 9.4 -8.7 3.2 

Copenhagen city (18°) 0.80 5.5 -9.4 3.0 

Stockholm city (13°) 0.87 7.0 -9.5 3.0 

Table 2.1. Parameter sets for the analog channel model [13]. 

2.4 Fading Channel Simulator 

To perform the computer simulations required to evaluate the error control codes, a digi­

tal fading simulator is required. It must be capable of simulating the Rice, lognormal 

Rice and lognormal Rayleigh channels. Here, the Rayleigh channel is simulated as Rice 

with K = 0. Following [21], a single sample per symbol is used to represent the signal 

fading process. A block diagram of the fading simulator is shown in Figure 2.4. 

The Rician channel section of the simulator follows directly from the fact that the 

received power in the faded envelope is a non-central Chi-squared random variable with 

two degrees of freedom [3], [22]. The time correlation between samples in the Rician 

channel is introduced through low pass filtering. Although there is no general consensus 

on the exact filter to employ, a third-order Butterworth filter with normalized gain and 3 

dB cut-off equal to f D (as employed in [11], [22]) is selected as a compromise between 

simulation speed and complexity. The digital implementation of this filter is shown in 

Figure 2.5 where the filter weights are calculated in terms of the following 
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Figure 2.5 Digital implementation of a third-order digital Butterworth filter. 

3 ( c6 - 1) 
a= 

2c5 - c3 + 2c - 3 

d = ( 1 + c) ( 1 + c + c2) 

2 (1- c2) e = ---'---~ 
1 + C + c2 

1-c 
f=l+c 

1 - C + c2 
g=---

1 + C + c2 

(2.25) 

In Eq. (2 .25), c = [ tan (rcfDT)] - I where r- 1 is the symbol rate and JDT is referred to 

as the normalized fading bandwidth. (Refer to [23] for more information on Butterworth 

filter design .) 

The lognormal shadowing section of the simulator is implemented directly from 

the definition of the lognormal distribution [17]. Correlation in the shadowing is intro­

duced through low pass filtering using the same Butterworth filter as for the Rician case 

[22]. As shadowing is a much slower fading process compared to multipath fading, a 3 

dB cutoff frequency off DI N is used where N > I and is dependent on the topographical 
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features of the terrain surrounding the mobile. In [22), the suggested value for N is 10. 

The local mean area µ represents the path loss and is implemented directly from 

Eq. (2.21) for the terrestrial channel and is read from Table 2.1 for the satellite channel. 

Figure 2.6 shows the simulated channel gain for a 900 MHz signal given several 

different channel conditions and mobile velocities. The effects of mobile speed are obvi­

ous. At 80 km/hr, deep fades occur much more frequently and the variation in shadowing 

is evident. At 20 km/hr, deep fades are less common and the time variations in shadow­

ing are not evident over this short a sample period. The severity of fading is seen to 

increase significantly for the Rayleigh channel (K = 0) in comparison to the Rician 

channel with K = 2 .. Finally, the effect of increasing the standard deviation of shadow­

ing is seen to produce more rapid and severe variations in the short term signal mean. 
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Figure 2.6 Examples of the channel gain simulated using the channel simulator for 
various channel fading parameters. 
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Chapter3 

Diversity Techniques 

Diversity reception is employed to mitigate the effects of short-term fading. The underly­

ing premise is that if two or more signals are taken from "sufficiently" spaced receiving 

antennas1•2, it is improbable that these signals will experience simultaneous deep fades 

[2]. Diversity reception can be used either at the base station (macroscopic diversity or 

macro-diversity) or at the mobile (microscopic diversity or micro-diversity), although the 

antenna separation required differs for each case. In practice, micro-diversity reception 

combats the fast fading variations in the received signal strength caused by multipath fad­

ing, whereas macro-diversity combats the slower fading variations caused by shadowing 

[2]. A composite macro- and micro-diversity system combats both multipath and shadow­

ing [25]. 

To capitalize on the improvement in signal statistics due to diversity, several com­

bining techniques have been proposed. Two such techniques are considered here: selec­

tion diversity combining (SDC - perhaps the simplest combining method), and 

maximal ratio combining (MRC - the best known linear combining method). The per­

formance of other techniques generally fall between these two. 

In this chapter, the effects of composite macro- and micro-diversity on the power in 

the received envelope after combining are evaluated. Both the terrestrial and satellite 

channel models presented in Chapter 2 are considered. The CDF and MGF are derived 

1. Although space diversity (i.e. multiple sufficiently spaced antennas) is assumed, the expressions derived 
here are also valid for polarization diversity. Other diversity techniques, such as time or frequency diversity, 
achieve independent fading by multiple transmissions which requires more transmission power and thus are 
not as efficient as space diversity [2]. 
2. Due to the reciprocity of the channel, the effects on the signal strength are equivalent regardless of 
whether the signal is being received with multiple antennas or transmitted with multiple antennas. 
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assuming either SDC or MRC micro-diversity and SDC macro-diversity. 

3.1 Diversity Combining Techniques 

In systems employing diversity, a method of combining the multiple received signals 

into a single improved signal is required. Two methods, selection diversity combining 

(SDC) and maximal ratio combining (MRC) are described here. 

SDC measures the signal to noise ratio (SNR) at each branch (i.e. antenna) and 

selects the branch with the highest SNR value. Thus, if L branch diversity is employed 

and the mean noise power per branch is the same for all branches, the decision criteria 

reduces to max [SJ , i = l, . . . , L, where Si is the channel gain from the ith branch. For 

MRC, rather than selecting the single strongest signal, MRC weights each signal propor­

tionately to their current SNR and then sums all the signals. It is shown in [2] that for L 

branch diversity, the total channel gain S is the sum of the individual channel gains Si, 

i = l, ... , L, from each antenna ( assuming the mean noise power per branch is the same 

for all branches). 

Figure 3.1 illustrates the effects of two branch micro-diversity on the power S m 

the fading envelope for both SDC and MRC. This was obtained through simulation (refer 

to channel simulator in Section 2.4) with the following parameters: 900 MHz carrier fre­

quency, a mobile speed of 15 kilometers per hour and a Rician factor K = 2. As micro­

diversity has no effect on shadowing, shadowing was not simulated. This figure clearly 

illustrates the performance improvements obtained from diversity, especially with MRC. 

Note that for SDC, the combined signal strength will never exceed the strength of the best 

branch. However, for MRC, the combined signal strength will always exceed that of the 

best branch. Furthermore, since the channel gain of any branch may occasionally exceed 

unity in the multipath fading environment, with sufficient diversity branches (either 

MRC or SDC), the average signal strength in the multipath channel may actually exceed 

that of the non-fading channel. 

To evaluate the performance of SDC and MRC diversity, their effects on the chan­

nel statistics must be ascertained. Considering SDC, the probability that Si' i = l, ... , L 

are all simultaneously less than or equal to some Sis Prob [Si~ S], i = l, ... , L. Since 

sufficient antenna separation is assumed, Si, i = l, .. . , L, are uncorrelated and identically 

distributed. Thus using the definition of the CDF given in Eq. (2.1) 
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L 

F(SDC) (S) = 11 Prob [Si ~ S] = (Prob [Si~ S]) L = [F (S)] L (3.1) 
i= I 

where F (x) is the CDF for the received power in one branch and F (S) = F (S) for 

i = I, ... , L and j = I, .. . , L . 

Similarly for MRC, from the definition of the MGF given by Eq. (2.3), the MGF of 

the combined signal power S is 

Assuming Si, i = I, ... , L, are independent and identically distributed ( achieved through 

sufficient antenna separation), Eq. (3.2) can be written in the desired form 

(3.3) 

where m (z) is the MGF for a single diversity branch. 

3.2 Terrestrial Channel 

At the mobile, an antenna separation of 0.5A has been found to achieve almost indepen­

dent multipath fading diversity branches [2], [4]. However, due to the larger area effect 

of shadowing and the limited antenna separation distance at the mobile, antenna separa­

tion cannot decorrelate the effects of shadowing between the antennas. In fact, it is 

assumed that the shadowing effects at each antenna are identical (a valid assumption for 

antenna separations less than a few meters [4]). Both SDC and MRC are considered. 

As sufficient antenna separation at the mobile is typically not possible (i.e. greater 

than 20 meters [4]), macro-diversity is implemented using multiple base stations suffi­

ciently separated to obtain independent shadowing. For macro-diversity, SDC is 

assumed. Thus, given M base stations, each experiencing independent shadowing 

effects, the base station measuring the strongest received signal services the mobile. A 

handoff to another base station is initiated only if the mobile's transmitted signal is 

received more strongly at another base station. 
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3.2.1 SDC Micro-Diversity with SDC Macro-Diversity 

For the terrestrial channel, micro-diversity alleviates the Rician distributed multipath fad­

ing. The resulting CDF for the local area power is obtained from Eq. (3.1) using the non­

diversity Rician CDF given by Eq. (2.7) 

(3.4) 

Applying the definition of the MGF given by Eq. (2.4), the MGF for SDC in Rician fad­

ing is 

(3.5) 

Making the variable substitution, x = zS, and applying Gauss-Laguerre integration3, a 

closed form expression for Eq. (3.5) is obtained 

(SDC) ~ [ ( ~-J~L 
mRice (z) = _L.. ffii 1 - Q ,/ii(, J2 ( 1 + K) (X/z) LJ + Rn 

l = I 

(3.6) 

where mi and Xi are tabulated in [18] for n ~ 15 . The remainder term Rn is examined in 

Appendix A. 

Consider now M independently shadowed base stations, all monitoring the received 

signal strength from the mobile and employing SDC macro-diversity. From Eq. (3.1), the 

CDF for the shadowing is simply F ~SDC ) (S0) = [F1n (S0)] M where F 1n (S0) is the 

non-diversity CDF for the lognormally distributed shadowing given as [3] 

(3.7) 

where Q (x) is the area in the upper tail of the normalized Gaussian distribution4. Thus, 

3. Given the Laguerre polynomial Ln (x) , then [18] 

1 e-XJ(x) dx = I,n co/(X -) + R Jo l = I I n 

where X· and co . are the i th abscissa and weight respectively of then th order Laguerre polynomial and R 
is a remainder term. n 

4. Mathematically, Q (x) is expressed as [26] 

Q (x) = _ l_[e-z212dz . 
Jiic X 
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using the definition of the PDF given by Eq. (2.2) 

(3.8) 

where Pin (S0) is given in Eq. (2.12). 

Following the same methodology used to derive Eq. (2.13), but replacing 

mRice (zS0) with mJ~~C) (zS0) and Pin (S0) with p 1~SDC) (S0) , the MGF for the com­

bined lognormal Rice channel is obtained 

m (SJ?C!) (z) = [m (~DC) (zS )p (SDC) (S ) dS 
lnRtce O Rice O In O 0 

( 
1 (S / ) ) M - I ( S ) (3.9) 

= [mJSDC) (zS0)M[l-Q n ° µ ] ~ exp[-~ln
2 

_Q ]ds0 0 ice O' 21tO'So 20' µ 

The exclamation mark denotes that composite macro- and micro-scopic diversity is 

being considered . As before, making the variable substitution 

x = [ln (S0/ µ)] / (Jia) , appling Hermitian integration and substituting Eq. (3.6) for 

m1~~) (z) , one obtains (ignoring remainder terms) 

(3.10) 

where xi and wi correspond to the Hermitian integration, Xi and mi correspond to the 

Laguerre integration, and nH and nL are the orders of the Hermitian and Laguerre poly­

nomials. 

Applying the inverse Laplace transform to Eq. (3 .10), the corresponding CDP is 

obtained. Recognizing that only the second summation is a function of z , the same argu­

ments used to derive the lognormal Rice CDP for the non-diversity case (see Eq. (2.16)) 

can be applied. Namely, recognizing the similarity between the second summation and 

the Rician MGF given by Eq. (3.6) and applying the linearity and s-domain scaling prop­

erties of the Laplace transform, the CDP can be written directly from Eq. (3.4) and 

Eq. (3.10) 
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n 

= ;,,;~1 :; [, -Q( fix;r-l [, -Q( ffe, J2 (I+ K) (SI a;) l 
(3.11) 

As expected, Eq. (3 .10) and Eq. (3 .11) revert to the non-diversity cases when 

L = M = 1 and match those derived in [19] for the micro-diversity case alone (i.e. 

M = 1). 

3.2.2 MRC Micro-Diversity with SDC Macro-Diversity 

Consider again the Rician component of the terrestrial fading channel. Recall that for one 

branch, the received power is the sum of an in-phase and quadrature component which 

are modeled as independent squared Gaussian random processes. This is described by 

the non-central Chi-squared distribution with two degrees of freedom. Therefore, the 

sum of L independent branches is now distributed as a non-central Chi-squared random 

process with 2L degrees of freedom [3]. Thus the CDF is [3] 

(3.12) 

where Qm (a,~) is the generalized Marcum's Q function5. Note that K is defined as 

before, but now the expected value of S is L (i.e. each branch is normalized) . Similarly, 

the MGF for S is [3] 

zKL 
(MRC) () ( 1 +K )L l+K+ z = [m( K)]L 

mRice Z = 1 + K + Z e 'I' z, . (3.13) 

where q> (x, k) is given by Eq. (2.14). As expected, this corresponds to the definition of 

the MRC MGF given by Eq. (3 .3). 

Following the same procedure as in the previous section, the MGF for the combined 

lognormal Rice channel is 

m ( M_RC! ) (z) = [ m (MRC) (zS ) p (SOC) (S ) dS 
lnR1ce O Rice O In O 0 (3.14) 

where mJ~fC) (z) is given by Eq. (3.13) and p 1~SDC) (S) is given by Eq. (3.8). Making 

5. M arcum's generali zed Q function is defined as [16) 

Q (a , ~) = l -e-(a2+ ~2) / 2~ oo (~)n/ (a~). 
M L,n = M CX n 
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the variable substitution x = [ ln (S0/ µ)] I ( J2cr) and applying Hermitian integration 

the MGF can be written as 

(3.15) 

This matches the MGF derived in [8]. Here, the work in [8] is extended by deriving the 

corresponding CDF. 

Following the same procedures used to derive the SDC MGF in Eq. (3.11) and tak­

ing the inverse Laplace transform of Eq. (3.15) yields the CDF for the received power in 

the composite MRC micro-diversity, SDC macro-diversity fading channel 

where the error function Q (x) and Marcum's generalized Q function Q (a,~) are pre­

viously defined. 

As expected, when L = M = 1, Eq. (3.15) and Eq. (3 .16) revert to the non-diver­

sity cases derived in Chapter 2. These also match the expressions derived in [19] for the 

micro-diversity case alone (i.e. M = 1 ). 

3.3 Satellite Channel 

As for the terrestrial channel, L antennas (with independent fast fading components) and 

M base stations (satellites) are assumed. The MGF and CDF for both SDC and MRC 

micro-diversity with SDC macro-diversity for the satellite channel are derived here. 

Recall that the satellite channel model is a time shared, two state model, where the good 

state is modeled as Rician and the bad state as Suzuki. 

3.3.1 SDC Micro-Diversity with SDC Macro-Diversity 

The CDF and MGF for the Rician channel state are derived previously for the ter­

restrial channel and are given by Eq. (3.4) and Eq. (3.6), respectively. For the Suzuki 

channel state, consider first the uncorrelated Rayleigh components with local area mean 

S0 . Applying Eq. (3.1), the Rayleigh CDF for L branch SDC is equal to the non-diver­

sity CDF Eq. (2.9) raised to the power L 
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F(SDC) (SIS ) - ( 1 - -S/ SO) L 
Rayl O - e · (3.17) 

Taking the inverse Laplace transform of Eq. (3.17), the corresponding MGF can be 

derived. Using the binomial expansion6 and the Laplace transform parr 

e-at <==> (s + a)- 1 [18], the Rayleigh MGF conditioned on S0 for SDC is obtained 

(SDC) L ·(L) zSo 
mRayl (z) = L (-l)J · · S · 

. J J+ Z 0 
.I= 0 

(3.18) 

An equally valid solution can be obtained from the Rician MGF by setting K = 0, how­

ever, this requires Hermitian integration. Thus Eq. (3.18) is a more attractive solution. 

Following the same procedure as in the previous section, the MGF for the combined 

lognormal Rayleigh channel is 

m (SDC_!) (z) = [m (SDC) (zS )p (SDC) (S ) dS 
Suzuki O Rayl O In O 0 (3.19) 

where mJ~~C) (z) is given by Eq. (3.18) and p 1~SDC) (S) is given by Eq. (3.8). As 

before, making the variable substitution x = [ ln (S0/ µ)] I ( J2cr) and applying Her­

mitian integration the MGF can be written as 

(SDC!) ( ) _ M ~ [ ( r;:; J~M- l ~ j(L) ~ R 
mSuzuki z - Jic/:'1 Wi 1 - Q ,J2Xi LJ j ~ O (-1) j j + zai + n . 

(3 .20) 

where ai, wi and Rn correspond to Hermitian integration as previously defined. The cor­

responding Suzuki CDF can be obtained by performing the inverse Laplace transform on 

Eq. (3.20) to get the PDF and integrating. However, recognizing that the summation over 

j in Eq. (3.20) is simply the MGF given in Eq. (3.18) where ai replaces S0 , the CDF for 

the Suzuki channel can be written directly as 

n 
(SDC!) M [ ( J~M- I -Si a L 

Fsuzuki (S) = Jici~lwi 1-Q J2xiu [1-e '] +Rn. (3 .21) 

Setting L = M = 1, Eq. (3.20) and Eq. (3.21) revert to the non-diversity expres-

6. The binomial expansion is given as [18] 

(a+bx)n = L.,n _ (~)an- i(bx)i . 
l - 0 I 
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sions derived in Chapter 2. For M = 1, the micro-diversity case, Eq. (3.20) and 

Eq. (3 .21) match those derived in [19] . 

3.3.2 MRC Micro-Diversity with SDC Macro-Diversity 

As before, the CDF and MGF for the Rician channel state were derived previously for 

the terrestrial channel and are given by Eq. (3.12) and Eq. (3.13), respectively. 

For the Suzuki channel state, the MGF may be obtained directly from the lognor­

mally shadowed Rician MGF derived for the terrestrial channel. Thus setting K = 0 

(limiting Rayleigh case of the Rician distribution) in Eq. (3.15), the MGF for MRC 

micro-diversity is 

mJ~~1f) = ~ i wi [ 1 
./fox.] L [1 -Q( J2xi]~ M- I +Rn· 

,.,;rci = 1 1 +zµe ' 
(3.22) 

The corresponding CDF can be obtained by finding the inverse Laplace transform7 

of Eq. (3.22) to obtain the PDF and then integrating8 to get 

(3.23) 

As expected, Eq. (3.22) and Eq. (3.23) revert back to the non-diversity case when 

L = M = 1 . For the micro-diversity case, Eq. (3.22) and Eq. (3.23) default to the 

expressions derived in [19]. 

7. This is performed using the Laplace transform pair (18] 

1 tn- l e-at 
---<=>---
(s+a)n (n-1)! 

(n = 1, 2, ... ) • 

8. Using the followi ng integral solved in (28] 

Ip xn - I e-axdx - a- ny (n a ~) 
0 - ' 

where for the special case when n = 1, 2, ... , (28] 

y(n,x) = (n-1)![1-e-x( "n - l xn)]. 
L.,m = Om! 
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3.4 Concluding Remarks 

In this chapter, computationally simple formulas for the moment generating function and 

cumulative probability function were derived for fading channels employing diversity 

combining techniques. The resulting equation numbers are organized in Table 3 .1. 

Macroscopic Microscopic 
Terrestrial Satellite 

Statistic 
Combining Combining Lognormally 

Rice Suzuki 
Shadowed Rice 

MGF Eq. (2.16) Eq. (2.8) Eq. (2.18) 
No Diversity 

CDF Eq. (2.7) Eq. (2.19) Eq. (2.17) 

MGF Eq. (3.10) Eq. (3.6) Eq. (3.20) 
SDC 

CDF Eq. (3. 11) Eq. (3.4) Eq. (3.21) 
SDC 

MGF Eq. (3.15) Eq. (3.13) Eq. (3.22) 
MRC 

CDF Eq. (3. 16) Eq. (3.12) Eq . (3.23) 

Table 3.1. Summary of the MGFs and CDFs for diversity channels. 

In all diversity cases, the equations are generalized for L branches at the mobile 

and M base stations. These are also valid for the limiting cases when L = l , M = 1 or 

L = M = 1 . The corresponding PDFs are not required for this thesis and thus are not 

derived here. The PDF of any distribution may be obtained by differentiating its CDF 

with respect to S , the power in the fading envelope. 
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Chapter4 

Bit Error Rate and Outage Performance of 

Diversity Systems 

The average BER and outage probability are the two most common measures of commu­

nication performance. In this chapter "clean" and numerically efficient solutions for cal­

culating both are derived. It is shown that for many modulation schemes, the average 

BER can be obtained directly from the MGF of the fading channel, and the outage proba­

bility directly from the CDF. 

Although somewhat general express10ns for the BER and outage are derived, 

emphasis is placed on M -ary PSK due to its constant envelope characteristics which are 

especially favorable for digital mobile communications and due its higher bandwidth effi­

ciency. Both coherent and non-coherent (differential) M -PSK are investigated. 

In the latter part of this chapter, an example is provided illustrating the application 

of the theory derived for the satellite channel with micro-diversity. 

4.1 Average Bit Error Rate 

In this section, expressions for the average BER for several common modulation 

schemes including both coherent and non-coherent M -ary PSK are derived. The average 

BER is defined as the number of erroneous bits per block of transmitted bits averaged 

over all time to account for all channel fading variations. Thus, it is the expected value of 

the instantaneous BER that is required. This is obtained by averaging the instantaneous 

BER Pb ( YI S) conditioned on the instantaneous fading channel gain S ( or equivalently, 

power in the fading envelope) over the range O < S < oo: 
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(4.1) 

where y is the SNR for the unfaded link given in Eq. (2.6) and p (S) is the PDF of the 

fading channel power. By expressing Eq. (4.1) in terms of the MGF of the power in the 

fading envelope, the BER expressions can be written independent of the type of fading 

or diversity employed. 

4.1.1 Common Modulation Schemes 

In this section, expressions for the average BER are derived for several common modula­

tion schemes including coherent and non-coherent ( differential) binary PSK, coherent and 

non-coherent FSK, coherent ASK, coherent QPSK and coherent MSK. A description of 

these schemes is not required for the following developments and thus is not presented 

here. The interested reader is referred to any introductory communications text (i.e. [3], 

[26], [27]). 

The formulas for the instantaneous BER Pb ( YI S) of the aforementioned modula­

tion schemes are summarized in Table 4.1. One immediately recognizes that these expres­

sions can be categorized into one of two general forms, namely those which are 

functions of the complementary error function 1 and those which are of exponential form. 

Modulation Scheme Pb("flS) 

Coherent binary PSK ~erfc ( /sy) 

Coherent binary FSK 
~erfc(~) Coherent binary ASK 

Coherent QPSK 
erfc (/sy) Coherent MSK 

Non-coherent binary FSK !e- Sy/ 2 
2 

Differential PSK 
1 - Sy 
2e 

Table 4.1 Instantaneous BER of several common modulation schemes [27] . 
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Consider the first form, where the instantaneous BER is 

Pi I ) (ylS) = a erfc ( ji;Sy) (4.2) 

where a and b are selected according to Table 4.1. In order to obtain an expression 

which is a function of the channel MGF, an alternate exponential form for erfc (x ) is 

required. Consider the definite integral and its solution given in [Eq. 7.4.11 , 18] 

2 2 

[ 
e-0 1 7t 2 2 
~dt = -

2 
e0 z erfc (az) 

0 t + z Z 
a> 0, z > O · 

Isolating the erfc function, making the variable substitution x = a z and rearranging 

2xa e-x2( J +a212/x2) 

erfc(x) = -[------dt. 
7t o x2 ( 1 + a2t2/ x2) 

(4.3) 

(4.4) 

Making another variable substitution tan 0 = at/ x and using the trigonometric property 

1 + tan2 0 = sec2 0 , the desired form is obtained: 

2Jn12 
2 2 erfc (x ) = - e-X sec ede . 

7t 0 
(4.5) 

This form is both easily evaluated and well suited to numerical integration since the inte­

grand is well behaved over the range of the integral. Substituting this alternative form 

into Eq. (4.2), the average BER becomes 

p(I) (y) = 2a[ Jnl 2 e- bSysec2ep(S)d0dS. 
b 7t O 0 

(4.6) 

By interchanging the order of integration, and recognizing the integral with respect to S 

is equal to the MGF of the fading channel evaluated at bysec20, Eq. (4.6) can be rewrit­

ten as 

( I ) 2a fnl2 
Pb (y) = - m [bysec20] d0. 

7t 0 
(4.7) 

In general, a closed form expression for Eq. ( 4. 7) cannot be obtained. However, if the 

I . The complementary error function is defined as 

erfc (x) = 1 - erf (x ) = I - ~ r' e-12 dt. 
Jir) o 
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channel's MGF is of the form m (z) = ( 1 + za) - 1, a closed form expression can be 

derived and if the MGF is of the more general form m (z) = ( 1 + za) - L, one can 

directly solve Eq. (4.1) to obtain a closed form expression. For both cases, closed form 

expressions are derived in Appendix B. 

The second form in Table 4.1 is the exponential form. The general expression for 

the instantaneous BER is 

(4.8) 

where again a and b are obtained from Table 4.1. Substituting Eq. (4.8) into Eq. (4.1) 

and interchanging the order of integration, the average BER can be written in terms of 

theMGF 

(2) 
Pb (y) = am(by) . (4.9) 

Thus, the average BER can be obtained for all the modulation schemes listed in 

Table 4.1 for all channels and diversity combinations by simply evaluating Eq. (4.7) and 

Eq. (4.9) with the appropriate channel MGF as derived in Chapter 3. 

4.1.2 Coherent and Differential M-ary PSK 

Coherent M-PSK maps each block of k = log 2M bits to one of M unique symbols each 

separated by a phase offset equal to 2rr/ M . Demodulation is performed by measuring 

the phase offset between the received signal and some fixed reference Eq. [26]. Figure 4.1 

illustrates the signal constellation for the M = 8 case. For the (010) symbol, the trans­

mitted signal has a phase offset (assuming the in-phase axis is the reference) equal to 

3rr/ 4 and an amplitude of Jes. If the phase offset of the received signal is within the 

decision region (independent of amplitude), then correct demodulation will occur. 

Commonly, the instantaneous BER of coherent M -ary PSK is approximated by [26] 

Pb (rlS) ""l l Merfc cJsysin2 (n / M)) 
og2 

M>2 (4.10) 

for which the average BER could be determined directly from Eq. (4 .7) where 

a = (log 2M) - 1 and b = sin (rr/ M) . However, this approximation becomes inaccu­

rate for fading channels where the instantaneous SNR is small. Thus, an alternative solu­

tion is required. 
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When the received signal is perturbed by an instantaneous SNR equal to Sy, the 

CDF of the phase error 8 (i.e. 8 is the phase difference between the transmitted and 

received signal) is [29], [30] 

(4.11) 

where S is the fading channel gain and y is the SNR for the unfaded link. Averaging 

Eq. (4.11) over the PDF of the fading channel p (S) (see Eq. (4.1)), and interchanging 

the order of integration, the average CDF of the phase error as a function of the channel 

MGF is obtained 

(4.12) 

With the possible exception of some channel types, a closed form expression for 

Eq. ( 4.12) is difficult or impossible to obtain. It is however well suited for numerical inte­

gration. 

For non-coherent M -PSK, or simply differential M -PSK (M -DPSK), the differ­

ence between two successive M -ary symbols is mapped to one of M unique symbols. 

Decision 
Region 

....._ 

Quadrature 

', (011) 

(101) 

Figure 4.1 Signal constellation for 8-ary PSK with Grey coding. 
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Demodulation is performed by measuring the phase offset between successively received 

symbols. For an instantaneous SNR equal to Sy, the CDP of the phase error 8 between 

the two successively received signals is [29], [30] 

F ( IS) = -sin "'f1t1 2 exp [ -Sy ( 1 - cos \j/COS t)] d 
DPSK \j/,y 47t -1t/2 1-COS\j/COSt t . (4.13) 

Averaging Eq. ( 4.13) over p ( S) and interchanging the integration order, the average 

CDP of 8 in terms of the channel's MGF is 

F ( ) = -sin\j/f1t/2 m [y( 1 - cos\j/cost)] d 
DPSK \j/, y 47t -1t/2 1 - COS\j/COSt t. 

(4.14) 

Again, for most channel models, a closed form expression of Eq. (4.14) is difficult or 

impossible to obtain, however it is well suited to numerical integration. 

When demodulating M-PSK and M -DPSK, if the j-th symbol was transmitted, the 

( i + j) -th symbol is demodulated if the phase error e falls within the range 

-(2i + l)rr/ M and -(2i-l)rr/ M (see Figure4.1). The corresponding BER is the 

Hamming distance between the ith and jth symbol divided by the number of bits per 

symbol, where the Hamming distance is equal to the number of bit positions in which the 

two symbols differ. Therefore, assuming all symbols are transmitted with equal probabil­

ity, the average BER is (exploiting symmetry about the j-th symbol - i.e. the probabil­

ity of an error in the clockwise direction is equal to that in the counter-clockwise 

direction) 

(

M /2 -1 

= lo 2 M L d/M) Prob [ (2i ~ 1) 7t < e ~ 
g2 i = I (4.15) 

+dl}'J~Prob[-rr< 8~ (M~l)rr]) 

where d/M) is the Hamming distance between the i-th and j-th symbols averaged over 

all j. Assuming Grey code symbol mapping2, the average Hamming distance can be 

found through simple iteration through all i and j averaged over j . Table 4.2 lists d/M) 

for symbol sizes of 2 to 6 bits long. From the definition of the CDP (see Eq. (2.1)), the 

2. Grey code mapping assigns symbols to the signal constellation such that the Hamming distance between 
any two adjacent symbols is exactly one. Since adjacent symbol errors occur most frequently, this ensures 
that the number of bit errors is minimized for adjacent symbol errors. See Figure 4.1 . 
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following property is evident: Prob ['If 1 <es;; '1'2] = F ('1'2) - F ('I' 1) • Applying this to 

Eq. (4.15), the desired expression for the average BER becomes 

Pb (y) = 
10
:AF(-;, y) + I (d/Ml -d/~/)F( (2i~I) " , y)] 

where F ('I', y) is given by Eq. (4.12) for M-PSK and by Eq. (4.14) for M-DPSK. 

M 

4 

8 

16 

32 

64 

1, 2 

1, 2, 2, 2 

5 5 
I, 2, 2, 2, 2 , 3, 2 , 2 

5 5 11 7 13 13 7 11 
I , 2, 2, 2, 2, 3, 2' 2, 4' 2' 4 ' 3, 4, 2' 4' 2 

5 5 11 7 13 13 7 11 
1, 2, 2, 2, 6' 3, 2' 2, 4 ' 2' 4' 3, 4' 2' 4 ' 2, 

23 15 29 7 31 17 29 29 17 31 7 29 15 23 
8 ' 4 ' 8 ' 2 ' 8 ' 4 ' 8 ' 

3
, 8 ' 4 ' 8 ' 2 ' 8 ' 4 ' 8 ' 

2 

Table 4.2 Average Hamming distance between symbols for Grey code. 

4.2 Outage Probability 

(4.16) 

Often a more useful measure of transmission quality, the outage probability Pout indi­

cates the percentage of the time that the instantaneous BER is above some acceptable 

threshold, £. For voice data, the threshold may be as high as 10- 2 to ensure toll quality 

speech. For data (uncoded) transmission, the threshold is about 10-4 . For video data, 

BER requirements can be even more stringent. Since the instantaneous BER Pb (S) is a 

monotonically decreasing function of S, Pout can be written as 

Pout = Prob [ S < S] = F ( S) ( 4.17) 

where S is the solution to Pb (S) = £ and F (S) is the CDF of the fading channel. 

Thus, given S, the outage probability can be expressed in terms of the channel's CDF 

independent of channel type or diversity scheme employed. 
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4.2.1 Common Modulation Schemes 

Compared to the M -ary PSK cases, the outage probabilities for the modulation schemes 

listed in Table 4.1 are easily derived. For the erfc (x) form, S is obtained by re-arrang­

ing Eq. (4.2) to get 

(4.18) 

where approximations to the inverse erfc function can be found in many mathematical 

references (see [18]). The outage probability is obtained by substituting S calculated from 

Eq. (4.18) into Eq. (4.17). 

Similarly, for the exponential forms , Sis obtained by re-arranging Eq. (4.8) to get 

S = -;y1n(;). (4.19) 

Substituting S obtained from Eq. (4.19) into Eq. (4.17) results in the outage probability. 

4.2.2 Coherent and Differential M-ary PSK 

For both M-ary PSK and DPSK, no simple method for obtaining S exists. For both 

M -PSK and M -DPSK, S is the solution to 

[ 

M / 2 ] _2_ F(- 7t ) + " (d .(M) -d .(M)) F(- (2i- 1) 7t ) 
log M M' 'Y LJ 1 1 - f M ' 'Y 

2 i = 2 

(4.20) 

where F ('V, y) for M -PSK is given by Eq. ( 4.11) with S replacing S and F ('V, y) for 

M-DPSK is given by Eq. (4.13) where again, S replaces S. Since the BER is monotoni­

cally decreasing, the solution to Eq. (4.20) is not too difficult to find . Once S is found, 

the outage probability can be obtained directly from Eq. (4.17). 

4.3 Numerical Results 

In the previous developments, equations for the average BER and outage probability are 

found for several common modulation schemes as well as for M -ary PSK and DPSK. 

These equations are general in the sense that they are expressed in terms of either the 

channel's MGF or CDF. In Chapter 2, the MGFs and CDFs are derived for the lognor­

mally shadowed Rician channel and for the time-shared Rician and lognormally shad­

owed Rayleigh channel. In Chapter 3, these are extended for the composite micro- and 
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macro-scopic diversity systems where either SDC or MRC diversity were employed for 

micro-diversity. Needless to say, a detailed analysis of all these variations is beyond the 

scope of this thesis. Rather, a detailed analysis of micro-diversity for the satellite channel 

is provided as an example. 

These results are based on a per branch E bl NO (i.e. on average, MRC with L 

branches has L times more signal energy than a single channel). Where Hermitian or 

Laguerre approximations to integration are performed, orders of 20 and 15, respectively 

are used. For other integrations, a routine which successively doubles the number of inte­

gration points is used to obtain a relative accuracy greater than 1 x 10- 6 . When finding 

the solution to Eq. (4.20), the bisection root-finding method is employed to obtain S with 

a relative accuracy of 1 x 10-6 . The parameters for the satellite channel model are read 

from Table 2.1. 

4.3.1 Average Bit Error Rate 

Figure 4.2 illustrates the average BER of M-ary PSK for M = { 2, 4, 8, 16, 32} in the 

shadowed and un-shadowed Munich city environment. At an average BER of 10-2 , typi­

cal of voice communications, the performance when shadowed (i.e. A = 1) is about 16 

dB worse than when un-shadowed (A = 0). Furthermore, increasing the symbol size 

beyond two bits (i.e. M = 4) degrades the BER performance from 2 to 4 dB. To achieve 

an average BER of 10- 2 , a SNR of { 6.3, 9.0, 13.0, 17.4} dB in the un-shadowed envi­

ronment and a SNR of {23.8, 25.5, 29.4, 32.8} dB in the shadowed environment is 

required for M = { 4, 8, 16, 32} , respectively. As expected, the performance of DPSK 

(not shown) was found to be worse than that of PSK. Thus, to achieve a desired BER at a 

reasonable SNR, some method of improving the performance is required. Micro-diver­

sity is one such method. 

For M -ary PSK, the improvement in BER when MRC micro-diversity is employed 

is shown in Figure 4.3 for the Munich city environment. Note the significant improve­

ment in BER due to micro-diversity. For example, at a BER of 10- 2 , a SNR gain of 

{ 7 .1, 13 .1 } dB can be achieved using L = { 2, 5} branch MRC diversity over no 

diversity (relatively independent of M). Note that the penalty for increasing the constella­

tion size above that of BPSK or QPSK is about { 2.3, 5.8} dB (relatively independent 

of L) for M = { 8, 16} . Thus, by employing two branch MRC, the BER performance of 

16-ary PSK surpasses that of BPSK or QPSK without diversity. 
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Figure 4.4 shows the average BER for differentially detected QPSK (i.e. M = 4) 

with both MRC and SDC micro-diversity in the Munich city fading environment. Com­

paring the diversity cases to the non-diversity case, we see that a significant increase in 

BER performance can be achieved through diversity, particularly for MRC. For an aver­

age BER of 10- 2 , a SNR improvement of { 6.2, 8.3, 9.4} dB for SDC and 

{7.6, 10.7, 12.5} dB for MRC can be achieved over the non-diversity case for 

L = { 2, 3, 4} , respectively. Note that as the number of branches increases, the incre-

mental savings in SNR decreases. The BER curves for L = 20 illustrates this, and fur­

ther emphasizes the advantage of MRC over SDC. 

The average BER for binary DPSK with MRC diversity for 2 and 3 branches is 

shown in Figure 4.5 for the city and highway environment around Munich. Of interest is 

the declining dependence on the fading environment as the diversity order increases. At a 

BER of 10- 2 , the difference in SNR between the city and highway environments is 

{ 7.8, 5.5, 4.8} dB for L = { 1, 2, 3} respectively. This effect is even more pronounced 

at a BER of 10-4 where the difference in SNR between the two environments is 

{ 6. 7, 2.6, 1.3} dB for L = { 1, 2, 3} . For satellite systems where a single transmitter 

serves multiple environments, increasing the diversity order will reduce the excess signal 

power when the mobile is in a favorable environment. 

Finally, Figure 4.6 illustrates the average BER for DPSK with diversity in the city 

environment as a function of the elevation angle for a SNR of 20 dB. As anticipated, the 

BER decreases as the elevation angle increases due to the decrease in shadowing effects. 

Besides improving the BER performance, the diversity techniques do not mitigate the ele­

vation angle effects. This is anticipated since the elevation angle affects primarily the 

degree of shadowing which cannot be combatted with micro-diversity techniques. The 

shallow slope of the curves is advantageous, as it implies a certain degree of elevation 

independence for the mobile user. 

4.3.2 Outage Probability 

The outage probability for the Munich city environment for M -ary PSK with and with­

out diversity is shown in Figure 4.7. A fixed SNR of 15 dB is assumed. This figure illus­

trates the significant improvement in coverage which can be achieved through the use of 

diversity techniques. For example, at a BER of 10- 2 , L = 5 branch MRC diversity 

increases the average time that the signal is acceptable by { 3300, 1200, 300} percent 

for M = {2 or 4, 8, 16} PSK. Although not shown, L = 2 branch MRC improves the 
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coverage of M = { 2 or 4, 8, 16} PSK by { 80, 180, 250} percent, respectively. 

Figure 4.8 illustrates the outage probability for DPSK with MRC micro-diversity 

L = { 1, 2, 3} for the city and highway environments around Munich. The effect of 

shadowing in the city environment is readily seen. Again, micro-diversity provides a sig­

nificant decrease in outage. 

Finally, Figure 4.9 shows the outage probability for M -ary PSK in the Munich city 

environment where f. = 10-2 is fixed and the SNR "( is the variable. The distinct elbow 

for the 5 branch MRC case is explained as follows. At low SNR, Pout ➔ 1 for both chan­

nel states. However as the SNR increases, P~Jfe ➔ 0 much quicker than Pgitzuki . For our 

case Pgitzuki is still very close to unity when P~Jfe approaches zero and thus the elbow 

occurs at A = 0.7 (see Eq. (2.24)) . From this figure, we see that if we require the BER 

to exceed 10-2 at least 90% of the time, then for the non-diversity case we require a 

SNR of about {22, 25, 29} dB for M = {2 or 4, 8, 16} PSK and for the L = 5 

MRC diversity case we require a SNR of about { 10, 13, 17} dB for 

M = {2 or 4, 8, 16} PSK. 

4.3.3 Summary 

Using the measured parameters for the satellite channel presented in [13], BER and out­

age probability curves are plotted for various channel environments. Without diversity 

reception, the BER performance of M -ary PSK for M > 4 is sufficiently poor that the 

more bandwidth efficient modulation schemes can not be utilized. However, it is shown 

that diversity reception (especially MRC) provided significant improvements in both the 

BER and outage probability. In fact, using 2-branch MRC diversity, 16-ary PSK outper­

forms BPSK without diversity. Furthermore, increasing the number of diversity branches 

reduces the dependency of the BER and outage probability on the fading environment. 

Finally, the elevation angle is found to have little effect on the BER performance. 
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Figure 4.2 Average bit error rate of M-ary PSK (M = { 2, 4, 8, 16, 32} ) in the 
shadowed and un-shadowed Munich city environment. 
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Chapters 

Adaptive Error Control Coding 

A second technique for combating fading in a time correlated channel is adaptive error 

control coding. Error control coding (ECC) is used to combat the effects of noise and 

interference by detecting and correcting errors introduced by a noisy channel. This is per­

formed by the systematic addition of coding overhead. As coding overhead reduces data 

throughput and increases interference to other users, the goal of the code designer is to 

minimize the amount of coding overhead employed while still maintaining the integrity 

of the data. Defining the code rate as the ratio of information symbols to total symbols 

transmitted, a rate adaptive code adjusts the amount of coding overhead transmitted in 

order to compensate for changing data integrity requirements and channel conditions. 

Several motivations exist for adaptive coding schemes. In systems with fixed code 

rates, the amount of coding overhead is selected such that, when transmitting in the worst 

channel conditions ( or when transmitting the most error sensitive data), the error control 

code is still capable of providing the required quality of service. This amount of over­

head however, proves wasteful during periods where the channel is not in its worst state. 

An adaptive scheme eliminates this waste by providing only the overhead required for 

the prevailing data requirements and channel conditions. An alternative for fixed rate 

codes is to reduce the coding overhead at the cost of outages where the transmission qual­

ity is less than what is required. Again, adaptive error control compensates to the channel 

and thus ensures outages occur less frequently. Finally, the adaptive error control code 

provides greater flexibility for mobile subscriber by allowing them to select the grade of 

service desired and thus be billed accordingly. 

In this chapter, a very powerful, flexible and highly adaptive error control scheme 

is presented. Leading up to this, the required background theory in error control coding is 

provided. A more thorough discussion may be found in most introductory texts on error 
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control coding (i.e. see [33], [34]). 

Several constraints are placed on the code design [37]. In order to maintain compat­

ibility with the proposed asynchronous transfer mode (ATM) and the proposed integrated 

wireless access network (IWAN) [35], [36], the code must operate on data packets rather 

than on a continuous data stream. Secondly, the code must provide a wide range of bit 

error rates (from 10-2 for voice down to 10- 9 for data) and must account for various 

delay requirements. Furthermore, the encoder and decoder must be designed independent 

of data type thus allowing a single encoder/decoder pair to service all data types. 

Another requirement dictates that the code adapts in real-time and with minimal delay to 

ensure its effectiveness in fading channels. Finally, reasonable implementation complex­

ity is required. 

The two primary strategies for error control coding are forward error correction 

(FEC) and automatic repeat request (ARQ). FEC attempts to detect, locate and correct 

errors in a received message. ARQ attempts to detect errors and, if present, ARQ 

requests a re-transmission. To capitalize on the advantages of each, FEC and ARQ can 

be combined to form a third strategy, hybrid ARQ (HARQ). The proposed code uses 

HARQ. 

A block diagram of the communication system is shown in Figure 5 .1 . The ECC 

encoder divides the incoming data sequence from the data source into message blocks of 

k information symbols each, where a symbol can assume any value from a finite set of 

discrete values 1. The encoder transforms each message into a code word of n discrete 

symbols, where n ?:: k . This encoded word is passed to the modulator and transmitted over 

the noisy channel. At the receiver, the unreliable word is demodulated and passed to the 

ECC decoder. If the demodulated word contains errors, the ECC decoder attempts to 

detect and correct these errors before passing the decoded message to the data sink. 

The proposed code consists of a rate adaptive concatenated FEC code combined 

with type-II HARQ and code combining. The individual components of the code will be 

described first followed by a description of the complete adaptive code. 

1. For example, a bit is a symbol from a finite set with 2 possible discrete values, 0 or 1. 
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Figure 5.1 Block diagram of communication system under study. 

5.1 Concatenated FEC Code 

A rate adaptive concatenated code is suggested for FEC. The inner code is a punctured 

convolutional code and the outer code is a punctured Reed-Solomon code. These two 

codes have been selected for several reasons. Both are excellent burst error correction 

codes (a requirement for the fading channel dominated by bursty errors) . Furthermore, 

the maximum distance separability property of the Reed-Solomon code and the utilization 

of the maximum likelihood Viterbi decoder ensures that both codes provide optimum 

error correction. In addition, as both convolutional and Reed-Solomon codes have been 

applied extensively2, implementation is not of significant concern. Finally, very little 

additional complexity is required to make these codes adaptive. 

5.1.1 Punctured Convolutional Code 

Convolutional codes form one class of FEC codes and are distinguished from other 

codes by the historical information encoded into each code word. For each k-bit input 

block, the ( n, k, m) convolutional code produces one n -bit code word which is a linear 

combination of the present input block and the previous m input blocks . The ratio of 

input bits to output bits is defined as the code rate, r = kl n . Another useful definition, 

the constraint length is defined as K = m + l and represents the number of input blocks 

required to produce one code word [33], [34]. Thus, the (n, k, m) convolutional code 

can be equivalently described as a rate kl n, constraint length K convolutional code. 

Of special interest here is the rate 11 2, constraint length K, 3 < K < 9, convolu­

tional code from which all other codes are generated through puncturing. Figure 5.2a 

illustrates the encoder for the rate 1 / 2, constraint length 3 code. The generator 

2. Convolutional codes are commonly applied to deep-space, satell ite and digital wireless communications. 
Reed-Solomon codes are commonly used in deep-space communications and in compact disc storage. 
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sequences for this code are, in octal notation, { 5, 7} 3. The corresponding trellis dia­

gram, shown in Figure 5.2b, traces a path through the encoder states for all possible input 

sequences of length D bits and provides the corresponding output bits. After all D bits 

have been input, an additional K - 1 = 2 input zeros are required to return the trellis to 

the zero state (required for decoding). Given the generator sequences of the other con­

straint length codes of interest (see Table 5.1), the corresponding encoder and trellis dia­

grams can be derived. 

Constraint Length, K 

3 4 5 6 7 8 9 

{5, 7} { 15, 17} {23,35} {53, 75} { 133, 171} {247,371} {561, 753} 

Table 5.1 Generator sequences of the best rate 1/ 2 convolutional codes (octal) [34]. 

Puncturing is one technique by which the code rate (and thus error correction capa­

bility) of a code can be modified. After encoding using a standard code4, the puncturing 

operation deletes selected bit coordinates from the output code word prior to transmis­

sion, thus resulting in a partial loss of information. After transmission and prior to decod­

ing, dummy bits are inserted into the previously punctured bit coordinates. Decoding is 

performed using the standard decoder which attempts to restore the punctured informa­

tion as well as correct any errors induced by the noisy channel. 

In [38] [39] , the puncture maps for a rate (n - 1) I n punctured convolutional code 

( 2 < n < 17 ) based on the best rate l / 2 codes have been found through computer 

search. These are listed in Table 5.2 for constraint length 7 codes (a complete list for 

3 ~ K ~ 9 can be found in [39]). Figure 5.3 illustrates the puncturing operation for a rate 

5/ 6 convolutional code. Using the standard rate 1/ 2 encoder, five data bits are encoded 

to produce ten output bits. Four bits are deleted and the resultant six bit code word is 

transmitted. At the receiver, dummy bits (zeros) are inserted in the deleted bit coordi­

nates to once again obtain a ten bit code word which can be decoded with the rate 1 / 2 

decoder. The decoder outputs the decoded five bit message. 

3. Derived from the convolutional encoder where the feedfo rward taps are represented as 'O' for no connec­
tion and ' I ' fo r connection. 

4. Here, a standard code refers to a non-punctured code rather than a code set through standardization. 
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(a) Rate 1/2, constraint length 3, convolutional encoder 
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D information bits 
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(b) Corresponding trellis diagram 

Figure 5.2 Rate 1/2 convolutional encoder and trellis diagram. 
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Rate 5/6 Punctured Decoder 

Received 
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Figure 5.3 Rate 5/ 6, K = 7, punctured convolutional encoder and decoder. 
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Code Deleting Map8 Code Deleting Map 

1/2 ( 1, 1) 9/ 10 (756,421) 

2/ 3 (3, 2) 10/ 11 (1667, 1110) 

3/ 4 (6, 5) 11/12 ( 3676, 2101) 

4/ 5 (17, 10) 12/ 13 (7765, 1012) 

5/ 6 (32, 25) 13/ 14 (15017, 12760) 

6/ 7 (72, 45) 14/ 15 (32666,25111) 

7/ 8 ( 172, 105) 15 / 16 (71322,46455) 

8/9 (354, 213) 16/ 17 (152205, 125572) 

Table 5.2 Puncture maps for rate (n-1) / n, constraint length 7 convolutional codes [39] . 

a. In octal notation, where 'O' indicates deleting bit position. 

Decoding is performed using a rate 1 / 2 Viterbi decoder. Based on the trellis dia­

gram (see Figure 5.2), the Viterbi decoder compares the received code word with every 

possible path through the trellis and selects that path which is most likely to be correct 

(i.e. that path which differs the least from the transmitted path). This is performed by 

assigning a metric to each branch for all paths indicating the degree of similarity between 

the received code word and the output at that branch. Summing the metrics of all 

branches in each possible path through the trellis, the path with the greatest total metric 

is selected as the most probable path. 

The demodulator assigns bit metrics to each received bit. For hard-decision decod­

ing, the metrics are simply -1 if a '0' is demodulated or + 1 if a '1' is demodulated. For 

punctured bits, the neutral value 0 is assigned. A significant gain in performance 

(upwards of 2 dB in signal power [33]) can be achieved if, besides indicating if a '0' or 

' 1' is demodulated, additional bits are used to indicate the level of confidence in the bit 

decision. This is referred to as soft-decision decoding and is illustrated in Figure 5.4 for 

3-bit quantization. Each branch metric is computed by summing the bit metrics corre­

sponding to each of the branch's output bits. For example, if {001, 011} is received, 

the metric for the branch with output, say { 1, 0} , would be -3 + 7 = 4. 
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Reed-Solomon codes belong to the class of codes referred to as linear block codes and, 

unlike the convolutional codes, do not have memory. For the general (n, k) linear block 

code, each unique k-symbol input block is mapped to one unique n -symbol code word. 

Reed-Solomon codes are distinguished from other block codes by the method in which 

these code words are assigned (refer to [33]). 

The minimum number of symbols by which any two code words differ is defined 

as the minimum Hamming distance of the code, dmin. For linear block codes, dmin is 

upper bounded by the Singleton bound: 

dmin :s; n - k + 1 . (5 .1) 

Those codes achieving equality in Eq (5.1) are optimal in the sense that they provide 

"maximum distance" between code words and are thus referred to as maximum distance 

separable (MDS) codes. Reed-Solomon codes are MDS codes. 

At the decoder, error correction is performed by replacing each received word with 

the code word which differs by the least number of symbols. For any linear block code, 
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the maximum number of symbol errors which are guaranteed correctable is [33] 

ld -lJ t = mi; (5.2) 

where LxJ denotes the largest integer not exceeding x. This is intuitive since for any 

number of errors less than or equal to t, the received word is closest in Hamming dis­

tance to the correct word according to the definition of dmin. 

The basic parameters of Reed-Solomon codes are defined as follows [33]: 

n = 2m - 1 

n-k = 2t 
(5.3) 

where m ~ 3 is the number of bits per symbol. To maintain compatibility with the pro­

posed ATM packet-based protocol, the value k = 53 is assumed. 

Consider now the (255, k) Reed-Solomon code with byte sized (8 bit) symbols. 

Through puncturing, this code can be modified to obtain a generalized (n', 53) code 

with byte sized symbols where 255 s n' s 53 . The puncturing operation is performed by 

deleting 255 - n' symbol coordinates from the (255, 53) code. Notice that by removing 

one symbol from the code, the minimum distance of the code can be reduced by at most 

one. Thus, according to Eq ( 5 .1 ), the resulting set of punctured code words must also be 

MDS [45]. This property holds true for all punctured Reed-Solomon codes regardless of 

symbol size. 

5.1.3 Concatenated Code 

The method of concatenating two shorter codes to form a longer (and thus more power­

ful) code was first proposed by Forney [46] as a means of avoiding the complexity typi­

cally required in the implementation of single long codes. 

A block diagram of the concatenated code is shown in Figure 5.5. Since the convo­

lutional code with maximum likelihood Viterbi decoding makes the best possible estimate 

of the transmitted message, it is used as the inner code. Since the Reed-Solomon code is 

only effective when the noise is below some threshold (which ensures the number of 

errors is less than one-half the code's minimum distance), it is used as the outer code. A 

second motivation for this pair of concatenated codes is that an inner convolutional code 

may re-shape the random channel errors to bursty channel errors suitable for symbol cor-
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Figure 5.5 Block diagram of the concatenated code. 

recting Reed-Solomon codes. Thus, the convolutional code performs an initial attempt at 

error correction by correcting some or all of the errors and the Reed-Solomon code 

attempts to correct any of the remaining errors. 

Due to the bursty nature of errors from the output of the Viterbi decoder, interleav­

ing between the two codes is required [41][42]. Interleaving reduces the correlation 

between adjacent symbols through time diversity. At the encoder, the interleaver 

arranges the incoming symbols into 'A, rows and reads them out in columns. The effect of 

this operation is to separate previously adjacent symbol coordinates by 'A, positions. 

Thus, during transmission, an error burst does not destroy adjacent code symbols but 

rather spreads these errors across multiple code words [43]. Prior to decoding, de-inter­

leaving restores the original order of the code words. 

Using the punctured convolutional and Reed-Solomon codes previously described, 

the code rate of the concatenated code can range from ~ • ;}
5 

= 
1
1
0 

to unity (in the case of 

no coding) with 1632 intermediary code rates and a resolution of less than 
1
!

2 
= 0.0076. 

This resolution far exceeds the requirements of most, if not all applications, but does 

illustrate the excellent potential of this code for adaptive rate coding. 

5.2 Hybrid ARQ 

A second technique for correcting errors is ARQ (see [33], [47]). ARQ uses linear block 

codes to detect errors in transmitted packets and, if present, requests a re-transmission of 
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the erroneous packets. Since the probability of undetected error is much less than the 

probability of an error in error correction, ARQ offers a much greater data reliability 

over FEC. However, in poor channel conditions, the average number of re-transmissions 

required may become significantly large in which case the channel throughput5 will 

approach zero. A solution is hybrid ARQ (HARQ). 

HARQ combines FEC and ARQ in order to reduce the average number of re-trans­

missions while still maintaining a high data reliability. This typically requires two error 

control codes: an FEC code which corrects the most common errors and an error detec­

tion code to verify if the packet was corrected. If after FEC, no errors are detected, the 

transmitter sends a positive acknowledgment (ACK) to the transmitter and the decoded 

data is passed to the data sink. If errors are detected, a re-transmission request is issued 

in the form of a negative acknowledgment (NACK). 

Two techniques exist for increasing the throughput of the HARQ scheme in noisy 

channels: type-II HARQ and code combining. The underlying premise of both tech­

niques is the combining of previously unsuccessful transmissions with the present trans­

mission in order to increase the probability of correct decoding at the FEC stage. Both 

techniques are presented here. 

5.2.1 Type-II Hybrid ARQ 

Two types of HARQ protocols exist, namely type-I and type-II. In type-I HARQ, each 

packet is encoded for both error detection and correction. If, at the receiver, errors are 

detected after error correction, the packet is discarded and a re-transmission request is 

issued. The transmitter responds by sending the same packet as was originally sent. This 

protocol is inherently sub-optimal in that the discarded packets still contain information, 

albeit insufficient to perform error correction. 

Type-II HARQ provides a solution through the use of an (n, k) FEC code which 

can be decomposed into v (n', k) individual codes (where k :S: n' :S: nl v ). Figure 5.6 

illustrates FEC encoder and decoder operation for the type-II HARQ protocol. At the 

transmitter, the packet is encoded using the full (n, k) code; however, only the first n' 

symbols are transmitted initially. At the receiver, error correction followed by error detec-

5. Here, the throughput is defined as the ratio of the number of information symbols (i .e. not including cod­
ing overhead) to the total transmitted symbols in the first transmission and all subsequent re-transmissions. 
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tion is performed on the packet. If no errors are detected, the decoded data is passed to 

the data sink and an ACK is sent to the transmitter. If errors are detected, the erroneous 

packet is buffered and a NACK is returned. Upon receipt of the NACK, the transmitter 

sends the second set of n' symbols. The receiver performs error correction and detection 

on this second packet and, if no errors are detected, the decoded data is passed to the data 

sink. If errors are detected, the first and second packets are concatenated forming a new 

packet with a reduced code rate equal to kl (2n') . If after performing error correction 

and detection on the concatenated packet, no errors are detected, the decoded data is 

passed to the data sink. If errors are detected, a NACK is sent to the transmitter and the 

process repeats for the next n' code symbols. If errors persist still after the ( v - 1) -th re­

transmission (i.e. after the complete code word has been transmitted), the transmitter re­

sends the first n' code symbols. If after error correction, errors are yet detected, the 

receiver replaces the first packet in the concatenated packet with the new packet and 

error detection and correction are attempted again. This process of discarding previous 

packets in favor of new packets continues until errors are no longer detected. 

Besides being decomposable, the FEC code used for type-II HARQ must possess 

strong separability and strong invertability [47]. An FEC code is separable if the informa­

tion and parity symbol coordinates in the code words can be separated. A code is 

strongly separable if any k code word coordinates can be used for the information sym­

bols. An FEC code is invertible if the parity check symbols of the code word can be used 

by themselves to uniquely determine the information symbols through an inversion pro­

cess. A code is strongly invertible if any k symbols from the code word can be used to 

recover the information symbols. The MDS punctured Reed-Solomon codes are both 

strongly separable, strongly invertible and can be decomposed through puncturing [45]. 

As an example, consider the (255, 53) Reed-Solomon code. Puncturing this code, 

a (252, 53) code is obtained which can be decomposed into four (63, 53) codes 

through a second puncturing operation (recall that the particular bits which are punctured 

are irrelevant). Thus, each decomposed code can correct up to 5 symbol errors and when 

concatenated can correct 36, 68 and 99 symbol errors given the first, second and third re­

transmissions respectively. For all subsequent re-transmissions (if required) 99 symbol 

errors may be corrected. 

5.2.2 Code Combining 

Code combining is a maximum-likelihood decoding (MLD) approach for combining an 
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Figure 5.6 Functional diagram of the type II hybrid ARQ scheme. 
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arbitrary number of unreliable packets to obtain a lower rate, and thus more powerful, 

error-correcting code [ 48]. Code combining is designed to work in very noisy environ­

ments and is capable of maintaining practical communications over all channels pro­

vided the channel error rate is below one-half. 

Code combining utilizes channel estimation in order weight each received packet by 

an estimate of its reliability (effectively performing soft-decision on the packets). After 

each transmission, the received packet is weighted according to the estimated state of the 

channel during the packet's transmission and summed to the previously transmitted pack­

ets. The resulting combined packet is then decoded using a standard error correction and 

detection FEC code. 

As the combining produces soft-decision bits (as well as can operate on soft-deci­

sion bits), soft-decision decoders are especially favorable . For this reason, convolutional 
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codes employing soft-decision Viterbi decoders (such as the punctured convolutional 

codes previously presented) are ideal for code combining. 

5.3 Proposed Rate Adaptive Code Scheme 

The proposed error control coding scheme combines the rate adaptive concatenated FEC 

code with the two HARQ strategies presented to form a very powerful, flexible and 

highly adaptive error control scheme. A block diagram of this scheme is presented in 

Figure 5.7. 

FEC is performed using the rate adaptive concatenated code previously presented. 

A second interleaving process, added at the channel, helps alleviate the effects of the 

time correlated channel. The data source indicates the BER and delay requirements of 

the data to be transmitted and the channel estimator provides an estimate of the current 

channel conditions. The code adaptor utilizes this information in order to determine the 

required code rate for the concatenated code. The control channel ensures that both the 

FEC encoder and decoder operate using the same code parameters. The design and opti­

mization of the code adapter 's protocol for selecting code rates is beyond the scope of 

this thesis. 

Type-II HARQ in conjunction with code combining is proposed for delay insensi­

tive data types. FEC is performed by the concatenated code where the inner code is the 

punctured convolutional code and the outer code is the punctured Reed-Solomon code. 

An important advantage of using the Reed-Solomon code is its simultaneous error correc­

tion and detection capabilities, which unlike for other block codes, does not impinge on 

the error correction capabilities of the code6. In [49], it is shown that for a t symbol cor­

recting Reed-Solomon code, the probability of a decoder error (i.e. occurs when a packet 

containing errors is released to the data sink) is 

1 
Prob [Undetected Errors] < 1 . 

t . 
(5.4) 

Assuming the Reed-Solomon code is decomposed into v packets and v unsuccessful 

transmission attempts have been made, rather than discarding the first packet in lieu of 

the (v + 1) -th packet, code combining is employed (and similarly for any other re-trans-

6. Generally, a linear block code with minimum distance, d . , is restricted to correcting A or fewer errors 
whi le simultaneously detecting l ( l > A) while maintainin[r1:}min > 11, + l (33]. 
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mitted packets). Weighting and summing the repeated packets is performed by the code 

combiner using the channel information supplied by the channel estimator. The transmit 

and receive ARQ blocks perform buffering and control the ARQ process. A feedback 

channel is used by the receiver to communicate ACKs and NACKs back to the transmit­

ter. 

Figure 5.8 illustrates the packet size at each stage of the proposed code. This 

assumes a punctured and decomposed Reed-Solomon code (resulting in v (n, k) codes) 

employing m -bit symbols and a rate ( N - I) / N, constraint length K convolutional 

code. The channel interleaver has depth \n and the code interleaver has depth Aout . 

The designed code rate is simply the product of the code rates of the individual 

codes: 

(5.5) 

However, tracing the packet sizes through the code (see Figure 5.7), it becomes apparent 

that the actual code rate will be less than the designed code rate due to (a) possible mis­

matched bits per block at the interleavers and (b) additional overhead required to return 

the trellis to the all zero state. Thus, the actual code rate is 

(5.6) 

where Ix 7 denotes the smallest integer not less than x. As this additional overhead does 

not contribute to increased error correction performance, the code parameters must be 

selected such that r a is not significantly less than rd . 
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Chapter6 

BER Performance Analysis of the Proposed 

Coding Scheme 

In this chapter, a BER performance analysis is performed on the FEC portion of the adap­

tive error control code presented in Chapter 5. This analysis is not only crucial in measur­

ing the effects of the adaptive FEC code in the fading environment but also provides the 

basis for future work in designing the ARQ and code adaptation protocols. 

Simulation is chosen to evaluate the codes for several reasons. First, the existing 

bounds on the performance tend to be tight only at lower bit error rates. This is espe­

cially evident for concatenated codes where a loose error bound on the inner code further 

reduces the accuracy of the bounds of the outer code. Secondly, in the fading channel, 

average channel statistics cannot be utilized in determining error performance due to the 

time correlation (i.e. the received power is not necessarily constant over the duration of 

one transmitted code word). Finally, the shadowed Rician channel statistics are suffi­

ciently complicated to make analytical expressions intractable. 

Simulation software employing Monte Carlo trials has been developed for the con­

catenated code. Unfortunately, for bit error rates less than 10-5 , the time required to per­

form such simulations becomes prohibitively long. However, simulating to 10-5 in most 

cases is sufficient in establishing the general trends of the curves, thus allowing extrapola­

tion to estimate performance at lower bit error rates. 

For this analysis, BSPK modulation is assumed. This however, does not limit the 

generality of the results since the performance gains of the codes relative to each other 

remain constant independent of the modulation scheme (assuming bbinary symbols). In 

all cases, the BER is determined with respect to the average energy per information bit in 
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the unfaded link and thus, the actual energy per transmitted symbol in the unfaded link is 

(6.1) 

where r a is the actual code rate defined by Eq. (5.6) . This ensures that the same power is 

expended in transmitting one data packet regardless of the particular code and code rate 

employed. This provides for fair grounds for comparison between the various codes. 

6.1 Rate Adaptive Convolutional Code 

In Section 5.1.1, a rate adaptive convolutional code based on the rate (N-1) I N punc­

tured convolutional code was presented. For this analysis, a constraint length 7 code with 

7-bit quantization for soft-decision Viterbi decoding is assumed. 

For the non-fading Gaussian channel, an analytical bound on the BER exists. 

Assuming BPSK modulation and infinite quantization, the BER at the output of the Vit­

erbi decoder is [34] 

Pb("()= i CiQ(J2rai'Y) (6.2) 

i = drree 

where dfree is the minimum free distance of the convolutional code1, Ci is the number of 

bits in error for the adversaries (incorrect paths) of Hamming distance i from the correct 

path and r a is the actual code rate given as 

ra=N+2(K-l) 
N-1 

(6.3) 

for the convolutional code when used alone. The weights Ci for the punctured codes con­

sidered here are obtained through computer search and have been tabulated in [40], [44]. 

Figure 6.1 illustrates both the analytical and simulated BER curves for the rate l / 2, 

3/ 4, 7 /8 and 16/ 17 codes. These show strong agreement between theory and simula­

tion. The slight discrepancy between theory and the simulated points is due to truncation 

of the series in Eq. (6.2) (particularly evident for the rate 1 / 2 code where only the first 6 

terms were used). 

1. The minimum free distance is equal to the minimum Hamming distance between any two paths in the 
trellis. 
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Figure 6.1 illustrates the significant improvements which can be achieved, espe­

cially for higher signal to noise ratios when coding is employed. In fact, even for the 

least powerful code, the rate 16/ 17 code, an improvement of 2 dB in SNR at a BER of 

10- 4 is possible. However, for lower SNR's, the coded performance is less than that of 

the uncoded channel due to the higher channel error rate and coding overhead. 

Bounds for the BER performance of convolutional codes in the time-varying 

Rician channel are derived in [50]; however, these are only useful only for predicting the 

performance in the two extremes, for no time correlation and for infinite time correlation 

(simulation was required for the cases between the two extremes). Here, simulation is 

also used to determine the performance of the punctured codes over the correlated Ray­

leigh fading channel (worst case Rician). Figure 6.2 shows the results for the rate 1/2 

and 7 / 8 codes for several values of f0 , the normalized Doppler frequency. The normal­

ized Doppler frequencies f0 = 0.01, 0.001 and 0.0001 correspond to 760, 76 and 7.6 

kilometers per hour respectively, assuming a 64 kilobit per second data rate and 900 

MHz carrier frequency. For severe correlation (i.e. f O = 0.01 ), the BER performance is 

worse than that of the uncoded case. Furthermore, as the time correlation increases, the 

spread in SNR between the rate 1/ 2 and 7 / 8 codes decreases. From this figure, it 

becomes evident that in order to achieve a reasonable BER, interleaving or diversity is 

required to remove some of the time correlation from the channel. 

Of interest is the BER performance over the shadowed Rician channel. Three chan­

nel types are considered: the good channel representing the lightly shadowed channel 

with a strong line of sight, the bad channel representing the heavily shadowed channel 

with no line of sight, and a typical channel which falls between the two. The parameters 

for each channel type are listed in Table 6.1. Simulated BER curves for these channel 

environments are shown in Figure 6.3 for several code rates. Sufficient interleaving is 

assumed to remove all time correlation. The need for a stronger code (possibly the con­

catenated code) is evident especially due to the poor performance in the bad channel 

state. Regardless, for all channel states, a BER less than 10--4 is achievable given an 

SNR of 7 dB, 16 dB and 28 dB for the good, typical and bad channels respectively. 

6.2 Rate Adaptive Reed-Solomon Code 

The BER performance for the punctured Reed-Solomon code is determined here for the 

( n, 53) , 8-bit symbol code. Where simulation is required, rather than simulating the full 
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Good Typical Bad 

Rice Factor 5 2 0 

Standard Deviation of 
3 8 12 

Shadowing [dB] 

Table 6.1. Parameters for the good, typical and bad channel model. 

Reed-Solomon decoder, a quicker alternate method is employed. Given that the Reed­

Solomon code can correct exactly t or less symbol errors, only those code words contain­

ing more than t errors need be considered for decoding. However, rather than actually 

performing the decoding operation, a tight bound on the BER can be derived by exploit­

ing the properties of the Reed Solomon code. For those code words containing more than 

t errors, the decoder attempts to correct at most t symbols and thus in doing so may cor­

rupt at most t additional symbols above those that were already corrupted during trans­

mission . This results in a decoding error; however, the probability of an undetected 

decoding error is less than 1/ t!. Therefore, assuming that one-half of the bits in a cor­

rupted symbol are wrong, a tight upper bound on the error rate can be derived: 

(6.4) 

where be is the number of bits in error in the k information symbols, p e is the number 

of received words with greater than t symbol errors and bt is the total number of infor­

mation bits transmitted. Notice that for large t, the second term in Eq. (6.4) becomes neg­

ligible. Therefore using this bound, it is sufficient to simulate the channel and 

demodulation process and then determine be , p e from the resulting packet. 

This bound can be tested against the conventional error bounds for the Gaussian 

channel. The symbol error rate at the input to the Reed-Solomon decoder is [34] 

(6.5) 

where p is the channel error rate given in Table 4.2 for BPSK. The bit error rate at the 

output of the Reed-Solomon decoder is approximated as [3] 

m-1 n ( ) P = _2__ ~ i n Pi (1 - P ) n - i . 
b m Li i s s 

2 -li=t+I 

(6.6) 

In Figure 6.4, the BER curves obtained through simulation using the bound given by 
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Eq. (6.4) are compared to those obtained from the analytical bound given by Eq. (6.6). 

The code lengths considered are n = 63 , 85, 127 and 255 which, for k = 53, results in 

approximate code rates of 4/ 5, 3/5, 2/5 and 1/ 5 respectively. Notice that at high 

SNR, the simulated bound is one-quarter the theoretical bound. This is due to the fact 

that the theoretical bound in Eq. (6.6) assumes that if an information symbol is in error, 

one-half the bits are in error. However, for higher SNR and the Gaussian channel, it is 

more probable that only one bit is in error. Thus for m = 8, the theoretical bound 

assumes that 4 bits are in error whereas, most probably only one bit is in error and thus 

explains the factor of four difference between the two bounds. At lower SNR, the proba­

bility of more than one bit error per symbol error increases and thus the difference 

between the two curves decreases. 

Notice that the performance of the lower rate codes (in particular the rate 1/5 

code) does not outperform the higher rate codes until the BER is very small. This is due 

to the increased packet length and thus lower energy per transmitted symbol. It appears 

that for the range of BER's of concern, the higher rate codes are more efficient. Regard­

less, the BER improvement due to coding is substantial for BER's less than 10-4 . 

Figure 6.5 illustrates the performance of the punctured code over the good, typical 

and bad channel conditions listed in Table 6.1. Again, at higher BER's, the higher rate 

codes outperform the lower rate codes. However, as the channel gets progressively worse, 

the performance difference between the rate 1 / 5 and the higher rate codes decreases. 

Finally, comparing the performance of these Reed-Solomon codes to the convolutional 

codes in Figure 6.3 for lower SNR's, the convolutional codes with higher code rates out­

perform the Reed-Solomon codes with lower code rates. This helps substantiate the 

choice of order in the concatenated FEC code (i .e. the convolutional code is the inner 

code and the Reed-Solomon code is the outer code). 

Consider for a moment the type-II HARQ scheme using the decomposed and punc­

tured Reed-Solomon code. Recall that the original transmission and all subsequent re­

transmissions use the same packet size and thus share the same code rate. As a result, 

when re-transmitted packets are appended to the original packet the result is to effec­

tively increase the energy per information bit. For this reason, it is instructive to consider 

the BER performance when the energy per transmitted symbol is constant and the energy 

per information bit varies with the code rate. This is illustrated in Figure 6.6 for the typi­

cal shadowed Rician channel. As expected, the SNR improvement for the decreasing 
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SNR is quite substantial which indicates that type-II HARQ will be quite effective in the 

fading channel. 

6.3 Concatenated FEC Code 

In this section, the performance of the concatenated code is presented for the Gaussian 

and shadowed Rician channels. Again the constraint length 7 soft-decision Viterbi decod­

ing with 7-bit quantization is assumed for the convolutional code and a (n, 53) Reed­

Solomon code with 8-bit symbols is used for the outer code. Infinite channel interleaving 

is assumed and no code interleaving is employed. 

Figure 6.7 illustrates the BER performance of the concatenated code in the Gauss­

ian channel. In all cases, for the range of BER's simulated, the lower rate convolutional 

codes outperformed the higher rate convolutional codes however, the higher rate Reed­

Solomon codes outperformed the lower rate Reed-Solomon codes ( especially for the rate 

1 / 5 code). However, observing the slopes of the curves, it is anticipated that for lower 

BER's, the lower rate Reed-Solomon codes will eventually outperform the higher rate 

codes. Comparing these curves to those for the convolutional code alone (see 

Figure 6.1 ), significant gains are seen for the concatenated code employing the rate l / 2 

convolutional code for BER's less than 10-4 and for the rate 7 / 8 codes, for BER's less 

than 10-6 . Notice that the effect of concatenating the codes is to increase the steepness 

of the slope of the curves. 

Finally, in Figure 6.8, the BER performance of the concatenated code for the vari­

ous shadowed Rician environments is shown (see Table 6.1). Again the effects of the con­

volutional code's code rate seems to dominate. Furthermore, the higher rate Reed­

Solomon codes again outperform the lower rate codes but to a much lesser degree than 

for the Gaussian channel. In fact, as the channel degrades, the lower rate codes become 

much more effective with respect to the higher rate codes. Finally, the spread between 

the rate 1/ 2 and 7 / 8 convolutional codes increases as the channel degrades which in 

an adaptive code provides a greater range of adaptation. 

In conclusion, it is apparent that for lower BER's, the concatenated code provides a 

moderate gain in performance above that of the convolutional code alone. Much larger 

gains are anticipated when the adaptive code also employs type-II HARQ. 
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Figure 6.1 BER curves for the constraint length 7 punctured convolutional codes in the 
Gaussian channel. 
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Figure 6.2 BER curves for the convolutional codes in a time correlated Rayleigh fading 
channel. 
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Figure 6.4 BER curves for the punctured Reed-Solomon codes in the Gaussian channel. 
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Figure 6.6 BER curves of the punctured Reed-Solomon codes assuming a fixed energy 
per transmitted symbol in the typical Rician fading channel. 
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channel conditions. 
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Chapter7 

Conclusion 

This thesis focuses on two techniques for improving the quality of service over the wire­

less network: diversity reception and adaptive error control coding. For both techniques, 

examples are provided to help quantify the performance improvements achievable. 

To aid in the analysis, a detailed description of the mobile channel (assuming both 

terrestrial and satellite base stations) is provided. For the land mobile terrestrial channel, a 

shadowed Rician channel model is used, which provides the flexibility to model most 

mobile environments ranging in size from picocells up to macrocells. For the land 

mobile satellite channel, a time-shared Rician/Suzuki distribution is used for which the 

parameters are obtained from actual channel measurements. A channel simulator incorpo­

rating both channel models is presented. 

For diversity reception, analytical expressions well suited to numerical analysis for 

the average BER and outage probability are presented for both terrestrial and satellite 

channels. Besides several common modulation schemes, both coherent and non-coherent 

M -ary phase shift keying are considered. For diversity, both microscopic (i.e. multiple 

mobile antennas) and macroscopic (i.e. multiple base stations) diversity are analyzed. 

Finally, these analytical expressions incorporate both selection diversity combining (for 

micro- and macro-diversity) and maximal ratio combining (for micro-diversity) . These 

expressions are very powerful in that they are functions of the MGF and CDF of the fad­

ing channels and can thus be easily adapted to any channel model provided the MGF and 

CDF are known. 

A numerical analysis for the satellite channel with MRC and SDC micro-diversity 

is performed. Using measured channel parameters, BER and outage probability curves 

are plotted for various channel environments. Without diversity reception, the BER per-
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formance of M -ary PSK for M > 4 is sufficiently poor that the more bandwidth efficient 

modulation schemes can not be utilized. However, it is shown that diversity reception 

(especially MRC) provides significant improvements in both the BER and outage proba­

bility. In fact, using 2-branch MRC diversity, 16-ary PSK out performs BPSK without 

diversity. Furthermore, increasing the number of diversity branches reduces the depen­

dency of the fading environment on the BER and outage probability. Finally, the satellite 

elevation angle is found to have little effect on the BER performance. 

For adaptive error control coding, a very powerful, flexible and highly adaptive 

error control code is proposed. The overall code uses a type-II HARQ strategy (where 

ARQ is utilized only if the delay constraints of the particular traffic permit). The FEC 

portion of the code is performed using a concatenated code consisting of a punctured con­

volutional inner code and a punctured Reed-Solomon outer code. The maximum distance 

separability property of the Reed-Solomon code and the utilization of the maximum like­

lihood Viterbi decoder ensures that both codes provide optimum error correction. Further­

more, both codes are extensively used in practice and thus implementation is not of 

significant concern. HARQ is employed through the decomposition of the Reed­

Solomon code into smaller code words and by combining the combining of repeated 

packets (weighted according to the channel conditions during transmission) at the input to 

the Viterbi decoder. Finally, error detection (for ARQ) is provided by the Reed-Solomon 

decoder. The greatest advantage of this proposed code is its adaptability (with code rates 

from 1 / 10 to unity and over 1600 intermediary values) and the ease of implementation. 

Examples of the BER performance of the convolutional code, the Reed-Solomon 

code and the two codes concatenated are provided using simulation. Several general 

trends were observed. At high BER's ( 10- 2 and higher), the higher rate codes out per­

form the lower rate codes and both are generally outperformed by the uncoded case. For 

the Reed-Solomon code, the higher rate codes outperform the lower rate codes except 

when the BER is small. The concatenated code provides substantial improvements in 

BER and also provided a great range of SNR for which the adaptive code can operate. 

Finally, the application of type-II HARQ offers great potential for further performance 

improvements. 

7.1 Suggestions for Further Work 

The following are interesting topics which may be pursued for future work. 
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1. Diversity combining techniques: 

• Extension of the analytical expressions for the GMSK modulation scheme, for 

switched diversity combining and for the Nakagami fading channel model. 

• Application of maximal ratio combining to macroscopic diversity. 

• Further analysis of the Hermitian and Laguerre remainder terms in attempt to pro­

vide a tighter bound on the remainder terms. 

2. Adaptive error control: 

• Further analysis of the BER performance in the fading channel including effects 

of code and channel interleaving. 

• Investigation of channel estimation techniques and development of a protocol for 

adapting the code. 

• Outage probability, throughput analysis and delay profile of the proposed code for 

the designed adaptation protocol. 

• Investigation of the inter-relationship between adaptive error control and power 

control. 
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Appendix A 

Hermitian and Laguerre Integration 

Remainder Term 
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In this appendix, a quasi-analytic approach to the error analysis for both the Hermitian 

and Laguerre integration methods is presented. An alternative method for Hermitian inte­

gration, namely Simpson's integration is also presented. Simpson's integration may be 

used to verify the accuracy of the Hermitian integration when the bound on the Hermi­

tian integration error term is not sufficiently tight. As the mathematics becomes quite dif­

ficult, only the micro-scopic diversity cases are considered at this time (i .e. M = 1 ). It 

should be noted that although Hermitian integration is typically used in co-channel inter­

ference analysis [ 17], to the knowledge of the author, no work on error analysis has been 

performed. 

Here, the error analysis for Hermitian integration will be performed for the basic 

function 

mCMR<;:!) = _l ~ w.[ 1 ]L +R 
Suzuki C L..i 1 .fl.ox n 

✓ rt i = 1 1 + zµe ; 
(A.l) 

where xi and w i are the i -th abscissa and weight respectively of the n -th order Hermite 

polynomial and Rn is the remainder term of interest. Most functions using Hermitian 

integration in Chapters 2 and 3 are extensions of Eq. (A. 1). 

Similarly for Laguerre integration, the function of interest is Eq. (3 .6) 

m~~~C) (z) = Iffii[l-Q( ffe,J2(1+K) (X/z) )JL+Rn (A.2) 
i = I 
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where Xi and Ct\ are the i-th abscissa and weight respectively of the n -th order 

Laguerre polynomial and Rn is the remainder term. All functions in Chapters 2 and 3 

employing Laguerre integration are extensions of Eq. (A.2). 

A.1 Hermitian Integration 

For Hermitian integration, the remainder term is defined as [18] 

IRnl::; n!Jic ( max [fn (s) 1) 
( 2n) ! 2 n -oo < S < oo 

(A.3) 

where, for this application, f (x) is given as (see Eq. (A.2)) 

1 1 
f(x) = ----

Jic ( 1 + zµe.ficrx) L . 
(A.4) 

To simplify the evaluation of Eq. (A.3), let e8 = zµ. Thus, f (x) in Eq. (A.4) can 

be re-written as a function of ,./2ax + o. Note that the effect of the O term is to shift the 

origin of the function but not its shape, and thus has no effect on the derivative off (x) . 

Furthermore, the ,./2ax term implies that the nth derivative has a factor of ( ,./2cr) n. By 

this argument, the remainder term becomes 

IRl::;n!cr2n( max lf2n(s) I) 
n (2n)! -=<s< ooVl 

(A.5) 

where, now 

(A.6) 

which does not depend on z orµ. Now define a new function <I> (n, L) such that 

(A.7) 

where 

(A.8) 

Using a mathematical evaluation package such as Maple, Eq. (A.8) can be evalu­

ated for the n and L of interest. Table A.1 provides some results. Using this table, an 

upper bound can be estimated for a given cr. For cr < 4.3 dB and L = 1, 



89 

R 10 :::; 2.4x10-4 which is sufficient. For larger cr, the bound on the error term is not suffi­

ciently tight to guarantee a negligible error term. However, this is not to imply that the 

error term is indeed significant. In Section A.3, Simpson's integration method is intro­

duced which can be used to verify the accuracy of Hermitian integration for larger cr . 

Order L = l L = 2 L = 3 L = 4 

n = 5 -4 
7.3x10 2.9x10 -3 -3 6.4x10 

-2 
1.0xlO 

n = 10 2.4x10 
-4 

l.5x10 -3 5.4x10 -3 l.6x10 -2 

n = 15 l.OxlO 
- I 

l.2x10 
-I 

1.6x10 
- I 

1.8x10 
- l 

n = 20 4.6x10 
6 

7.4x 10 
6 

7.5x 10 
6 

7.6x10 
6 

n = 25 6.9x10
14 

1.l x 10
15 

1.8x10
15 

2.2x10
15 

Table A.I. Computed values of <j> ( n, L) using Maple. 

A.2 Laguerre Integration 

Similarly for the Laguerre integration, the remainder term is bounded by [18] 

(A.9) 

where from Eq. (A.2) 

f(x) = (l-Q(Jii, J 2(l+K)x/z ))L. (A.10) 

Recognizing that f ( x) can be expressed as a function of 2 ( 1 + K) xi z , then the 

bound on the remainder term can be re-written as 

IR I :::; ~(2 (1 + K) )2n( max l/2n (s) 1) 
n (2n)! z -oo<s<ool' l 

(A.11) 

where now 

(A.12) 

Note that since m (z) is needed for larger values of z, the error term appears negligible. 
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Thus if z » 2 ( 1 + K) , then this approximation becomes very accurate. 

A.3 Simpson Integration 

An alternative approach to the Hermitian integration is to truncate the infinite interval to a 

finite interval and use Simpson integration. Thus define the truncated integral as 

M (z) = i e-x
2
f (x ) dx + R

1 a 
(A.13) 

where a< 0, b > 0, f (x) is given by Eq. (A.4) and R
1 

is the truncation error, 

(A.14) 

To control the total truncation error, both integrals in Eq. (A.14) must be less than 

some tolerance £ . Consider first the positive tail for a < x < 00 

Thus b must be selected such that 

1 - erf (b) < 
2 ( 1 + zµe./2crb) L - £. 

(A.16) 

Note that only a crude solution is required. Similarly, for the negative tail ( -oo < x <a), a 

crude upper bound is 

= 2 = 

I e -x dx < J e -x2 dx = 
,fir, ( 1 + zµ e-./2crx) L 

- a - a 

1 - erf (-a) 
2 

(A.17) 

Note that this limit is independent of z, a and µ . Thus for £ ~ 2x10- 8
, a = -4 is suffi­

cient. 

Now that it has been shown that the truncation error can be controlled by properly 

selecting the finite interval, 2n point Simpson integration can be used to estimate the 

finite integral. Select the coordinate sequence such that x0 = a , x0 < x 1, ••• , x2n _ 1 , 

x2n = b , with xi + 1 - xi= h , i = 0, l, .. . , 2n - l where h = (b-a) I (2n). Now a 

functional form for Eq. (A.13) becomes [18] 



where the weights are 

w . = 
I 

M(z) 

h -x2 
-I (x .) e ; for i = 0, 2n 3 I 

4hf( ) - x2 - X- e I 

3 I 
for i = l, 3, .. . , 2n - 1 

2hf( ) -x2 - x. e I 

3 I 
for i = 2,4, .. . , 2n-2 

The error term E is then limited by [18] 

I El < ( b - a) 
5 

( max I 4 I ) 
- 2880n4 a'.5:s'.5:bg (x) 
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(A.18) 

(A.19) 

(A.20) 

where g (x) = exp (-x2 )J(x) . Thus the error term can be made arbitrarily small by 

choosing a large enough n . 
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AppendixB 

Closed Form Solutions to Equation (4.1) 

In Chapter 4, the average BER was defined as 

(B.1) 

For a class of modulation schemes having an instantaneous BER expression of the form 

a erfc ( ,ji;§y) it was shown that 

(I) 2a fn/2 
Pb (y) = - m [bysec2 8] d8 

7t 0 
(B.2) 

where m (z) is the MGF of the fading channel of interest. Here, closed form expressions 

are derived for the channel MGFs of the form m (z) = ( 1 + cz)-1 and 

m (z) = (l + cz)-L. 

B.1 Form 1 - m(z) = (1 + czr1 

Substituting m (z) = (l + cz)-1 into Eq. (B .2), using the property sec 8 = ( cos S)-1 

and rearranging, the average BER can be written as 

pi!) (y) = 2a fnl2 l d8 = 2a fnl 2( 1 + aby )de. (B.3) 
7t o 1 + cbysec2 8 7t o cby + cos2 8 

Using the following solved integral [31 ] 

f--1--dx = --;::::=l==arctan( atanx ) 
a+~cos2x J a(a+ ~) Ja(a +~) 

(B.4) 

a closed form expression for Eq. (B.3) can be obtained 
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Pb (y) = a 1-----;:::::=== . (I) ( 1 ) 
J1 + 1/ (cby) 

(B.5) 

For the SDC, Suzuki channel case, Eq. (3 .20) can be easily manipulated into the desired 

form to obtain (ignoring Rn) 

n L 

p(l,,,SDC_!) (y) = aM ~ w.[1-Q(J2x.)JM- I ~ (-l)j(~) [i- 1 ] 
b, c1uzuk1 c L.. t t L.. J Jl 1 / ( b ) 

,-J1C i = I j = 0 + ai Y 
(B .6) 

where wi and ai are given for Eq. (3.20). 

B.2 Form 2 - m(z) = (1 + czrL 

It was shown in [3] that for the Rayleigh fading case with L branch MRC diversity, one 

can directly solve Eq. (B.1) for the BPSK case. Given that the MGF of the Rayleigh fad­

ing channel ism ( z) = ( 1 + cz) - L and the instantaneous BER is ( 1/ 2) erfc (,h) , the 

result in [3] can be extended to obtain 

(B.7) 

where 

<j>(x,L) = (l-Jxl2(l+x)YLil (L-k+k)(l+Jx~(l+x)y_ (B.8) 

k=O 

Consider now the MGFs derived in Chapter 3. Using the series expansion for the expo­

nential term 1 and simplifying, the MGF for the MRC, Rician channel Eq. (3 .13) can be 

written in the desired form 

00 

(MRC) ( ) - e-KL ~ (KL) n 
mRice Z - L.. n! (1 + z/ (1 + K)) n + L° 

n=O 

(B.9) 

Thus the closed form expression for the average BER is 

l. The series expansion for the exponential function is [18] 
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p ( l,,_r,.,1RC) (y) = ae-Kl ~ (KL) n "'( _!!y___ n + L) 
b, K1ce LJ (n) ! 'f' 1 + K' 

n=O 

(B.10) 

which is a rapidly converging series 1. Note, when K = 0, Eq. (B.10) resorts to the Ray­

leigh fading case with Pf ~ ayleigh (y) = <1> (y, L) [3]. In fact, Lindsey [32] derives an 

alternate expression for Eq. (B.10). This is a recursion formula containing a confluent 

hypergeometric function. Thus, Eq. (B .10) is much easier to compute. 

Similarly, for the MRC, lognormally shadowed Rician MGF, Eq. (3.15) can be writ­

ten as 

nH oo 

p(l,M.RC!) (y) = aMe-KL ~ w.[1-Q(,J2x .)JM-l ~ (KL)n<J>(by,n+L) (B.11) 
b,LnRice 'n LJ 1 1 LJ (n)! a . 

,-Jn i = 0 n = 0 1 

where ai = µexpl ,J2crxi) . 

Finally, since the MGF for the MRC, Suzuki channel Eq. (3 .22) is already in the 

desired form, the average BER is (ignoring Rn) 

(B.12) 

Of course, when L = l, these special cases can also be expressed in the more con­

venient form derived in Section B.1. 

1. The following recursive property can be exploited in the computation of (B.10) 

<p(x, L+ I) = $(x, L) -(JI :JC(! l+x)Y(2\-1). 
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